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Preface

Terahertz (THz) radiation (0.1 ∼ 30 THz) fills the gap between electronics and
photonics with unique spectroscopic and communication properties. A great
deal of attention has been paid to THz electronic and photonics recently due
to their moderate wavelengths to leverage advantages of both microwave and
optics, such as good bandwidth, spatial resolution, and penetration depth
with no harmful ionization. However, the current optics-based THz systems
are bulky, expensive, lack portability, and have low detection capability by
electro-optic sampling techniques.

With the rapid scaling of CMOS technology, it has become feasible to
realize integrated circuits with the standard CMOS process in millimeter-
wave (mm-wave) and even the THz frequency region toward low-cost, portable
and large-arrayed systems on a chip. However, it is still challenging to deal
with generation, amplification, transmission and detection of THz signals by
a single CMOS transistor due to the huge substrate and path propagation
loss as well as low device gain. Instead, one needs to figure out how to have
a coherent design of arrayed CMOS transistors with high output power, high
gain, and high sensitivity. The main point here is how to manipulate the phase
of EM waves.

As such, this book shows that with the use of metamaterials, one can
have coherent THz signal generation, amplification, transmission, and detec-
tion for arrayed CMOS transistors with significantly improved performance.
New metamaterial-based THz imaging and communication systems have been
demonstrated in CMOS as well.

� For CMOS THz signal generation, the target is to improve the output
power and power efficiency with a wide frequency tuning range (FTR)
in a compact size. By coupling N oscillators in-phase, the coupled
oscillator network (CON) can effectively achieve an N times higher
output power but also N times less phase noise. The conventional
on-chip coupling network by a length of λ/2 or λ transmission-line

xxvii
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(T-line) is too bulky and lossy with difficulty for the same purpose as
phase synchronization. Non-resonant-type metamaterials such as the
magnetic plasmon waveguide (MPW) with zero-phase-shift property
can be applied to achieve an in-phase and low-loss coupling between
oscillators with compact size, which enables the design of a THz signal
source with high power density and high efficiency.

� For CMOS THz signal amplification, the target is to improve the out-
put power density and bandwidth. With the use of non-resonant-type
metamaterials, composite right-/left-handed (CRLH) T-line, a new 2D
distributed in-phase power-combining network can be developed to
provide distributed amplification and power combining within a com-
pact area simultaneously. As such, one can achieve high output power,
high output power density and wide-band performance for a power
amplifier (PA).

� For CMOS THz signal transmission, the target is to design wide-
band, high-gain on-chip antennas within a compact area. Substrate
integrated waveguides (SIW) have been recently explored for the de-
sign of high quality factor (Q) passive devices from mm-wave to THz,
which enables an on-chip antenna design that can leverage the ad-
vantages of both planar T-line and non-planar waveguides with low
loss and wide-band performance in a miniaturized cavity. Moreover, a
non-resonant-type metamaterial such as CRLH T-line with a nonlin-
ear phase-to-length relationship enables more compact antenna design
toward even higher gain and efficiency.

� For CMOS THz signal detection, the target is to improve receiver sen-
sitivity within a compact size. The use of resonant-type metamaterial,
transmission line (T-line) loaded with a split ring resonator (TL-SRR)
or complementary split ring resonator (TL-CSRR), can significantly
improve both high-Q oscillation and oscillatory amplification within a
compact area. As such, one can achieve high sensitivity for a super-
regenerative receiver (SRX) with quench control. Moreover, with the
use of zero-phase coupling, one can further improve sensitivity.

Finally, with the proposed coherent component designs, both narrow and
wide-band THz transceivers can be demonstrated at 135 GHz and 280 GHz,
respectively. In summary, the coherent CMOS THz transceiver by metama-
terials is explored in this book with significantly improved performance for
signal generation, transmission, and detection. For signal generation, non-
resonant-type metamaterials such as MPW can be applied for high-power
signal source designs; for signal amplification, non-resonant-type metamate-
rials such as CRLH T-line can be applied for high PAE and compact power
amplifier designs; for signal transmission, non-resonant-type metamaterials
such as CRLH T-line can be applied for high-gain antenna designs; for sig-
nal detection, resonant-type metamaterials such as DTL-SRR or DTL-CSRR
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can be applied in high-sensitivity receiver designs. The component designs are
supported by chip demonstrations with measurement results. The system per-
formance is also evaluated after CMOS-based system-on-chip integration. It
has shown great potential for metamaterial-based coherent designs for CMOS
THz electronics with wide applications in next-generation communication and
imaging systems.
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Chapter 1

Introduction

1.1 Overview of Terahertz Technology

The terahertz (THz) radiation (0.1 ∼ 30 THz) is categorized between
millimeter-wave (mm-wave) and infrared light wave [16]. Recently, a great
deal of attention has been paid to the THz spectroscopy and imaging system
due to the moderate wavelength of the THz wave that can leverage the advan-
tages of both millimeter-waves (mm-waves) and light waves [17, 16, 18]. Like
mm-wave, THz wave has deep penetration to dielectric substances such as
ceramics, plastics, powders and food; like light wave, THz images with high
spatial resolution can be obtained by a 2-dimensional (2D) detection with
THz sensor array [19]. On the other hand, high-data-rate THz wireless com-
munications have also come into view due to the abundance of undeveloped
bandwidth resources [20].

1.1.1 Terahertz Applications

1.1.1.1 Terahertz Spectroscopy and Imaging

Spectroscopy is a very mature method to identify substance composition by
fingerprint analysis in physical and analytical chemistry. A comparison of gen-
eral spectroscopy and imaging technologies is shown in Table 1.1. The com-
monly used spectroscopy methods are Fourier transform infrared spectroscopy
(FTIR), non-dispersive infrared spectroscopy (NDIR), Ramen spectroscopy,
and X-ray spectroscopy. THz spectroscopy not only shows the unique spectral
fingerprints for many substances [21], but also has several distinct advantages
when compared to these conventional spectroscopy methods. Firstly, unlike
X-ray, THz radiation is safe to the tissue under test as well as the people
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Table 1.1: Comparison of General Spectroscopy and Imaging Technologies

Specifications Ultrasound MRI THz
FTIR, NDIR,
Ramen

CM, OCT X-rays

Applications Imaging Imaging
Spectroscopy &
Imaging

Spectroscopy Imaging
Spectroscopy &
Imaging

Radiation
Mechanical
wave

Magnetic
field

EM wave
(Non-ionizing)

EM wave
(Non-ionizing)

EM wave
(Non-ionizing)

EM wave
(Ionizing)

Frequency (Hz) 106-107 107-108 1011-1013 1013-1015 ∼1015 1016-1019

Molecular
interactions

No No Yes No No No

Image resolu-
tion

∼2mm ∼1mm ∼200µm — 0.1-10µm ∼15nm

Penetration
depth to hu-
man body

200-300mm >1m 1-3mm 0.5-5µm 0.2-0.8µm >1m
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Figure 1.1: Application examples of THz spectroscopy and imaging.
(a) non-destructive detection of crack initiation in a film-coated layer
on a swelling tablet [1], (b) hydration state characterization in so-
lution [2], (c) in-vitro breast cancer diagnosis [3], and (d) in-vivo skin
cancer diagnosis [4].

who are conducting the measurement due to its longer wavelength and non-
ionizing nature [16]. Secondly, many materials that cannot be penetrated by
infrared are transparent to THz, which enables a non-destructive analysis to
the coated substance. For example, THz-based inner layer reflectance analy-
sis can be applied in the thin-film coating analysis of drug tablets as shown
in Figure 1.1(a) [1]. Thirdly, THz radiation is highly sensitive to the water
hydration state, which can be utilized in the concentration analysis of disac-
charide water solutions as shown in Figure 1.1(b) [2]. Finally, THz radiation is
more sensitive to the vibration and interaction of molecules such as protein or
polymer. Therefore, it can be utilized for the in-vitro cancer diagnosis (Figure
1.1(c)) [3] as well as explosive detection [22].
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THz imaging also has several distinct advantages compared to other imag-
ing techniques, such as ultrasound scan, magnetic resonance imaging (MRI),
confocal microscopy (CM) and optical coherence tomography (OCT). Firstly,
THz imaging has higher resolution than ultrasound scan or MRI due to its
much shorter wavelength. It is also more sensitive to the thin tissues due to
a stronger reflection and attenuation in the water content. Secondly, com-
pared to the existing optics-based imaging methods such as CM and OCT,
even though the THz imaging system has lower resolution, it has much higher
penetration depth due to its much longer wavelength. Recently, with remark-
able contrast in skin and breast cancer demonstrated in THz images as shown
in Figure 1.1(d) [3, 4], the THz imaging system has been used as an intra-
operative tool during breast cancer surgery in Guys hospital in London [23].

1.1.1.2 Terahertz High-Data-Rate Wireless Communication

Ever since the invention of radio in the late 1800s, the pace of development
of wireless communication has never stopped. In the past half century, the
carrier frequency of communication systems has rapidly increased from several
megahertz (MHz) into multi-gigahertz (GHz) ranges to satisfy the growing
bandwidth requirement. The recently developed 60GHz systems with 5 ∼
9GHz license-free band are able to provide a transfer speed up to 10 Gb/s for
short distance data communication [5]. In order to further enhance the data
transfer speed to multiple tens or hundreds of Gb/s for various applications
such as ultra-high definition TV in the near future, we have to develop the
communication systems in THz regime with abundant bandwidth resources.
The application of THz communication systems can be mainly categorized
into in-door data-links and system level data-transfer as shown in Figure 1.2.

For the in-door data-links application, one THz wireless data transmis-
sion was initially demonstrated in 2009 at 300GHz with a photonics-based
transmitter; this system is able to achieve a data rate of 12.5 Gb/s over 0.5-m
distance [24]. The lab scale communication was also demonstrated at 625 GHz
with a data rate of 2.5Gb/s in 2011 [25]. Most recent developments in semicon-
ductor technologies have demonstrated a very clear potential of higher-level
integration with wireless I/Os for inter-chip or intra-chip communication [26],
which is very likely to be achieved in THz. Recently, an integrated millimeter-
wave integrated circuits (MMICs) THz transceiver has been demonstrated in
50nm mHEMT technology with a data rate of 25 Gb/s at 220 GHz [27]. Po-
tentially, it is very promising for inter-chip or intra-chip communication in
THz regime with high data rate and energy efficiency [28, 29].

1.1.2 Optics-Based Terahertz System

The current optics-based THz imaging system is developed by the well-known
electro-optic sampling technique [30] as shown in Figure 1.3. When an ultra-
short optical pulse (∼50 femtoseconds) illuminates a non-linear semiconductor
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Figure 1.2: Application examples of THz communication. (a) high-
definition multimedia interface (HDMI) provided by WiGiga and
Wireless-HD [5], and (b) THz intra-chip high speed data link be-
tween core and memory, and THz inter-chip high speed data link
between core and core.

Figure 1.3: Schematic of a THz spectroscopy and imaging system by
electro-optic sampling technique in transmission type.

material such as Zinc Telluride (ZnTe), a very short electric pulse is generated
at the input of the dipole antenna with THz power spectrum. The average
power level of the THz signal generated in this way is in the order of nanowatts,
The resulting THz pulse usually has a very wide bandwidth, of which the
upper and lower frequency boundaries are determined by the charge carrier’s
acceleration in the semiconductor material and the antenna cut-off frequency,
respectively. After penetrating through the sample under test, the resulting
THz radiation is coherently detected in the time domain with both intensity
and phase information, which can be further utilized in the non-destructive
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testing as well as 3D imaging. However, there are several drawbacks in the
optics-based time domain THz spectroscopy and imaging system. Firstly, the
optics-based THz system is usually bulky, expensive and lacks portability.
For example, a Ti:Sapphire laser source is usually required for femtosecond
pulse generation, and lots of mirrors and lenses are needed for optical path
adjustment. Secondly, the detection resolution and efficiency are limited. The
absorption and reflection properties of tissues are usually spectral specific. As
such, low spectrum resolution in frequency domain results.

1.2 CMOS THz Electronics

The THz imaging system can be potentially implemented by electronic ap-
proaches. With the rapid scaling of CMOS technology, it has become feasible
to realize integrated circuits with standard CMOS process in THz regime to-
wards a low-cost, portable and large-arrayed THz imaging system on a chip.
Recently, several CMOS-based transmitting and receiving components have
been developed in THz [31, 32, 33, 34, 35]. As shown in Fig. 1.4(a) from [6],
when the size of transistors is scaling down, the gap between CMOS transis-
tors and three five-group transistors is getting smaller and smaller. The ITRS
(International Technology Roadmap for Semiconductors) projected roadmap
of ft and fmax for NMOS transistors is shown in Figure 1.4(b). By the year
2020, the fmax of CMOS transistors will be higher than 1THz. Compared to
the other semiconductor fabrication processes like SiGe, InP or GaAs, stan-
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Figure 1.4: (a) Comparing cut-off frequencies for different FETs [6];
(b) ITRS projected fmax and ft of NMOS transistors.
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dard CMOS technology is always considered as the most cost effective solution
to combine all digital, analog and RF system designs. Moreover, CMOS-based
transmitter and receiver designs provide much higher flexibility in the power
amplification and frequency control. As such, the THz imaging can be di-
rectly performed in frequency domain with improved detection resolution and
efficiency. Therefore, it is of great interest to develop a CMOS-based THz
imaging system with high resolution, low cost and high portability.

1.3 CMOS THz Applications

1.3.1 THz CMOS Imaging

As shown in Figure 1.5, THz waves suffer great loss when propagating inside
free space. As a result, the major challenges in the CMOS imaging system
design are to deal with the generation, transmission and detection of THz
signals. Take 300GHz signal for example, assuming the power generated by
the signal source is -15 dBm and it suffers a free space path loss of about 80∼
90 dB for 1 meter distance, if the antennas on both transmitter and receiver
side can both provide 20dB gain, the sensitivity of receiver must be better
than -85 dBm to detect the signal. Usually in a standard CMOS process, the
transmitting power is limited by the maximum source drain voltage and the
current, the receiver sensitivity is limited by the noise figure and bandwidth
of receiver frontend, the gain and radiation efficiency of antennas are limited

Figure 1.5: Design challenges of THz imaging system to overcome the
huge path.



10 � Design of CMOS Millimeter-Wave and Terahertz Integrated Circuits

by the loss of metal and substrate and antenna size, respectively. In order to
overcome the above difficulties and design a high-performance THz imaging
system in CMOS process, the design of a high-Q passive structure is required
in every part of the imaging system to replace the conversional transmission
lines (T-line) or LC-tank resonators, which usually suffer from large size and
low quality factor in THz and greatly limit the system performance.

1.3.2 THz CMOS Communication

The ever-expanding data size in various applications and associated increasing
processing capability and memory size in mobile devices call for high-data-rate
communication systems which can handle multi-Gbps data rate with compact
size and low power consumption at the order of hundreds of mW or less. For
example, the 5∼9GHz license-free band at 60 GHz is attractive to meet these
requirements.

For short distance communication with lower power consumption, nor-
mally line-of-sight set-up is used due to the high attenuation from passing
through (around 40∼50 dB) and reflection from (around 10∼20 dB) a wall.
As a result, the distance is normally targeted around ten meters or below to
cover the distance within a room.

Recently, there has been extensive research on short distance THz com-
munication systems [36, 37, 38, 39, 40, 41, 42, 43, 44, 45]. The potential
applications are the wireless High Definition Media Interface (HDMI) where
you can have an uncompressed high-definition movie transferred from laptop
and displayed on TV in real time; and Personal Area Network (PAN), where
a wireless link could be used to replace various cables used in home, and
connect all electronic devices together with high-data-rate routers to provide
smart house applications.

Compared with III-V technologies, CMOS shows various advantages.
Firstly, a high integration can be provided due to the lower power consump-
tion of digital signal processing in CMOS. A high integration also lowers cost
from multi-die package and improves performance with elimination of high-
frequency IOs. Secondly, a low cost can be obtained. In addition to the lower
fabrication cost compared with III-V technologies and lower package cost, the
testing cost can also be largely reduced with built-in-self-test (BIST) inte-
grated on chip.

However, CMOS also brings various design challenges. For example, scaled
CMOS transistors with lower supply voltage in advanced technologies can
largely reduce size and dynamic power for digital processing. Unfortunately,
many Figure-of-Merits (FOMs) in the frontend such as output power, linear-
ity, and noise all degrades along with reduced supply voltage. Furthermore,
large Process-Voltage-Temperature (PVT) variation tends to occur with ad-
vanced CMOS technologies, which makes RF design less accurate and poses
requirement on extra bandwidth to cover. These design challenges motivate
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Figure 1.6: Simplified block diagram for a 60 GHz CMOS direct-
conversion transceiver front end.

extensive researches on circuit and system innovations for 60GHz applications
in CMOS [36, 37, 38, 39, 40, 46, 47].

Direct conversion architecture has the advantage of energy efficiency and
was used for THz CMOS transceiver design in [48]. One simplified block dia-
gram is shown in Figure 1.6. On the transmitter side, baseband digital signal
is first converted to analog signal through a digital-to-analog convertor (DAC)
and then up-converted to RF signal by mixing with the carrier (LO) gener-
ated by PLL through a mixer. The resulted RF signal is then amplified by a
power amplifier (PA) and radiated out through the antenna. On the receiver
side, the received RF signal from the antenna is first amplified by a low-noise
amplifier (LNA) and then down-converted to baseband signal by mixing the
corresponding LO generated by PLL through a mixer, which is further con-
verted to digital signal through an analog-to-digital convertor (ADC).

As THz waves suffer great path propagation in free space, the primary
challenge for THz communication system is to compensate the propagation
loss with consideration of multi-path effect of channel. Usually, one needs
to design a high-output power transmitter together with a high-sensitivity
receiver to compensate the path loss. The present THz wireless systems are
mainly single-input single-output (SISO) designs [49]. A wide-band and high-
gain horn antenna is applied and is focused by aspherical Plano-convex lens to
compensate high path loss in point-to-point link. This approach is hard to be
integrated with the transceiver design. Recently, phase-arrayed multiple-input
multiple-output (MIMO) design [50] can be developed to overcome the high
path loss of the channel with a reasonable budget in the THz band.

In the phase-array MIMO architecture, a beam is formed in a desired
direction by varying the relative delay in each element to compensate for
the difference in propagation delays for signals from different elements. From
a THz wireless system perspective, both the EIPR (the effective isotropic
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Table 1.2: The Link Budget for THz Wireless Transmission System
at 0.3 THz

Norse floor (20 GHz bandwidth) -70.8 dBm

QPSK modulation (with 20G bps) Eb/No=10dB @ BER=10−5

Tx

Unit transmitter output power -8 dBm
Effective antenna gain 36 dBi
EIPR 28 dBm
Implementation loss 8 dB

Rx

Effective antenna gain 36 dBi
Noise figure 10dB
Demodulation loss 10 dB
Implementation loss 8 dB

Maximum allowed path loss 88.8 dB
Maximum available distance (for
amount link margin)

Around 5 m

radiated power) of the transmitter and sensitivity of the receiver can be im-
proved in this MIMO architecture. For an n-element massive array, the an-
tenna element is designed with a gain of 5dBi at 280GHz (estimated from our
previous design [51]), the effective antenna gain is increased by 20 log10 n. For
example, if output power of each transmitter of a 100-element array is -8dBm
for 280GHz modulated signal (estimated from our previous work [52]), the
maximum permitted EIRP of 28dBm can be achieved. For the receiver side,
the maximum antenna gain incensement of 36dB (for n = 64) can be achieved;
this gain enhancement improves the signal strength (SNR) at the receiver side.
Exemplary link budget for 64-element phase-arrayed MIMO transmission link
at 300GHz can be seen in Table 1.2, which shows an enough link margin
for implementing a near-field (∼1m) THz wireless communication system by
massive THz MIMO architecture.

Note that phase-arrayed MIMO can be used in two different modes: spa-
tial diversity and spatial multiplexing. In spatial diversity mode, the same
information is encoded into all transmit streams in such a way as to improve
range of coverage. For low-frequency cellular network, diversity is often ap-
plied at receiving side of base station, because it is up-link limited in that
scenario. An example of receiver spatial diversity is Maximal Ratio Combin-
ing (MRC); the signals from all receiver antennas are combined after first
re-aligning their phases [53]. In spatial multiplexing mode, on the other hand,
the transmission antennas simultaneously transmit independent signals over
the same frequency channel, resulting in an increased spectral efficiency. In
low-frequency applications, such as WLAN and cellular network, spatial mul-
tiplexing is widely applied in line-of-sight environment to support higher data
rate with improved system capacity. For short-range THz high-speed wireless
communication, phase-arrayed MIMO technique is more attractive. However,
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Figure 1.7: Two massive MIMO modes proposed for THz wireless
link. (a) Spatial multiplexing mode in LOS scenario; (b) Spatial di-
versity mode in NLOS scenario.

different transmission scenarios are faced and have shown different character-
istics compared to that in the low-frequency band. These differences inspire
novel massive MIMO mechanism for THz wireless link. For different transmis-
sion scenarios, the following can be applied for performance enhancement.

� For LOS (Line-of-Sight) transmission, spatial multiplexing mode
MIMO is applied as shown in Fig 1.7(a). Data of multiple users are
transmitted simultaneously by each transmitter; and each receiver re-
ceives all transmitted data and separates (decode) them correctly for
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each user. For M×N MIMO, as given in (1.1), where M is the number
of transmitter antennas, N is the number of receiver antennas. The re-
lationship between the channel capacity and the SNR is logarithmic.
This implies that trying to increase the data rate (capacity) by sim-
ply transmitting more power is not efficient. However, due to MIMO
setup, as we can see from (1.1), a linear increase in capacity is obtained
with respect to the number of transmitting antennas. Thus, it is more
beneficial to transmit data using many different low-powered channels
than by using one single, high-powered channel, which is a benefit of
CMOS implementation as described previously.

C ≈ M ×B × log2(1 +
M

N
SNR) (1.1)

� For NLOS (Non-line-of-sight) transmission, some obstacles appeared
between transmitter and receiver, and the spatial diversity mode
MIMO is applied. Different from low-frequency band diversity where
diversity is only deployed at the receiving side, both transmitter and
receiver multiple-antenna structure is deployed for THz link, as shown
in Figure 1.7(b). For the transmit side, the beam-forming operation is
applied to concentrate all transmitters into one direction with largest
radiation power. For the receiver side, spatial diversity is applied, where
each receiver antenna captures the signal which experiences a differ-
ent and independent fading environment. Then these received signals
are combined based on an optimal algorithm for signal strength en-
hancement. As seen from (1.2), in a system with M transmitters and
N receivers, the same signal is transmitted by each antenna. It is pos-
sible to achieve approximately an MN -fold increase in the SNR and
then maintain a high data rate in a multipath environment with low
error rate.

C ≈ B × Log2(1 +M ·N · SNR) (1.2)



Chapter 2

CMOS Metamaterial
Devices

2.1 Introduction

Metamaterial was first demonstrated by [54] with the use of split ring res-
onator (SRR) and metallic wire, among which SRR and metallic wire show
the properties of negative permeability (µ) and negative permittivity (ε) at
the resonance frequency, respectively. Metamaterial is not a traditionally de-
fined material. It comprises many periodic or non-periodic unit cells. By giving
different structure and property to these unit cells, the whole array of unit
cells, which is the metamaterial, would show some properties that do not nat-
urally exist. A more clear definition can be found in Figure 2.1 [55], where
both x and y axes correspond to the material relative permittivity (εr) and
permeability (µr), respectively. Most natural materials lie on the horizontal
line in the 1st quadrant (εr > 0, µr > 0) with a relative permittivity larger
than 1 and a nearly unity relative permeability. But with metamaterial, by
giving different design for unit cells, theoretically we can construct a material
located in any of the regions of Figure 2.1 that enables many interesting appli-
cations. According to the transmission and reflection property, metamaterial
can be categorized into two types: non-resonant-type and resonant-type.

Metamaterial in the 1st and 3rd quadrants are transmission-types, where
EM wave is able to propagates inside. The EM wave that propagates in the
1st quadrant (εr > 0, µr > 0) has a positive phase velocity, which is a linear
function of frequency. But when metamaterial appears in the 3rd quadrant
(εr < 0, µr < 0), it is called left-handed material. Left-handed material has a
non-linear negative phase velocity, which means when the energy propagates

15
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Figure 2.1: Definition of metamaterial.

forward in this material, the phase actually propagates backward. One ap-
plication of left-handed material is to composite with right-handed material
to provide zero phase propagation. Note that transmission-type metamaterial
with zero phase propagation is located on the X or Y axes with εr = 0 or
µr = 0.

Metamaterial in the 2nd and 4th quadrants are resonant-types, where wave
propagation is prohibited. When metamaterial appears in the 2nd quadrant
(εr < 0, µr > 0), it is called electric plasma. Evanescent wave will also be
formed to strongly reflect the EM wave entering it. Such medium can be
achieved by coupled right-handed material with a negative ε structure such as
complementary split ring resonator (CSRR). When metamaterial appears in
the 4th quadrant (εr > 0, µr < 0), it is called magnetic plasma. An evanescent
wave will be formed to strongly reflect the EM wave entering it. Such medium
can be achieved by coupled right-handed material with a negative µ structure
such as SRR.

2.2 Non-Resonant-Type Metamaterial

Non-resonant-type metamaterial such as magnetic plasmon waveguide
(MPW) or composite right/left-handed (CRLH) T-line can be applied to
achieve zero-phase-shifter with compact size. Magnetic coupled resonators
have been extensively explored in the mm-wave filter designs since 1958
[56, 57]. But not until 2002, was MPW first proposed as a transmission
medium by E. Shamonina and his colleagues [58]. In recent years, MPW
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is also applied in the middle distance wireless energy transmission systems
[59, 60]. On the other hand, the applications of CRLH T-line have also been
widely explored at PCB scale for the designs of various passive devices below
10GHz such as antennas, filters, hybrid couplers, baluns and power combiners
[61, 62, 63, 64, 65, 66]. In addition, it can also be applied in the design of
active devices such as distributed power amplifiers [67, 68]. Both MPW and
CRLH T-line provide much more flexible phase control to the RF circuit with
positive, negative or zero phase propagation modes, and their nonlinear phase-
to-length relationships also enable much more compact designs compared to
the ones with conversional T-line. When the operating frequency is further
increased to THz region, potentially the application of the non-resonant-type
metamaterial could largely reduce the size and increase the efficiency of on-
chip devices. In this work, both MPW and CRLH T-line are explored for on-
chip CMOS applications and used to overcome the fundamental limitations
posed by conventional T-line for the CMOS designs from mm-wave to THz.

2.2.1 Composite Right-/Left-Handed T-Line

Metamaterial can be classified into two types: resonant type [69] and non-
resonant type [70]. For applications that require wide bandwidth, non-resonant
type metamaterial is preferred [71]. Typically, the left-handed property of T-
line is realized with capacitors connected in series (Cs) and inductors con-
nected in parallel (Lp). However, due to the unavoidable parasitics which are
normally serial inductor (Ls) and parallel capacitor (Cp), the resulted T-line
is actually a combination of left-handed T-line and normal right-handed (RH)
T-line, and therefore called a composite right/left-handed (CRLH) transmis-
sion line [70]. Due to the distributive nature of T-line, one unit cell has the
equivalent circuit as Figure 2.2(a).

The circuit can be viewed as two resonators connected together. Ls and Ce

form the serial resonator, while Lp and Cp form the parallel resonator. Their
impedance (admittance) can be represented as Zs (Yp). Here, all components
(Ls, ap, Cs, Cp) are normalized to unit cell length. According to transmission
line theory, the propagation constant (γ) and characteristic impedance (Z0)
can be calculated as:

γ = α+ jβ =
√

Zs×Yp=

√

√

√

√

√−

[

(

ω
ωs

)2

−1

]

×
[

(

ω
ωp

)2

−1

]

ω2×Lp×Cs
(2.1)

Z0 =
√

Zs ÷ Yp =

√

√

√

√

( ω
ωs

)
2 − 1

( ω
ωp

)
2 − 1

× Lp

Cs
(2.2)

where ωs and ωp are resonant frequencies for serial and parallel resonators,
respectively. In addition, α and β are the attenuation constant and phase
constant.
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Figure 2.2: CRLH T-line: (a) equivalent circuit for T-line unit cell,
(b) operating regions.

2.2.1.1 Unbalanced CRLH T-Line

From (2.1) we can see that if signal frequency is below the two resonant
frequencies,

α = 0, β = −

√

√

√

√

√

[

1−
(

ω
ωs

)2
]

×
[

1−
(

ω
ωp

)2
]

ω2 × Lp × Cs
(2.3)

the signal propagates backward. The transmission line operates in the left-
handed (LH) region, where the phase contribution from LH components (Lp

and Cs) dominate. In this region, a negative phase constant is achieved with
low frequency, which can be used to replace traditional T-line to realize the
same phase requirement with much more compact size and low loss. Based
on this region, a tunable negative-phase CRLH T-line is implemented, with
detailed discussion in Section 3.3.
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If signal frequency is above the two resonant frequencies,

α = 0, β =

√

√

√

√

√

[

(

ω
ωs

)2

− 1

]

×
[

(

ω
ωp

)2

− 1

]

ω2 × Lp × Cs
(2.4)

the signal propagates forward. The transmission line operates in the right-
handed (RH) region, where the phase contribution from RH components (Ls

and Cp) dominates. The circuit behaves similarly to the traditional RH T-line.
If signal frequency is between the two resonant frequencies,

α =

√

√

√

√

√−

[

(

ω
ωs

)2

− 1

]

×
[

(

ω
ωp

)2

− 1

]

ω2 × Lp × Cs
> 0, β = 0 (2.5)

the signal doesn’t propagate. The T-line operates in the band-gap region,
where the phase contributions from LH and RH components cancel each other.
A zero-phase can thus be realized to replace traditional RH λ/2 T-line with
much more compact area and low loss. Based on this region, a Zero-Phase-
Shifter (ZPS) is implemented, with detailed discussion in Section 3.2.

The relationship between β and frequency ω defines the dispersion dia-
gram. Note here a lossless system is assumed. If lossy components are in-
troduced, β cannot stay 0 in the band-gap region, and α can never became
0.

An example for ideal CRLH T-line unit cell is plotted in Figure 2.2(b) with
Ls=100pHt−1, Lp=100pHn−1, Cs=50fFm−1, and Cp=70fFm−1. The dotted
line displays attenuation constant α, and the solid line displays phase constant
β. Negative (positive) phase constant is obtained in the left (right) hand re-
gion, where signal propagates backward (forward). Two additional stop-bands
appear in the very low- and high-frequency regions due to CRLH T-line unit
cell’s nature as a band pass filter.

The CRLH T-line can he extended to a 2D system. The resulting left-
handed region can be characterized by negative refractive index n.

n =
c

v
=

c

fλ
=

cβ

ω
(2.6)

An example is shown in Figure 2.3. Note the refractive index below 60GHz
should be negative and is mirrored to the positive side for easier observation.

2.2.1.2 Balanced CRLH T-Line

One special case occurs when the serial and parallel resonators have the same
resonance frequency (ωs = ωp), and this is called the balanced case.

In this case, equations (2.1) and (2.2) reduce to:

α = 0, β = βR + βL = ω
√

LsCp − (ω
√

LpCs)
−1 (2.7)
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Figure 2.3: Refractive index for 2D CRLH metamaterial.

Z0 =

√

Lp

Cs
(2.8)

where βR and βL are phase constants contributed from RH and LH T-line
portions.

Notice the phase constant can now be split into RH and LH portions, and
has a uniform equation for all frequencies. Furthermore, unlike the character-
istic impedance for unbalanced case whose value varies with frequency, the
characteristic impedance for the balanced case stays frequency independent.

With the dispersion relation between β and ω, the phase velocity (vp) and
group velocity (vg) can be further obtained for the balanced case:

vp =
ω

β
=

ω2
B

√

LpCs

1− (ωB

ω )
2 (2.9)

vg =
∂ω

∂β
=

ω2
B

√

LpCs

1 + (ωB

ω )
2 (2.10)

where ωB is a constant. These two equations indicate opposite directions for vp
and vg which suggest the LH region where a negative phase shift is obtained;
and the same direction for vp and vg which suggest the RH region where a
positive phase shift is obtained.

The dispersion diagram for ideal CRLH T-line unit cell in balanced condi-
tion is shown in Figure 2.4. The balanced resonance frequency ωB is assigned
at 60GHz. As the figure shows, the LH region and RH region locate side by
side without a band gap between them.

Compared with the conventional RH T-line, which always has a positive
phase-shift linearly proportional to the T-line length, CRLH T-line shows some
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Figure 2.4: Dispersion diagram for CRLH T-line in the balanced case
with comparison of RH T-line.

unique features such as zero-phase-shift at ωB and high nonlinear negative-
phase-shift in the LH region. These features are analyzed in detail in the
following sections.

2.2.1.3 CRLH T-Line-based Zero-Phase-Shifter

ZPS by CRLH T-Line

For applications as mm-wave frequencies, the lumped capacitors and induc-
tors to build CRLH T-line structure are more compact and less lossy and
hence feasible for on-chip implementation in CMOS technology. More impor-
tantly, CRLH T-line can easily achieve the zero-phase-shift by combining the
two phase-shifts in opposite directions for: 1) traditional right-handed T-line
portion and 2) left-handed metamaterial portion (Lp and Cs).

An intuitive method to design a CRLH T-line-based ZPS is to bias the unit
cell to operate in its band gap region, as shown in Figure 2.2(b). According to
(2.5), when the operating frequency is in the band gap region (ωs ≤ d ≤ ωpor
ωn ≤ ω ≤ ωs) the phase constant equals to 0 (β = 0). In this case, signals
passing through CRLH T-line will not have any phase advance or delay. In
other words, a zero phase shift is achieved. This condition, however, assumes
the impedance matching from port to T-line is always maintained. As (2.2)
shows, CRLH T-line’s characteristic impedance (Z0) is normally frequency
dependent, which affects the matching for the whole SEDFDA (Single-ended
dual-fed distributed amplifier), and therefore limits the actual bandwidth that
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can be achieved for zero-phase-shift region. A simple solution is to design the
CRLH T-line in the balanced case. As (2.8) shows, in this case, Z0 becomes
frequency ω independent and is only determined by Lp and Cs. Although the
band gap region in this case reduces to one frequency point, according to the
following chapter, as long as a small phase shift is maintained, the CRLH
T-line still works well in many applications with wide-band performance.

On the other hand, in a practical T-line model, the attenuation constant
takes all loss from parasitic into consideration and stays positive (α > 0) in
all regions. Therefore, to reduce T-line loss, α must be reduced as much as
possible, which is the case for balanced condition.

In the balanced case, according to (2.7) and (2.9), when the frequency
equals to ωB, the pease constant β becomes 0 and the phase velocity vp be-
comes infinity. In other words, a zero-phase-shifter (ZPS) is obtained. The
zero-phase CRLH T-line can replace λ/2 T-line in traditional RH design with
the same phase requirement. Different from traditional RH T-line, the CRLH
T-line phase-shift does not depend on its physical length. As a result, the
T-line can be designed in a compact area with low loss. Furthermore, the
large phase shift (π) in traditional λ/2 T-line means that a small percentage
change can lead no a large phase error, which severely limits the bandwidth.
The zero-phase CRLH T-line, on the other hand, centers at zero-phase and
thus can achieve a smaller phase error. Therefore, the zero-phase CRLH T-line
has appealing advantages to replace traditional λ/2 T-line with more compact
size, lower loss and wider bandwidth.

In addition, for the sake of low loss and wide-band performance of CRLH
T-line-based ZPS, both attenuation constant and phase constant need to be

kept small. Eq. (2.1) gives the relation: α, β ∝
√

1
Lp×Cs

. Although the formula

is developed from a lossless system, the relation can be extended into lossy
system. As a result, a large parallel inductor (Lp) and a large serial capacitor
(Cs) reduce both T-line loss and phase error. To maintain the same serial and
parallel resonant frequencies and thus the same operating frequency, a small
parallel capacitor (Cp) and a small serial inductor (Ls) are required accord-
ingly. In practice, Cp and Ls are realized by parasitic and wire connections to
achieve maximized values for Lp and Cs.

Simulation and Measurement Results

To further characterize the performance of CRLH T-line-based ZPS and ver-
ify its benefits compared with a traditional λ/2 T-line, one ZPS unit cell is
implemented in UMC 65nm logic and mixed-mode low-leakage low-K CMOS
technology with 6-metal layers (1 thick metal layer). The circuit is designed
and verified by EM simulation (ADS-Momentum) before fabrication.

As shown in Figure 2.5(a), a unit cell for CRLH T-line can be constructed
by combining a serial capacitor (Cs) with a parallel inductor (Lp). The right-
handed part of CRLH T-line comes from the Coplanar Waveguide (CPW)
transmission line that connects unit calls, and parasitic capacitance between
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(a) (b)

Figure 2.5: CRLH T-line-based ZPS unit cell: (a) schematic (b) lay-
out.

unit cells and ground. Figure 2.6(b) shows the layout version of this unit
cell, where Lp is a spiral inductor formed by top Metal layer (M6). The thick
metal ring around Lp serves as ground to improve isolation between unit cells
and to form a better distribution of ground, as described in [72]. Cs is a
MOM capacitor constructed with multiple metal layers (M4-M6) in an inter-
digit manner for better quality factor at 60GHz range. Notice the two ground
traces of CPW are connected by metal 1 (M1) below, and the size of M1 can
be adjusted to tune the total parallel capacitance to ground.

The ZPS unit cell is fabricated along with an open-short-through de-
embedding structure. Lp is implemented with inductance of 220pH and Q
factor of 13.4 at 70 GHz. Cs is implemented with capacitance of 150fF and Q
factor of 19 at 70 GHz. The simulated and measured S parameters for CRLH
T-line-based ZPS are shown in Figure 2.6, and are compared with the mea-
sured results of the conventional λ/2 T-line. According to Figure 2.6(a), the
fabricated CRLH unit cell achieves a 30GHz bandwidth (57∼87GHz) for a
phase error less than 10o, which is 4 times wider than the 7GHz bandwidth
(67∼74GHz) for λ/2 T-line. The measured results agree well with EM sim-
ulation with a frequency shift-down of 4 GHz. According to Figure 2.6(b),
the return loss is greater than 14dB for the entire near-zero-phase-shift re-
gion, indicating 50Ω characteristic impedance. The worst-case insertion loss is
kept below 1.2dB, which is 3 times smaller than λ/2 T-line. There is a 0.8dB
deviation from EM simulation for insertion loss, which is due to inaccurate
substrate parameters.

Moreover, measurement demonstrates a low loss (<1.2dB) wide-band
(30GHz) performance for the proposed CRLH T-line bused ZPS, which proves
the feasibility for metamaterial application for CMOS designs in mm-wave re-
gion. Compared with the traditional λ/2 T-line, 4 times wider frequency band
and 3 times less loss are achieved with 11 times reduction of physical length
(86µm).

Note that to observe the left-handed property, its phase shift and effec-
tive phase constant can be obtained from s parameters [73]. Following is the
formula used:
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(a)

 
(b)

Figure 2.6: Simulated and measured S parameters for unit cell of
CRLH T-line-based ZPS. Both (a) phase and (b) loss performances
are compared with measured results for conventional λ/2 T-line.

γ × p = cosh−1

(

1− S11× S22 + S12× S21

2× S21

)

(2.11)

where p is the physical length of unit cell, and S is the propagation constant.
For this design, p equals 86µm.

From Figure 2.7(a), we can see β×p and phase of S21 overlap with each
other, which is justified by the fact that phase shift of unit cell approxi-
mately equals the product of phase velocity (β) and unit cell length (p) under
impedance match. A small β within a wide frequency range therefore leads to
wide-band performance.

The dispersion diagram is plotted in Figure 2.7(b), where the phase con-
stant β ia obtained by dividing the phase shift (β×p) to unit cell physical
length (p). Notice absolute value of β is taken for easier observation. A fall-
down curve for |β| is observed below the zero-phase-shift region, indicating
the left-handed region. Above the zero-phase-shift region is the right-handed
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(a)

(b)

Figure 2.7: Characterization of CRLH T-line unit cell: (a) ZPS per-
formance, (b) propagation constant.

region, where β becomes positive and keeps rising. The low-pass stop-band
and high-pass stop-band are located around DC and very high frequency,
respectively, and is not shown in the plot.

Differential ZPS

In many applications, differential topology is preferred for compact size, re-
duced loss and rejected noise. As it is unknown how to design an on-chip
active differential zero-phase-shifter, in this section, differential CRLH T-lines
are designed to obtain zero-phase-shift with circuit and layout diagrams shown
in Figure 2.8. The serial capacitor Cs is realized with inter-digital capacitors
for compact size. M1 shielding is used to improve the es quality factor. The
parallel inductor Lp is implemented by a loop inductor. Thick top metal is
used to minimize ohm and substrate loss. M1 shielding around the induc-
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Figure 2.8: Equivalent circuit and layout diagrams for one unit cell
of differential CRLH T-line-based zero-phase shifter.

tor reduces the loss in return ground and also improves isolation. Parasitic
from transistors and connections form the RH T-line portion (Ls and Cp).
Connection lines and M1 shielding are used to adjust Ls and Cp values for a
zero-phase-shift at the targeted frequency ω.

Due to the differential design, the parallel inductor for the two differential
branches can be merged together with reduced area and improved isolation.
In addition, due to virtual ground on the central tap of the merged inductor,
de-coupling capacitor is removed with further reduced area. As a result, zero-
phase-shift can be achieved at designed frequency with compact area. For
example, the differential ZPS unit cell in Figure 2.8 further reduces the size
to only 61µm×81µm while achieving the same ZPS frequency point (60GHz)
as the single-ended design.

2.2.1.4 Tunable Negative-Phase CTLH T-Line

Another unique feature of CRLH T-line is the inverse relation between phase-
shift and T-line size in its LH region. As (2.7) and Figure 2.4 show, the
magnitude of phase constant in CRLH T-line is inversely dependent on its
LH components (LC and Cs) and frequency. In contrast, the phase change in
RH T-line is linearly dependent on the LC values and frequency and stays
positive. As such, the same phase shift in the RH T-line at a given frequency
can be realized by CRLH T-line in the negative-phase region in Figure 2.4
with much smaller LC values and thus T-line size. For example, as shown in
Figure 2.9, a λ/4 T-line can be realized by RH T-line at around 90GHz, but
can be replaced with a CRLH T-line with -90◦ phase-shift at around 30GHz
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Figure 2.9: Compact size for negative-Chase CRLH T-line to achieve
the same 90◦ phase-shift compared to traditional RH T-line.

with similar lumped component values and thus similar size. As a result, the
required λ/4 T-line can be realized at the same frequency by -90◦ CRLH
T-line biased in the LH region with much more compact size.

Though the negative-phase in the LH region shows a higher sensitivity to
frequency and thus smaller bandwidth compared to ZPS, it does not impact
the frequency tuning range (FTR). In fact, except for compact size, another
benefit for the negative-phased CRLH T-line is the potential to achieve a wide
FTR for VCO design. The tunability of CRLH T-line is analyzed here with
balanced condition as shown in Figure 2.4 for simplicity, and similar analysis
and conclusion can be extended to more general conditions.

As discussed, T-line is normally used in VCO design to realize traveling
wave to generate multi-phase and low-noise clock outputs, by achieving certain
phase-shift requirements (e.g., 360◦ phase-shift forms a loop). According to
(2.7) in Section 2.2, the total phase shift of one CRLH T-line unit cell (θ)
is contributed from two portions: the left-hand portion, and the right-hand
portion:

θ = βRp+ βLp = ω
√

LSCp − (ω
√

LSCp)
−1 (2.12)

where p is the T-line’s physical length. Note that, different from (2.7), lumped
components here are the normalized value to consider the phase shift instead
of phase constant.

As shown above, CRLH T-line operating in the nonlinear LH region can
replace the traditional RH T-line to achieve the same phase-shift requirement
with much more compact size. When operating in nonlinear LH region, βLp
dominates. The formula can thus be simplified to

θ = βLp = −(ω
√

LpCs)
−1 = constant (2.13)
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ω = (−θ
√

LpCs)
−1. (2.14)

By taking the product of the LH components (Lp,Cs) as PL, and the
product of the RH components (Ls,Cp) as PR, the tunability can then be
analyzed as

∂ω

∂PL
=

1

2θ
(PL)

− 3
2 . (2.15)

The frequency tuning range (FTR) with CRLH T-line operating in non-
linear LH region can then be estimated as

FTRLH =
∆ω

ω
≈ 1

ω
× ∂ω

∂PL
×∆PL =

∆PL

2PL
. (2.16)

Similarly, the FTR with traditional RH T-line can be estimated as

FTRRH ≈ ∆PR

2PR
. (2.17)

Based on (2.16) and (2.17), the FTR depends on the tunability of the
lumped component itself(∆Pe/PR and ∆PL/PL). Conventional RH T-line
is mostly tuned by varactor and capacitor bank, where the tuning range is
limited by the parasitic capacitance from transistors and constraint tuning
ability of varactor and capacitor bank in millimeter-wave region. CRLH T-line,
on the other hand, provides more choices of tunable elements such as inductive-
loaded transformer [74] and avoids the effect of parasitic capacitance. As will
be explained in Chapter 5, a much wider tuning range can be achieved.

In summary, by using tunable negative-phase CRLH T-line in nonlinear
NH region to replace traditional RH T-line, the FTR can be largely improved
with more compact size. Note that the high nonlinear dispersion curve in the
LH region can be also used to generate dual-band or multi-band operation
[75], which can further extend the tuning range.

2.2.1.5 Active CRLH T-Line

Most of the time, transistors need to be loaded in T-line to achieve desired
functions. For example, in power combiner design for mm-wave PA, transistors
need to be periodically loaded in the combining network where the output
power of each transistor is combined in phase. While in mm-wave RTW-VCO
design, transistors need to be distributed in the T-line loop to compensate the
loss and facilitate oscillation. When considering transistors as a part of CRLH
T-line, an active CRLH T-line or T-line network is obtained.

Traditional active CRLH T-line loads active devices as negative resistors
to compensate the propagation loss. As shown in Figure 2.10(a), by loading a
tunnel diode, negative resistance is introduced. Simultaneous negative α and
negative β are demonstrated in [76], indicating the loss is compensated with
maintained LH property. The same results can be obtained in a differential
manner by replacing the tunneling diode with a cross-coupled transistor pair,
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(a)

(b)

Figure 2.10: Traditional active CRLH T-line using tunnel diode or
cross-coupled transistor to compensate for the propagation loss, (a)
with tunneling diode, (b) with cross-coupled transistors.

as shown in Figure 2.10(b). The topology is used for CRLH T-line-based
RTW-VCO design in Chapter 5.

However, these active CRLH T-line topologies are not feasible for PA de-
sign which requires signal amplification with maintained amplitude. Alterna-
tively, transistor output power can be in-phase combined by directly connect-
ing their outputs with zero-phase connections, which can be realized by the
zero-phase CRLH T-line with transistor parasitic absorbed into the T-line
design. Since zero-phase CRLH T-line can realize in-phase power combining
both in parallel and in series, a 2D active CRLH T-line network is introduced
in the following section, where a compact and high output power combining
can be achieved.

2.2.2 Magnetic Plasmon Waveguide

MPW with zero phase propagation can be introduced in the coupling net-
work design with 2k/N = 0 to largely improve the output power within a
compact area. It operates based on the inductive coupling between periodic
resonators. The equivalent circuit of an ideal 1D MPW is shown in Figure
2.11(a). The plasmon resonators are coupled by the magnetic flux between
adjacent resonators, which are represented by the LC networks with mutual
inductances (M). Assuming the magnetic coupling only exists between adja-
cent resonators, each unit-cell consists of two magnetic coupled resonators. As
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(a)

(b)

Figure 2.11: (a) Equivalent circuit of magnetic plasmon waveguide
(MPW); (b) dispersion diagram of MPW.

such, the dispersion relationship can be written as:

ω2
0/ω

2 − 1 =
2M

L
cos[(α+ jβ)d] (2.18)

where j =
√
−1, ω0 = 1/

√
LC is the self-resonance frequency of the LC

resonator, d is the distance between adjacent unit-cells, α and β are the at-
tenuation coefficient and phase constant, respectively. Figure 2.2.1.5 shows
the dispersion diagram. One can observe that both α and β are zero at the
lower stop bands boundary ωL with

ωL = ω0/
√

1 + 2M/L (2.19)

where the zero phase propagation exists. When multiple MPW unit-cells are
serially connected, the in-phase EM-energy can be stored in each unit-cell
in zero phase propagation mode. A zero phase propagation mode operation
is important for not only power combination but also phase noise reduction.
The noise coupling network becomes reciprocal in the zero phase propagation
mode, and the total phase noise will be reduced by N times when coupling N
free running oscillators [77].
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2.3 Resonant-Type Metamaterial

Metamaterial-based resonators have been explored recently for CMOS MMIC
applications. The planar SRR structure can be considered as a magnetic dipole
excited by the magnetic field (H-Field) along the ring axis as shown in Figure
2.12(a). Figure 2.12(c) shows the equivalent circuit of SRR unit cell, in which
the equivalent inductance is coupled to the external applied magnetic flux. As
the dual counterpart of SRR, CSRR shown in Figure 2.12(b) was proposed
by [78] based on the well-known complementary theory. CSRR shows the
metamaterial property of negative permittivity (ε) at resonance frequency,
and can be considered as an electric dipole excited by the electric field (E-
Field) along the ring axis. Figure 2.12(d) shows the equivalent circuit of CSRR
unit cell, in which the equivalent LC resonator is driven by the external applied
electric field.

In the recent years, there are several works proposed for the oscillator
design with high-Q metamaterial resonators. SRR or CSRR-based oscillator
design is explored in PCB scale at 5.5∼5.8GHz [79, 80, 81]. TL-SRRs have
also been studied on PCB substrate with operating frequencies below 10 GHz
[82, 83]. A single-ended T-line loaded with SRRs (STL-SRRs) was designed
with silicon substrate for 60 GHz MMIC applications [84]. This structure with
multiple SRRs occupies a large silicon area and has weak EM coupling between
T-line and SRR load, both of which will contribute to more energy loss. A
24 GHz CMOS oscillator based on open-loop multiple-SRR is presented as
another kind of metamaterial resonator in [85].

In the regime from millimeter-wave to THz, the challenge is how to design

Figure 2.12: Layout topologies of SRR in (a), CSRR in (b), equivalent
circuits of SRR in (c), CSRR in (d).
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a low-energy-loss, strong EM coupling and high-area-efficiency metamaterial
resonator for the MMIC applications. As explored in the mm-wave region,
both SRR and CSRR can be applied as the load for a T-line to build compact
on-chip metamaterial-based resonators with high-Q factor. When coupling
either SRR or CSRR as load to a host T-line, a plasmonic medium with
single negative ε or µ could be formed, called electric or magnetic plasmonic
medium. A sharp band-gap or stop-band is formed in such a medium at the
resonant frequency such that the EM-wave can be perfectly reflected back
into the host T-line to form a stable standing-wave. Ideally, the EM-energy is
stored in the compact SRR or CSRR structure, where the energy density can
be significantly increased with a high-Q factor.

2.3.1 T-Line Loaded with Split Ring Resonator

As shown in Figure 2.13(a), T-line loaded with SRR (TL-SRR) can be im-
plemented on chip by the topmost metal layer. By exciting SRR with the
magnetic flux generated from the differential current in the host T-line, a
magnetic plasmonic medium is formed by TL-SRR in the vicinity of SRR
resonance frequency. SRRs are excited by the magnetic flux generated by the
differential current flowing in the host T-line. The equivalent circuit of TL-
SRR unit-cell is depicted in Figure 2.13(b). L and C are the intrinsic series
inductance and shunt capacitance of T-line, while Ls and Cs are the equiva-
lent inductance and capacitance of SRR. M is the mutual inductance between
SRR and T-line.

Figure 2.13: (a) Standing-wave formed by perfect reflection at DTL-
SRR; (b) equivalent circuit of DTL-SRR with condition to form per-
fect reflection.
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The metamaterial property for TL-SRR can be analyzed by T-line model
[86]. Recall that T-line is usually modeled by distributed series impedance
(Z) and shunt admittance (Y ) with determined ε and µ, respectively. It can
be shown that ε > 0 and µ < 0 condition can be satisfied by TL-SRR in the
frequency range

√

1

L′
sC

′
s

< ω <

√

L+ L′
s

LL′
sC

′
s

(2.20)

where L′
s = CsM

2ω2 and C ′
s = Ls/(M

2ω2) are the equivalent series induc-
tance and capacitance of SRR. Note that M needs to be sufficiently high for
a negative µ. As such, differential host T-line is deployed in the design with
SRRs placed in between as close as possible.

2.3.2 T-Line Loaded with Complementary Split Ring
Resonator

What is more, as shown in Figure 2.14(a), T-line loaded with CSRR (TL-
CSRR) can be implemented on chip by engraving CSRRs on the T-line with
the use of the topmost metal layer. By exciting CSRR with the E-Field in
the host T-line, an electric plasmonic medium is formed by TL-CSRR in the
vicinity of CSRR resonance frequency. The equivalent circuit of TL-CSRR
unit-cell is depicted in Figure 2.14 (b). LC and CC are the equivalent induc-
tance and capacitance of the CSRR resonator. By comparing the equivalent
circuit of TL-CSRR unit-cell with the T-line unit-cell, it can be observed that

Figure 2.14: (a) Standing-wave formed by perfect reflection at DTL-
CSRR; (b) equivalent circuit of DTL-CSRR with condition to form
perfect reflection.
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Figure 2.15: Metamaterial-based THz transceiver design including
(a) high power THz signal source by MPW based zero-phase coupled
oscillator network (CON), (b) high gain THz antenna by CRLH T-
line, and (c) high sensitivity THz super-regenerative receiver by TL-
SRR/TL-CSRR based quench-controlled oscillator.

the ε < 0 and µ > 0 condition is satisfied in TL-CSRR in the frequency range

√

1

CcLc
< ω <

√

C + Cc

CCcLc
(2.21)

where an evanescent wave is formed.

2.4 CMOS Coherent THz Electronics by
Metamaterial

2.4.1 Coherent Source

Coupled oscillator network (CON) [87] is a well-known structure to synchro-
nize output power and reduce phase noise. For a closed-loop CON with N
oscillators, the phase shift (∆φ) between adjacent oscillators need to satisfy
the condition of ∆φ = 2kπ/N, (k = 0,±1,±2, ...) as illustrated in Figure 2.16.

The combined output admittance (YOUT (ω0)) and current (I(t)) of all
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Loop Phase = 2kπ, (k=0, ±1, ±2, ...)

Output

Figure 2.16: Closed-loop coupled oscillator network with center com-
bined output.

oscillators can be calculated as:














YOUT (ω0) =
n
∑

i=1

Yi(ω0)

IOUT (t) = I0 ·
n
∑

i=1

cos(ωt+ φi)
(2.22)

where Yi, I0 and φi are the output impedance, the amplitude and phase of
the output current from each oscillator unit-cell, respectively. Clearly, I(t)
is maximized as N · I0 when all oscillator outputs are in-phase (2k/N =
0,±1,±2, . . .). Because YOUT is also N times larger by parallel connecting N
oscillator outputs, the total available output power is N times increased by the
CON due to POUT = 0.5 · |IOUT |2/YOUT when compared to that of a single
free-running oscillator. However, if the coupling network is implemented by
the conventional T-line, at least an equivalent length of λ/2 is required with
2k/N = 1, which is not compact with large loss.

The resulting phase noise (L(∆ω)) at frequency offset ∆ω can also be im-
proved under the zero-phase condition satisfied for the CON (in 1/f2 region)
is [88]:

L(∆ω) = 10log

(

8πZ0ω
2
0i

2
T

NPdissQ2
L∆ω3

)

(2.23)

where i2T is the squared noise current density; Pdiss is the power dissipated;
and ω0 is the oscillation frequency. Z0 and QL are the impedance and the
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quality factor of the coupling T-line, respectively. Ideally, with N oscillator
unit-cells coupled, the phase noise is N times smaller compared to the single
free-running oscillator. Note that similar improvement cannot be achieved by
spending the same amount power at one single oscillator. Firstly, increasing
the supply voltage close to the breakdown voltage has serious reliability issues;
secondly, phase noise cannot be reduced when increasing the supply voltage.

2.4.2 Coherent Transmission

A single-ended dual-fed distributed amplifier (SEDFDA) topology can be used
to realize distributed amplification with extra bandwidth traded for better
power performance. CRLH T-line-based ZPS is implemented in SEDFDA to
optimize all transistors’ power performance simultaneously with compact size
and low loss.

A 2D active CRLH T-line network is further proposed as the power-
combining topology with high power-combining efficiency. The ZPS connec-
tions in the proposed 2D active CRLH T-line network are adjusted such that
each combining branch resembles a SEDFDA with ZPS connection. In this
way, both high-efficient power combining and distributed amplification can be
simultaneously achieved.

Figure 2.17 shows the singe-ended version of the proposed power-
combining topology. By using CRLH T-line realized ZPS, a new 2D distributed
power-combining network can be constructed. The CRLH unit-cell can replace
the traditional λ/2 T-line foe in-phase distributed amplification along hori-
zontal direction to achieve the serial power combining. The parallel power
combining for all horizontal branches is then realized by zero-degree power
combiner with short equal-length T-lines along the vertical direction. With
the serial power combining in the 1st level and parallel power combining in
the 2nd level, a 2D distributer power combining network is realized for simul-
taneous distributed amplification and power-combining. Such a topology can
be further extended for phased-array applications by replacing ZPS with an
array of tunable phase-shifters.

The proposed topology can simultaneously improve power and bandwidth
performance of PA. For example, PA power performance can bo viewed from
two aspects: output power per area (Pout/area) and output power per DC
power consumption (PAE). The 2D power-combining network provides a high
density of transistor, and therefore improves Pout/area. The distributed topol-
ogy provides a wide bandwidth, while the SEDFDA implemented with CRLH
T-line-based ZPS trades extra bandwidth with improved efficiency, thus im-
proving PAE. As a result, the power performance can be improved together
with bandwidth performance.

Note that for a fixed transistor size, the total output power depends on the
number of distributed stages N and parallel combining branchesM. Therefore,
the power handling ability of the proposed PA partially depends on distributed
stage number N, which is limited by the T-line loss and phase error.
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Figure 2.17: Single-ended version on proposed SEDFDA PA topology
based on 2D distributed power-combining network with the use of
CRLH ZPSs.

2.4.3 Coherent Detection

Millimeter-wave (mm-wave) imaging systems have been demonstrated to de-
tect covered objects for security and pharmacy screenings [89, 90, 91, 92, 93].
Compared to other semiconductor implementations of mm-wave imaging cir-
cuits, CMOS is favored for system-on-chip integration of mm-wave circuits
with digital baseband as well as large-arrayed imagers. However, due to the
loss in propagation path as well as substrate and inefficient transmitting power
of MOS transistors, a highly sensitive receiver is much more desirable.

The sensitivity is mainly relevant to bandwidth and noise figure. Super-
regenerative receiver (SRX) is proven to have a superior sensitivity over direct-
conversion one due to its higher oscillatory amplification [89, 90, 93, 94]. For
example, in [93], the sensitivity was improved by a passive structure with a
high-Q metamaterial resonator in terms of higher oscillatory amplification.
But the passive approach has limitation to improve the sensitivity further
because of its single oscillator. As an alternative, active structures, such as
coupled oscillator network (CON) have been used to reduce the noise and
improve the output power at the same time, and improve the sensitivity in
further [95]. But in that structure, the coupling of two oscillators is not in-
phase, which results in limited oscillatory amplification.
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2.4.4 Transceiver Architecture

Figure 2.15 shows the block diagram of the proposed metamaterial-based THz
transceiver design. Non-resonant-type metamaterial can be used in the designs
of high power signal sources and high-gain on-chip antennas; resonant-type
metamaterial can be used in the designs of high sensitivity signal detection.
In the design of high-power signal sources by MPW-based zero-phase coupled
oscillator network (CON), N oscillators can be coupled in-phase to generate a
N times higher combined output power as well as N times lower phase noise.
In the design of high-gain CRLH T-line-based on-chip LWA, the zero-phase
propagation in the CRLH T-line can generate in-phase radiation to largely in-
crease the antenna gain in a very small area. In the design of high-sensitivity
super-regenerative receivers by TL-SRR/TL-CSRR-based quench-controlled
oscillators, with the sharp stop-band introduced by the metamaterial res-
onators, high-Q oscillatory amplifications are generated to largely improve
the receiver sensitivity.



Chapter 3

CMOS THz Modeling

3.1 Introduction

Accurate device models that can take into account the loss from strong
frequency-dependent dispersion and non-quasi-static effects must be consid-
ered in CMOS-based THz design. As the most fundamental passive structure,
the accurate modeling of transmission line (T-line) is very important in various
designs [96, 97]. T-line is traditionally characterized by distributed integer-
order RLGC model as shown in Fig. 3.1(a) [98]. Drude’s classical relaxation-
effect model is deployed for the skin effect with RS [99, 100]. In addition, the
loss due to dielectric polarization and dipole rotation can be modeled by a
dielectric-loss of GD. However, such an integer-order model is insufficient to
describe the T-line performance at THz region because the loss term in T-
line is difficult to model the dispersion loss and non-quasi-static effects [101],
which can cause large deviation at THz frequency region. Such impact is fur-
ther verified by the measurement results and circuit level simulations in this
paper. Moreover, the traditional T-line model has a causality issue. Physically,
the real and imaginary parts of both permittivity ε(ω) and permeability µ(ω)
in a propagation medium are not independent of each other, but follow the
Kramers–Kronig relation [102]. As such, the extracted RLCG parameters in
the traditional T-line model may result in a non-causal response in the model
that can induce both accuracy and convergence problems in the time-domain
simulation.

The concept of fractional-order model has been examined to model ca-
pacitor (C) and inductor (L) at high frequency region. The I-V relation of a
capacitor is found to follow the fractional-order [103], and the eddy current
and hysteresis effect in inductors are also observed with fractional-order re-
lation [104]. It motivates us to re-examine the RLCG T-line model at THz

39
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Figure 3.1: RLGC unit-cell equivalent circuits of T-line: (a) integer-
order model; and (b) fractional-order model.

during device characterization [105]. Note that the fractional-order model has
been deployed to model the surface impedance [106] and describe the abnor-
mal diffusion of voltage and current wave [107]. The fractional-order-based
impedance-matching network [108, 109] and resonator design [110] have also
been studied. However, no studies investigating the model causality have been
carried on with measurement verifications at THz.

In this chapter, two fractional-order T-line models have been developed for
both CMOS on-chip conventional RLCG T-line modeling and metamaterial-
based CRLH T-line modeling at THz with the following advantages. Firstly,
the fractional-order T-line models can describe dispersion and non-quasi-static
effect in THz. Secondly, by properly deciding the range of fractional-order,
the fractional-order RLCG T-line model does not have the causality issue.
Lastly, the fractional-order models are still in compact forms that can be
extracted from measurement results. The proposed factional-order RLCG and
CRLH T-line modes are verified by S-parameter measurement results in 10
MHz ∼ 110 GHz and 220 GHz ∼ 325 GHz, respectively. Compared to the
conventional integer-order models, the proposed fractional-order T-line models
demonstrate improved accuracy of characteristic impedance and propagation
constant, which have significant impacts on THz circuit design.
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3.2 Fractional-Order T-Line Model

3.2.1 Fractional Calculus

Generally, most of dynamic systems can be described with fractional dynam-
ics, though the fractionality is rather low to be considered than the integer-
order behavior. Recently, the fractional-order models are re-examined when
considering loss terms in many fields [111] including electronics [103, 112, 113],
electromagnetic [114], fluidic-dynamics [115], material technology [116], quan-
tum mechanics [117], etc.

Fractional calculus was initiated by a question of half-order derivative by L’
Hopital in 1695 and was generalized by Euler in [118]. In fractional calculus,
the integration and differentiation can be generalized by the operator aD

α
t

[119],

aD
α
t =

{

dα

dtα , α > 0
∫ t

a (dτ)
α, α < 0

(3.1)

where α is a real number, a and t are the lower and upper bounds. The
differentiation and integration can be treated as the special cases when α
equals 1 or -1, respectively. By Riemann–Liouville definition, the fractional
operation can be expressed by the following equation (n− 1 < α < n),

aD
α
t f(t) =

1

Γ(n− α)

dn

dtn

∫ t

a

f(τ)

(t− τ)α−n+1
dτ, (3.2)

where Γ(·) is the Euler’s gamma function.
Assuming the lower bound a = −∞, one can take the Fourier transform

of 3.2 to obtain the generalized expression of fractional integral in frequency
domain for 0 < α < 1,

F{−∞D−α
t f(t)} = (jω)−αG(ω). (3.3)

Similarly, the generalized expression of fractional derivative in the fre-
quency domain is

F{Dαf(t)} = (−jω)αG(ω). (3.4)

As shown in 3.3 and 3.4, the fractional-operator in the frequency domain
can be treated as the product of a magnitude scaling factor ωα and a phase
rotation factor j−α. Theoretically, the physical behavior of any electronic de-
vice can be described by these two fractional factors. More importantly, both
scaling factor and rotation factor are linked by a fractional-order α, which en-
sures the reality of one dynamic system with dissipation. Therefore, in order to
examine the loss terms for electronic devices at THz, the aforementioned frac-
tional calculus can be applied with many interesting observations as explored
in the following sections.
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3.2.2 Fractional-Order Capacitance and Inductance

Fractional-order model for T-line can be built by introducing fractional-order
terms in the conventional RLGC model as shown in Fig. 3.1 (b). A fractional-
order capacitor model [103] with the I-V relation can be given by

I(t) = C ′ d
αCV (t)

dtαC
= C′

0Dt
αCV (t) (3.5)

where C′ is the fractional capacitance with order αC , and αC ∈ (0, 1] is the
fractional-order relating to the loss of capacitor.

Similarly, the I-V relation of fractional-order inductor [112] is

V (t) = L′ d
αLI(t)

dtαL
= L′

0Dt
αLI(t) (3.6)

where L′ is the fractional inductance with order αL, and αL ∈ (0, 1] is
the fractional-order relating to the loss of inductor. The admittance and
impedance of fractional-order capacitor and inductor can be obtained from
(3.5) and (3.6) by

Y ′(ω) = ωαCC′e0.5πjαC (3.7)

Z ′(ω) = ωαLL′e0.5πjαL . (3.8)

When αL or αC 6= 1, we can expect the existence of real-parts at the
right-hand sides of (3.7) and (3.8), which represent the frequency-dependent
loss. Physically in a particular device, the fractional-order operator indicates
the transfer of the energy storage to energy loss. As such, the distributed
frequency-dependent terms are considered by L′ and C′ elements in fractional-
order terms.

3.2.3 Fractional-Order T-Line Model

Note that the fractional-order T-line can be analyzed in a similar fashion as the
traditional T-line. The characteristic impedance (Z0) of T-line can be found
by
√

Z/Y , where Z and Y are the series impedance and shunt admittance,
respectively. Based on (3.7) and (3.8) with consideration of resistance R0 and
conductance G0, one can have

Z0 =

√

R0 + ωαLL′e0.5πjαL

G0 + ωαCC′e0.5πjαC
. (3.9)

In THz frequency region, ω is in the order of 1011 ∼ 1013. At such a high
frequency, we have R0 << ωαLL′e0.5πjαL and G0 << ωαCC′e0.5πjαC , so (3.9)
can be approximated as

Z0 =

√

L′

C′
· ω

αL−αC
2 ·

[

cos
(αL − αC)π

4
+ j sin

(αL − αC)π

4

]

. (3.10)
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Comparing characteristic impedance by the fractional-order and the con-
ventional integer-order RLGC models, one can observe that the fractional-
order Z0 has nonlinear frequency dependency in THz. If αL < αC , magnitude
of Z0 has an inverse-square-root-like decreasing function of frequency. This
reveals the existence of an imaginary part in Z0, which accounts for the dis-
persion and non-quasi-static effects. Both effects are confirmed in the THz
T-line measurements.

Moreover, the propagation constant (γ) is

γ = α+ jβ (3.11)

where α is the attenuation constant and β is the phase constant.
As γ =

√
ZY , with (3.7) and (3.8), one can have

γ =
√

(R0 + ωαLL′e0.5πjαL)(G0 + ωαCC′e0.5πjαC ). (3.12)

In the THz frequency region, since R0 << |ωαLL′e0.5πjαL | and G0 <<
|ωαCC′e0.5πjαC |, (3.12) can be approximated as

γ =
√
L′C′ · ω

αL+αC
2 ·

[

cos
(αL + αC)π

4
+ j sin

(αL + αC)π

4

]

. (3.13)

Comparing propagation constant by the fractional-order and the conven-
tional integer-order RLGC models, one can observe that the fractional-order
γ also has nonlinear frequency dependency in THz. The attenuation constant
α will become non-zero when αL + αC < 2 in (3.13), and the energy loss is
introduced accordingly. What is more, note that the S-parameters of T-line
are determined by Z0 and γ [120].

[

S11 S12
S21 S22

]

=

[

A+B/Z0−CZ0−D
A+B/Z0+CZ0+D

2(AD−BC)
A+B/Z0+CZ0+D

2
A+B/Z0+CZ0+D

−A+B/Z0−CZ0+D
A+B/Z0+CZ0+D

]

, (3.14)

where A, B, C and D are the transfer matrix of uniform T-line:

[

A B
C D

]

=

[

cosh γl Z0 sinh γl
sinhγl
Z0

cosh γl

]

. (3.15)

By substituting (3.9) and (3.12) into (3.14), one can obtain the S-
parameters of the fractional-order T-line model. As such, the models can be
verified by the S-parameter measurement results. In addition, it is well known
that the propagation velocity of the EM wave front (Vp) equals to ω/β. In
the fractional-order T-line model, one can have

Vp =
ω2−αL+αC

2

√
L′C′ sin (αL+αC)π

4

. (3.16)

In the fractional-order T-line model, when αL + αC < 2 in (3.16), Vp be-
comes non-linearly frequency dependent in a high-frequency region like THz.
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This reveals the dispersion effect when propagating through lossy media. On
the other hand, in the integer-order T-line model, when αL+αC = 2 in (3.16),
Vp equals 1/

√
L′C′, which is not frequency dependent, to model the dispersion

effect in high frequency region like THz.

3.2.4 Fractional-Order CRLH T-Line Model

Note that the fractional-order CRLH T-line can be analyzed in a similar fash-
ion as fractional-order T-line. Based on the integer-order CRLH T-line model
with general series and shunt loss terms (R and G) in Fig. 3.2(a), fractional-
order terms are introduced in the fractional-order CRLH T-line model as
shown in Fig. 3.2(b). Note that R0 and G0 only represent the series resistance
and the shunt conductance at DC condition, respectively. Based on 3.7 and 3.8
with consideration of R0 and G0, one can have the characteristic impedance
of CRLH T-Line as

Z0 =

√

√

√

√

√

R0 + ωαLSL′
Se

0.5πjαLS + 1

ω
αCS C′

S
e
0.5πjαCS

G0 + ωαCP C′
P e

0.5πjαCP + 1

ω
αLP L′

P
e
0.5πjαLP

. (3.17)

From the equivalent circuit of CRLH T-line, we find that each cell con-
sists of parallel and series LC resonators, and there is a gap between parallel
resonate frequency (ωP ) and series resonate frequency (ωS). When ω = ωP ,

Figure 3.2: Equivalent circuits of CRLH unit-cell: (a) integer-order
model; and (b) fractional-order model.
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Z0 reaches maximum value, when ω = ωS , Z0 reaches its minimum value,
thus Z0 shows a peek-valley or valley-peek curve as frequency grows within
the whole range. This will be verified by simulation and measurement results
shown in Fig. 3.14. According to (3.17), real terms of series resonator and
parallel conductance are expressed as







ℜ(Z) = R0 + ωαLSL′
S cos(0.5πjαLS

) +
cos(0.5πjαCS

)

ω
αCS C′

S

ℜ(Y ) = G0 + ωαCP C′
P cos(0.5πjαCP

) +
cos(0.5πjαLP

)

ω
αLP L′

P

. (3.18)

One can observe from (3.18) that, different from conventional integer or-
der model, fractional model introduces frequency-depended terms to loss and
conductance equations that greatly affect the peak and valley magnitudes of
Z0.

In THz frequency region, ω is in the order of 1011 1013, such that R0 <<

ωαLSL′
Se

jαLS
π

2 , and G0 << ωαCP C′
P e

jαCP
π

2 . At a frequency that is much
lower than zero-phase-shift frequency, the left-handed terms ( 1

ω
αCS C′

S
e
0.5πjαCS

and 1

ω
αLP L′

P
e
0.5πjαLP

) becomes dominant in (3.17). Thus Z0 can be approxi-

mated as

Z0 =

√

L′
P

C′
S

· ω
αLP

−αCS
2 ·

[

cos
(αLP

− αCS
)π

4
+ j sin

(αLP
− αCS

)π

4

]

. (3.19)

On the other hand, at a frequency that is much lower than zero-phase-shift
frequency, the right-handed terms (ωαLSL′

Se
0.5πjαLS and ωαCP C′

P e
0.5πjαCP )

becomes dominant in (3.17). As such, Z0 can be approximated as

Z0 =

√

L′
S

C′
P

· ω
αLS

−αCP
2 ·

[

cos
(αLS

− αCP
)π

4
+ j sin

(αLS
− αCP

)π

4

]

. (3.20)

From (3.20) and (3.20), one can observe that Z0 is a frequency-dependent

parameter, which is determined by ω
αLP

−αCS
2 and ω

αLS
−αCP
2 at low and high

frequencies outside the band-gap, respectively. For an on-chip CRLH T-line
design, the fractional orders for inductive elements (αLS

and αLP
) is usually

smaller than that of capacitive elements (αCS
and αCP

) due to a lower Q factor

of inductors. Therefore, both ω
αLP

−αCS
2 and ω

αLS
−αCP
2 are negative values.

As a result, Eq. (3.17) becomes a negative function of frequency outside the
band-gap.

Moreover, since R0 and G0 are negligible at THz, the propagation constant
of CRLH T-Line can be written as

γ =

√

√

√

√

√



ω
αLS L′

S
e
0.5πjαLS +

1

ω
αCS C′

S
e
0.5πjαCS



·



ω
αCP C′

P
e
0.5πjαCP +

1

ω
αLP L′

P
e
0.5πjαLP





(3.21)
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Assuming the fractionality for both inductance and capacitance are all
constants that αLS

= αLP
and αCS

= αCP
, (3.11) can be simplified as

γ =

√

ωαLS
+αCP L′

SC
′
P e

0.5πj(αLS
+αCP

) +
1

ωαCS
+αLP C′

SL
′
P

e−0.5πj(αCS
+αLP

).

(3.22)
The zero-phase-shift frequency (ω0) can be obtained from (3.22) with β =

0:

ω0 = (L′
SC

′
PC

′
SL

′
P )

1
αLS

+αCP
+αCS

+αLP . (3.23)

Eq. (3.23) reveals an exponential relationship between the prefactors and
fractional-order terms, which can be used as a guideline in the fractional-order
modeling of CRLH T-line network.

3.3 Model Extraction and Causality Analysis

T-line is a passive, linear and time-invariant (LTI) network. The extracted
T-line model is thereby needed to be causal. The extraction flow of fractional-
order T-line model is introduced with the additional causality checking and
enforcement followed by comparison with the traditional integer-order coun-
terpart.

3.3.1 Fractional-Order Model Extraction

A fractional-order model parameters extraction flow for T-line at THz is illus-
trated in Fig. 3.3. The extraction begins with the measurement data obtained
from a Vector Network Analyzer. Firstly, the measurement data is converted
into transfer matrix (T matrix) for an easy operation, and the error terms
contributed by the testing pads are removed by de-embedding process. Sec-
ondly, characteristic impedance Z0 and propagation constant γ are calculated
from de-embedded T-matrix according to [121]. Afterward, one can define the
modeling frequency interval [ω1, ω2] in the THz region based on his interests.

From (3.10), one can have

αL − αC = 2logω1
ω2

∣

∣

∣

∣

Z0(ω1)

Z0(ω2)

∣

∣

∣

∣

(3.24)

where Z0(ω1) and Z0(ω2) are the characteristic impedances at frequencies ω1

and ω2 in THz region, respectively.
From (3.13), one can have

αL + αC = 2logω1
ω2

∣

∣

∣

∣

γ(ω1)

γ(ω2)

∣

∣

∣

∣

(3.25)

where γ(ω1) and γ(ω2) are the propagation constants at frequencies ω1 and ω2
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Figure 3.3: Fractional-order T-line modeling parameters extraction
flow.

in THz region, respectively. By combining (3.24) and (3.25), αL and αC can
be obtained in the fractional-order model; and by substituting αL and αC into
(3.24) and (3.25), fractional-order L′ and C′ can be obtained as well. Note that
L′ and C′ are the p.u.l. (per-unit-length) prefactors with corresponding units
of V s−αLA−1/m and As−αCV −1/m, respectively, but not p.u.l. inductance
and capacitance anymore.

Moreover, in order to apply the fractional-order T-line model in the time-
domain simulator to Cadence Spectre, the model needs to be converted from
frequency domain into time-domain by rational functional approximation

f(s) ≈
N
∑

j=1

cj
s− aj

+ d+ sh. (3.26)

Here, N is the rational order, aj and cj are the poles and residues in
complex conjugate pairs, d and h are real. The coefficients in (3.26) can be
obtained by vector fitting algorithm as introduced in [122]. Note that the error
introduced by the frequency-to-time conversion is well controlled by increasing
the rational-fitting order.

3.3.2 Causal LTI System and Causality Enforcement

To understand the causality for the extracted fractional-order T-line model,
the fundamentals of the causal LTI system are first reviewed here. In a LTI
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system, the impulse response h(t) to an input x(t) can be expressed as [123]:

y(t) = x(t) ∗ h(t) =
∫ +∞

−∞
h(t− τ)x(τ)dτ (3.27)

where x(t) and y(t) represent the input and output voltages, currents or pow-
ers of T-line network, and h(t) is the corresponding admittance or impedance
state matrix.

The principle of causality states that no effect happened before its cause.
As such, a causal LTI system h(t) can be mathematically defined as:

h(t) = 0, ∀t < 0. (3.28)

The causality of T-line model can be verified by this definition in the
time-domain. (3.28) can be equivalently represented as

h(t) = sign(t)h(t), (3.29)

where sign function sign(t) equals -1 when t < 0 and equals 1 when t > 0.
By taking the Fourier transform of (3.29), we can obtain the impulse re-

sponse of h(t) in frequency domain with a complex function

H(ω) = F{h(t)} = ℜ[H(ω)] + jℑ[H(ω)]. (3.30)

with

ℜ[H(ω)] =
2

π

∫ ∞

0

ω′ℑ[H(ω′)]

ω′2 − ω2
dω′. (3.31)

and

ℑ[H(ω)] = −2ω

π

∫ ∞

0

ℜ[H(ω′)]

ω′2 − ω2
dω′. (3.32)

Here ℜ[H(ω)] and ℑ[H(ω)] are the coefficients of real and imaginary parts
of H(ω), respectively, which are both real numbers. Equation (3.28) is also
addressed as Kramers–Kronig relation or Hilbert transform [102]. Note that
(3.31) and (3.32) are bidirectional equations, which reveal the dependency of
real and imaginary parts of impulse response, and also provide a necessary and
sufficient condition for a causal LTI system. Note that the causality of a LTI
system can be enforced by correcting the real or imaginary part in (3.31) and
(3.32) with truncation. However, a truncation error could be also introduced
with largely reduced accuracy for simulation.

One criteria to verify causality by tabulated S-parameters is to measure
the error difference (eij) between the imaginary part and its Hilbert transform
of the real part

eij(ωn) = |Hilbert{ℜ[Sij(ωn)]} − ℑ[Sij(ωn)]|. (3.33)

Whether a system is causal or non-causal is determined by the error thresh-
old that can be tolerated in the numerical analysis [124]. A smaller eij is usu-
ally desired to ensure the accuracy and the convergence in simulation. A flow
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Figure 3.4: Causality verification and enforcement flow.

of causality verification and enforcement is illustrated in Fig. 3.4. Firstly, a
very wide-band initial tabulated S-parameter needs to be generated by nu-
merical calculation from the model under investigation. Secondly, both the
real and imaginary parts are extracted, and a Hilbert transform is applied to
the real parts according to (3.32). Finally, the causality is verified by calcu-
lating eij from (3.33); and enforced by replacing the imaginary part of the
original tabulated data with the Hilbert transform of the real part in the fre-
quency band of interest. Note that the bandwidth of initial data must be much
larger than the final frequency band after causality enforcement to minimize
reconstruction and discretization errors [125].

3.3.3 Causality of T-Line Model

The relationship between real and imaginary parts in (3.31) and (3.32) also
relates the amplitude and phase. Provided the magnitude, one can calculate
the phase and vice versa. According to the theory of linear system, any causal
and stable impulse response H(ω) can be decomposed into the production of
the minimum phase function and all-pass function [126] by

H(ω) = Hmin(ω) ·Hall(ω), (3.34)

where Hmin(ω) and Hall(ω) are the minimum phase function and all-pass
function, respectively. Since Hall(ω) does not contain any magnitude infor-
mation, the system causality can also be ensured if it satisfies the minimum
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phase function defined by the following condition [127, 128]:

lim
ω→∞

[

γ(ω)

jω

]

⇒ 0. (3.35)

For T-line, the minimum phase function can be calculated by substituting
(3.13) into (3.35) as

lim
ω→∞

(

γ(ω)

jω

)

= lim
ω→∞

[

ω
αL+αC

2 ·
√
L′C′ ·

(

sin
(αL+αC)π

4
− j cos

(αL+αC)π

4

)]

.

(3.36)
We can observe that (3.36) shows very different responses for fractional-

order and integer-order T-line models. For the fractional-order model, (3.36)
equals zero when αL + αC < 2. So the causality is always ensured as the
minimum phase function condition when (3.35) is satisfied. On the other hand,
αL and αC are both equal to one for the integer-order T-line model, and (3.36)
results in a constant value of

√
L′C′, where L′ and C′ become the normal

inductance and capacitance, respectively. Thus the minimum phase function
condition in (3.35) is violated and the model becomes non-causal.

Note that the major reason for the non-causal issue in the traditional inte-
ger T-line model is due to the linear frequency dependence of the propagation
constant γ(ω) when αL + αC = 2 in (3.13). This cannot model the disper-
sion loss and non-quasi-static effects in the high-frequency application like
THz. The reality of the integer-order T-line model is lost in the THz region,
and so is the causality. In contrast, the non-ideal effects are considered in the
proposed fractional-order T-line model by fractional-order dispersion terms,
which can largely improve the model reality. As such, both the model accu-
racy and causality are improved. The causality of the fractional-order model
can also be verified in numerical calculation by computing the error terms in
(3.33), which will be discussed in the following section.

3.4 Prototyping and Measurement

3.4.1 T-Line Fractional-Order Model Verification

As shown in Fig. 3.5(a), a coplanar waveguide transmission line (CPW-TL)
testing structure with RF-PADs is fabricated with Global Foundry 1P8M
65nm CMOS process, of which the dimensions are given in Fig. 3.5(b). The
CPW-TL is implemented on the top metal layer with thickness of 3.3 µm.
It is measured on a CASCADE Microtech Elite-300 probe station by Agilent
PNA-X (N5247A) with frequency sweep up to 110 GHz. The measurement
setup of S-parameters up to 110 GHz is illustrated in Fig. 3.6. The reference
plane of PNA is calibrated to the ends of GSG probes by SOLT method. Note
that both the probes and the impedance standard substrate are provided
by Cascade Microtech. RF-PADs on both sides are de-embedded from the
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5µm
35µm

5µm

5µm

160µm

(a)                                             (b)

Figure 3.5: T-line testing structure: (a) die photo, and (b) detailed
dimensions.

measurement results with the “open-short” method. Table 3.1 summarizes
extracted model parameters of both integer-order and fractional-order models
based on measurement results. The parameters of the traditional integer-order
model are extracted according to the procedure by [121]. The parameters of
fractional-order model are extracted according to Section 3.3.1.

The resulting S-parameters and characteristic impedance (Z0) of integer-
order and fractional-order RLGC models are compared in Fig. 3.8. We can
observe that both the traditional integer-order model and the proposed
fractional-order model can fit the measurement results in magnitude in Fig.
3.7. Here a relatively large deviation is observed in magnitude of S11 between
the simulation and measurement results. This deviation comes from the equip-
ment noise and calibration error, which is unavoidable as the absolute magni-
tude of S11 is small (−15 ∼ −50 dB). Moreover, the phase delay of both the

Figure 3.6: Measurement setup of on-wafer S-parameter testing up
to 110 GHz.
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Table 3.1: Modeling Parameters of Integer-Order and Fractional-
Order RLGC Model for T-Line

Integer-Order Model Fractional-Order Model
Parameter Value Unit Parameter Value Unit

L 247.5 nH/m αL 0.862 —

C 0.188 nF/m L′ 10022 V s−αLA−1/m

R 1200 Ω/m αC 0.988 —
RS 12.56 mΩ/m · rad C′ 0.278 As−αCV −1/m

G 0.079 S/m R 1200 Ω/m

GD 19.33 pS/m · rad G 0.079 S/m

Figure 3.7: Verification of fractional-order T-line model with mea-
surement results for magnitude of S11 and S21 in dB.

traditional integer-order model and the proposed fractional-order model agree
well with the measurement results as shown in Fig. 3.8. However, it is observed
that characteristic impedance Z0 in the traditional integer-order RLGC model
has deviated from measurement results above 10 GHz, and almost approaches
a constant above 40GHz. On the other hand, the fractional-order RLGC model
closely fits the measured Z0 up to 110 GHz, because it can accurately consider
frequency-dependence loss yet in a compact RLGC form. At 100 GHz, the Z0

from fractional-order and measurement results are 34.3 Ω, which is 3.1 Ω lower
than the one from integer-order model. Note that such difference will keep in-
creasing with frequency and largely affects the model accuracy in traditional
integer-order T-line model at THz. Physically, the values of fractional-order
terms (αL and αC) model the frequency-dependent dispersion loss of the de-
vice at THz. For the T-line fabricated by on-chip CMOS process, larger loss is
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Figure 3.8: Verification of fractional-order T-line model with mea-
surement results for phase delay of S21 and characteristic impedance.

observed in metal layer than in dielectric layer. As a result, αL has a relatively
large deviation from 1, while αC is close to 1. But note that a slight change in
the order-terms (αL and αC) could bring huge changes in the prefactors (L′

and C′) in the THz region as observed in (3.7) and (3.8).

3.4.2 CRLH T-Line Fractional-Order Model
Verification

In order to minimize the characterization error of each CRLH T-line unit-
cell, one 13-cell CRLH T-line is fabricated with Global Foundry 1P8M 65nm
CMOS process. As shown in Fig. 3.9, it has a chip size of 145µm × 660µm
excluding the RF Pads. The layout and dimension of each unit cell is shown
in Fig. 3.10. The topmost aluminum layer (LB) is exclusively employed as
signal layer for the maximum distance to the bottom ground layer (M1) to
improve the radiation efficiency. Various components in the CRLH T-line cell
in Fig. 3.2(a) are synthesized by on-chip structures. The LP of the CRLH
T-line is synthesized by a microstrip line connected to the ground and CS is
implemented with inter-digital capacitor. Both right-handed elements LS and
CP are contributed by the intrinsic parasitic. Note that a mesh structure is
applied in the ground layer to satisfy the metal density rule.

The 13-cell CRLH T-line design is verified by circuit simulation in ADS
from 220 to 325 GHz. From this we get the integer-order and fractional-order
simulation results. The fabricated 13-cell CRLH T-line structure is measured
on probe station (CASCADE Microtech Elite-300) with VNA extender (VDI
WR3.4-VNAX). Two waveguide GSG probes with 50 µm pitch are used for the
S-parameter measurement from 220 to 325 GHz, as shown in Fig. 3.11. Note
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Figure 3.9: Chip micrograph of fabricated CRLH T-line in 65 nm
CMOS process.

Figure 3.10: Dimension of each unit-cell and layer configurations of
LWA.

that the testing pads and traces are de-embedded (open, short) from both
sides with recursive modeling technique [129]. We also compare the measure-
ment results of fabricated CRLH T-line with integer-order and fractional-order
circuit simulation as well as EM-simulation by HFSS. The circuit simulations
are conducted with the equivalent circuits of unit-cell shown in Fig. 3.2, and
the values of circuit elements are summarized in Table 3.2, obtained by curve
fitting technique.

As shown in Fig. 3.12 and 3.13, the phase and magnitude of S21 are al-
most identical for both fractional-order and integer-order models in the mea-
sured frequency range of 220–325GHz. But the extracted phase constant (β)
of fractional-order model is closer to measurement than that of integer-order
one while considering the dispersion effects. More importantly, the fractional-
order model accurately fits the measurement results at the frequency with
β = 0, which is the boundary between left-handed and right-handed regions,
while that from integer-order model is 13 GHz less. Moreover, Fig. 3.14 shows
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Figure 3.11: Measurement setup of on-wafer S-parameter testing from
220 GHz to 325 GHz.

Table 3.2: Modeling Parameters of Integer-Order and Fractional-
Order Models of CRLH T-Line Unit Cell

Integer-Order Model Fractional-Order Model

Parameter Value Unit Parameter Value Unit

LS 15.6 pH αLS
/αLP

0.9847/0.9766 —
CS 14.7 fF αCS

/αCP
0.9939/0.9973 —

G 1.3 mS L′
S 14 V s−αLSA−1

R 2.8 Ω C′
P 1732.1 As−αCP V −1

CP 13.8 S/m L′
P 39.41 V s−αLP A−1

LP 28.3 pH C′
S 1408 As−αCS V −1

— — — R0/G0 0.3396/902 Ω/mS

a remarkable difference between integer-order and fractional-order results in
terms of characteristic impedance Z0. The measurement Z0 fit very well to
fractional-order model at zero-phase-shift region from 260 GHz, also a smaller
error of Z0 at low-frequency region compared to integer-order fitting result.
The average accuracy improvement of 78.8% is obtained by fractional-order
model compared to the integer-order counterpart with correlated measurement
and simulation results of Z0. Moreover, the measurement results of CRLH T-
line agree well with the EM simulation results for the frequency range of 220
∼ 325 GHz.

3.4.3 Causality Verification and Comparison

The causality of the proposed fractional-order T-line model can be verified
by comparing imaginary parts of S-parameters with the Hilbert transform of
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Figure 3.12: Measurement, EM, integer-order and fractional-order
circuits simulation results: magnitude of S21 and S11 in dB.

real parts. Then, the error term eij (ωn) is calculated by (3.33) as discussed in
Section 3.3. For the purpose of comparison, the causality of traditional integer-
order T-line model is also verified in the same way. The tabulated results
for both models are obtained by two-port S-parameter simulation in Agilent
Advanced Design System (ADS) based on the extracted model parameters
shown in Table 3.1. For a two-port network, four sets of complex S-parameter
results can be obtained including S11, S22, S12 and S21. However, according
to the reciprocal property of the T-line structure (S11 = S22 and S12 = S21),
only S11 and S21 are considered in the causality analysis. In order to minimize
reconstruction and discretization errors [125] introduced by finite spectrum,
the S-parameter simulation is conducted from 0Hz to 20THz with a step size
of 1GHz.

Firstly, the causality of return loss (S11) is verified for both integer and
fractional order T-line models. Figs. 3.15 and 3.16 show the comparison be-
tween ℑ(S11) and the value obtained by Hilbert transformation from the real
part HilbertReal(S11) for both integer-order and the proposed fractional-order
T-line models in the frequency range of 0.001 ∼ 1 THz, respectively. For the
traditional integer-order RLCG T-line model, the ℑ(S11) starts to deviate
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Figure 3.13: Measurement, EM, integer-order and fractional-order
circuits simulation results: phase of S21 in degree and the absolute
value of extracted phase constant β.

from the causal response at 10 GHz and shows large deviation in 0.1 ∼ 1 THz
as depicted in Fig. 3.15. But for the proposed fractional-order T-line model
as shown in Fig. 3.16, we can observe that the ℑ(S11) closely fits the causal
response obtained from the Hilbert transformation Hilbert{ℜ(S11)}. The er-
ror magnitude of ℑ(S11) from both models are compared in Fig. 3.17, where
a dramatic error reduction is observed by the application of fraction order
T-line model. Note that the error magnitude is calculated by

e11 = |Hilbert{ℜ(S11)} − ℑ(S11)|. (3.37)

Secondly, the causality of return loss (S21) is verified for both integer
and fractional-order T-line model. The comparison between Imag(S21) and
causal response for both models are illustrated in Figs. 3.18 and 3.19. For the
traditional integer-order RLCG T-line model, the ℑ(S21) obtained from the
integer-order RLCG T-line model deviates from the causal response (1∼10
GHz) as depicted in Fig. 3.18. But for the proposed fractional-order T-line
model as shown in Fig. 3.19, we can observe that the ℑ(S21) of the fractional-
order T-line model closely fits the causal response. A clear comparison by
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Figure 3.14: Measurement, EM, integer-order and fractional-order
circuits simulation results: characteristic impedance of CRLH T-line
(Z0).

Figure 3.15: Causality verification by Hilbert transformation: integer-
order T-line model S11.

error magnitude of ℑ(S21) from both models is illustrated in Fig. 3.20, where
a dramatic error reduction is also observed by the proposed fractional-order
T-line model. Note that the error magnitude is calculated by

e21 = |Hilbert{ℜ(S21)} − ℑ(S21)|. (3.38)
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Figure 3.16: Causality verification by Hilbert transformation:
fractional-order T-line model S11.

Figure 3.17: Causality verification by Hilbert transformation: error
magnitude comparison of S11.

Note that since both e11 and e21 for the fractional-order T-line model are
rather small, the causality enforcement by (3.31) and (3.32) is not required.
The resulting frequency model can be directly used to estimate the time-
domain model by the rational fitting. As such, the best accuracy could be
ensured in the time-domain simulation such as Transient Analysis or Periodic
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Figure 3.18: Causality verification by Hilbert transformation: integer-
order T-line model S21.

Figure 3.19: Causality verification by Hilbert transformation:
fractional-order T-line model S21.

Steady State (PSS) analysis. But for the traditional integer-order RLCG T-
line model, the non-causal effect could have convergence issues. One way to
alleviate the causality issue of the integer-order RLCG T-line model is by
truncating the model data with the causality enforcement, but the accuracy
is lost in this way as discussed in Section 3.3.
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Figure 3.20: Causality verification by Hilbert transformation: error
magnitude comparison of S21.

3.5 Conclusion

An accurate device model is critical for CMOS-based THz circuit design. Since
transmission line (T-line) is one of the most fundamental passive device com-
monly used in the THz circuit design; an in-depth study of T-line model at
THz is thereby important. Note that dispersion and non-quasi-static effects
are difficult to be modeled by traditional methods such as the integer-order
RLCG model with causality. By the proposed compact and causal fractional-
order T-line model, the causality concern is resolved for T-line by consid-
ering the frequency-dependent dispersion loss and non-quasi-static effect at
THz. The measured results have confirmed that the proposed fractional-order
RLGC T-line model and CRLH T-line model have improved accuracy over the
traditional integer-order models from mm-wave to THz region. Accordingly,
the proposed fractional-order T-line models will be applied in the design for
CMOS-based THz circuits in the following sections.
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Chapter 4

Oscillator

4.1 Introduction

Voltage controlled oscillator (VCO) is another critical block required in the 60
GHz transceiver to provide sufficient tuning range to cover the wide spectrum
and large PVT variations with maintained phase noise and compact area,
which is becoming a challenge with conventional tuning methods in CMOS
technology. In this chapter, one inductive tuning method is first proposed
based on configuration of current return paths in the secondary coil of a
transformer, which demonstrates a wide frequency tuning range for CMOS
VCO at mm-wave frequencies and shows great potential for integration in
60-GHz transceiver design. The inductive tuning method is further applied to
realize a tunable CRLH T-line for Mobius-ring RTW-VCO design in mm-wave
region. By utilizing the unique features of CRLH T-line to achieve a negative
phase shift with compact area and wide tuning capability, state-of-the-art
performance is demonstrated.

Phase noise and tuning range are the two primary design targets for VCO
designs. During the last decade, substantial knowledge about the wide fre-
quency bands at 60 GHz and beyond has been accumulated to develop the
next generation big-data-rate wireless terminals [39, 130, 74, 131, 132]. The
recent IEEE 802.15.3c standard for wireless local personal network (WPAN)
has defined radio-frequency (RF) allocation composed of 4 RF sub-bands at
60 GHz, each with bandwidth of 2.16GHz. Considering the large frequency
range and large process variation in nano-scale CMOS, the utilization of one
single varactor cannot cover such a wide range with good phase noise perfor-
mance, which has introduced a grand challenge for 60-GHz VCO designed in
CMOS technology.

65
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At mm-wave frequencies, the most widely used VCO topology is LC VCO
[131, 133, 134, 135, 136]. It consists of an LC tank as resonator, and a cross-
coupled transistor pair to generate negative resistance. LC VCO is widely
used at 60 GHz and beyond due to its high oscillation frequency, low phase
noise, simple structure and differential output. The challenge, however, is its
limited tuning range due to the large parasitic capacitance from cross-coupled
transistor pair.

Except for phase noise and tuning range, multi-phase or quadrature out-
put is often required for many big-data communication and imaging appli-
cations at millimeter-wave frequencies [137, 138, 132, 134, 139, 140]. Multi-
phase and quadrature oscillators are normally realized by traveling wave
to generate multi-phase clock outputs with good phase noise performance
[137, 138, 141, 142]. Mobius-ring rotary-traveling-wave (RTW) VCO topology
is commonly adopted due to its advantages such as easy placement of cross-
coupled transistors, good matching of differential blocks and compact area
[142].

Traditionally, RTW-VCO is implemented with conventional right-handed
(RH) transmission line (T-line), with a phase delay directly proportional to the
T-line physical length [141, 142, 143]. Since a total phase delay of 360-degrees
is required for oscillation, a large area is induced. Recently, left-handed (LH)
T-line has shown to provide a superior performance at high frequency [144],
and also unique features such as the nonlinear dispersion curve [75]. Due to
large parasitic capacitors from cross-coupled transistors that are RH in nature,
the actual implemented T-line is a composite right/left-hand (CRLH) T-line.
By merging the phase shifts from LH and RH components together, CRLH
T-line provides a phase delay independent of its physical size, and thus can be
designed to be much more compact than conventional RH T-line for VCO. On
the other hand, as big-data communication or imaging applications require a
wide-band to ensure high data rate and also to cover process variation by
CMOS MMIC at advanced technology, tuning ability of RTW-VCO has not
been thoroughly studied and achieved as far.

Multi-sub-band operation is normally adopted to enhance the total fre-
quency tuning range (FTR) with reduced VCO gain (KV CO) [131]. Conven-
tionally, multi-sub-band operation is implemented with capacitive tuning by
switched capacitor banks. When operation frequency scales up to 60 GHz,
the parasitic capacitance from the capacitor bank becomes too large and the
quality factor of capacitor becomes too low [131, 145], which would severely
limit the achievable FTR. Recently, inductive tuning has become a promising
substitute to replace the capacitive tuning [131, 132, 145, 146], and is normally
implemented by a loaded transformer topology [131, 145, 147]. By tuning in-
ductance instead of capacitance, the limit of parasitic capacitance on FTR is
relaxed. As a result, very wide FTR or multi-band operation can be achieved
[131, 132, 145, 146]. The inductive tuning can also be combined with conven-
tional capacitive tuning to realize more sub-bands to reduce KV CO [132, 147].
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Besides a wide FTR, inductive tuning can also provide the benefit of isolated
DC noise from the tuning element.

The loads on transformer for inductive tuning can be categorized into
three types: resistor [131], capacitor [147], and inductor [145]. Wide FTR is
then achieved by controlling the value of the load. However, traditional loaded
transformer topologies suffer from various limitations. For example, resistor-
loaded transformer has a nonlinear tuning-curve with large effective KV CO,
which can make PLL difficult to lock [131]. Capacitor-loaded transformer suf-
fers from a narrow FTR due to the limited tuning range and poor quality factor
of the varactor at high frequency region [147]. Inductor-loaded transformer re-
quires the use of multiple number of transformers, which constrain the effective
number of sub-bands due to layout size and design complexity [145].

4.2 Frequency Tuning by Loaded Transformer

4.2.1 Inductive Tuning Analysis

The mechanism of loaded transformers applied for inductive tuning can be
explained by Figure 4.1. The loaded transformer is utilized to tune the effective
inductance (ceff ) in a LC-tank, while Ct consists of the total capacitance in
the LC-tank. Note the 3 types of loaded transformers can all be approximately
equalized to a RC tank and analyzed with the same equivalent circuit as shown
in Figure 4.1.

The transformer is assumed to be ideal with coupling factor k, and with
L1 and L2 as the primary inductance and secondary inductance, respectively.
The equivalent circuit with leq and Req can then be calculated as


















Leq = L1 ×
R2[1− ω2CL2(1− k2)]

2
+ ω2L2

2(1− k2)
2

R2 (1− ω2CL2) [1− ω2CL2 (1− k2)] + ω2L2
2(1− k2)

Req =
R2L1[1− ω2CL2(1− k2)]

2
+ ω2L1L

2
2(1− k2)

2

Rk2L2
.

(4.1)

Thus the oscillation frequency becomes

Figure 4.1: Equivalent circuit model for inductive tuning of loaded
transformer.



68 � Design of CMOS Millimeter-Wave and Terahertz Integrated Circuits

ω =
1

√

LeqCt

. (4.2)

For a resistor or inductor-loaded transformer, the FTR of the equivalent
circuit can be estimated by considering the two extreme conditions of R in
Figure 4.1:

{

Leq max = Leq (R → ∞) = L1 × 1−ω2CL2(1−k2)
1−ω2CL2

Leq min = Leq (R → 0) = L1

(

1− k2
)

.
(4.3)

By substituting (4.3) into (4.2), the FTR for LC-tank oscillation frequency
can be obtained:











ωmin = ω (R → ∞) =

√

ω2
1+ω2

2−
√

(ω2
1+ω2

2)
2−4ω2

1ω
2
2(1−k2)

2(1−k2)

ωmax = ω (R → 0) = ω1√
1−k2

, (4.4)

where ω1 = 1√
L1Ct

and ω2 = 1√
L2C

. As shown in Figure 4.1, ω1 and ω2

represent the resonant frequencies at the primary side and the secondary side
of the transformer, respectively.

Note that ω1 is pre-determined by parameters of the transformer and the
LC-tank, while ω2 would be affected by the load. By defining ω2 = αω1, where
α>0 is the ratio between two resonant frequencies, we can further analyze the

value based on different α values. Since ∂ω(R→∞)
∂α stays positive for all α values,

by taking the extreme conditions for α, the range for can be estimated as

ω (R → ∞) ≈
{

ω2, 0 < α ≪ 1
ω1, α ≫ 1.

(4.5)

According to (4.5), when ω2 is much higher than ω1 or equals ω1, indicat-
ing negligible dependence between value of ω (R → ∞) and the load. However,
as ω2 drops below ω1, ω (R → ∞) is decreased, approaching the value of ω2 in-
stead. This is actually tie mechanism for frequency-tuning of capacitor-loaded
transformer.

The effect of ω2 value on the quality factor for the effective LC-tank must
be considered, which can be easily derived from (4.1) as

Qeq =
Req

ωLeq
=

R

ωL2
×

(

1− ω2/

ω2
2

)

[1−
(

1− k2
)

ω2/

ω2
2
]

k2
+

ωL2

R
× 1− k2

k2
.

(4.6)
Note that here the loss from the transformer and the LC-tank is not in-

cluded in the calculation and Qeq quantifies the additional loss coupled from
transformer load into the LC-tank. As (4.6) shows, this coupled loss is con-
tributed by two portions. When R >> ωL2, the first item on the right-side
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of the equation dominates. When R << ωL2, the second item dominates.
Clearly, in the case of ω (R → ∞), the first item should be considered. Un-
fortunately, as ω2 drops, it approaches the value of ω2, forcing Qeq degrade
toward 0, which indicates a high degradation on the phase noise performance.
As a result, the approach of lowering ω2 value for larger FTR, suffers sig-
nificant phase noise degradation. In fact, this is also one limitation for the
capacitor-loaded transformer.

Therefore, for a resistor or inductor-loaded transformer, the condition
ω1 ≪ ω2 is required in design optimization. The FTR can then be estimated
by

FTR =

ω1√
1−k2 − ω1

ω1√
1−k2

+ ω1
× 2 =

1−
√
1− k2

1 +
√
1− k2

× 2. (4.7)

According to (4.7), to achieve a large FTR, a large k is required. Moreover,
according to (4.6), Qeq approaches infinity when R approaches 0 or infinity,
but drops when R moves from the two boundaries. This explains the per-
formance degradation for resistor-loaded transformer since its major tuning
region locates away from these two boundaries.

4.2.1.1 Model of Inductor-Loaded Transformer with Switches

The three types of loaded transformer (resistor, capacitor and inductor) are
shown in Figure 4.2. In Section 4.2.2.1, they are analyzed by the same equiv-
alent circuit shown in Figure 4.1. Since both resistor and capacitor-loaded
transformers have the loading at one fixed location on the secondary coil of
the transformer, their circuit behavior can be fully emulated by the same
equivalent circuit shown in Figure 4.1. The inductor-loaded transformer, on
the other hand, has switches located on several different locations on the sec-
ondary coil. When one part of the secondary coil is turned on and plays the
major role in determining the effective inductance on the primary coil, the
remaining part of the secondary coil can still affect the performance due to
parasitic effect, which is ignored by the semilar equivalent circuit in Figure
4.1. As a result, one more comprehensive circuit model is developed in Fig-
ure 4.3 that can provide a more comprehensive model for an inductor-loaded
transformer.

Figure 4.3 shows the circuit models for an traditional inductor-loaded
transformer. Three inductors (L1, L2, and L3) are used to form the simplest
topology, and are coupled with each other by the mutual inductances M12,
M13, and M23. The terminal voltage and loop current for each inductor are
represented by (V1, I1), (V2, I2), and (d3, I3), respectively. The loaded in-
ductance is varied by switching on different combinations of L2 and L3, with
their switches represented by (R2, C2, i2n2) and (R3, C3, i2n3), respectively.
The resulting Leq and Req can then be calculated by solving the following
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Figure 4.2: Traditional resistor-, capacitor-, and inductor-loaded
transformers.

Figure 4.3: Equivalent circuit model for conventional inductor-loaded
transformer.

equations:













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
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I1 = V1 ×
(

1
Req

+ 1
sLeq

)

+ ineq

V1 = sL1I1 + sM12I2 + sM13I3

V2 = sM12I1 + sL2I2 + sM23I3

V3 = sM13I1 + sM23I2 + sL3I3

V2 +
R2I2

1+sR2C2
= R2in2

1+sR2C2

V3 +
R3I3

1+sR3C3
= R3in3

1+sR3C3

(4.8)

where an equivalent noise current (i2eq) parallel to the LC tank can be trans-
ferred from the noise components of the switches.

4.2.1.2 Switch Design Parameters

To have the performance analysis in (4.8), we need to extract and optimize
switch parameters for performance.
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Figure 4.4: Equivalent circuit model for switches. Ron, Con and i2n on

form the equivalent circuit of switch when it is turned on. Roff , Coff

and i2n off form the equivalent circuit of switch when it is turned off.

Table 4.1: Switch Parameters Extracted from CMOS 65 nm Technol-
ogy

Ws (µm) 10 20 50 100 200 400

Ron (Ω) 41.4 20.5 8.16 4.07 2.04 1.02

Roff (Ω) 2.72K 1.36K 543 272 136 67.9

Con (fF) 7.78 15.6 38.9 77.8 156 311

Coff (fF) 6.10 12.2 30.5 61.0 122 244

As shown in Figure 4.4, the switch state parameter in (4.8) is approxi-
mated by a RC-tank, where Ron and Roff are used to represent its effective
resistance for the on and off states. Furthermore, the effective capacitances are
represented by Con and Coff . One can build an FC-library model for switches
by extracting RC-values based on the 65-nm CMOS technology by sweeping
as listed in Table 4.1. Note that since the minimum length of the switch is
used to minimize parasitic capacitance, the size of the switch is determined
by its width Ws.

For the switch noise parameter in (4.8), the gate noise (v2gn) and channel

noise (i2chn) of the switch are transformed to equivalent current noise sources

(i2n on and i2n off ) that are added to the RC tank in parallel. Since the trans-
former filters out the low-frequency noise, flicker noise is not considered in the
model for simplicity. As a result, the noise sources (i2n on and i2n off ) of the
switch are estimated at thermal noise in equivalent model.

4.2.2 Inductor-Loaded Transformer by Switching
Return-Path

According to Figures 4.1 and (4.1), there are 4 variables: R, C, L2, and k on
the secondary coil of the transformer, which control the oscillation frequency.
Resistor-loaded transformer tunes R, capacitor-loaded transformer tunes C,
while inductor-loaded transformer tunes both L2 and k. Conventionally, L2

and k are tuned by switching on different combinations of transformers [145].
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Figure 4.5: Proposed new inductor-loaded transformer by switching
current return-paths with only one transformer.

However, the large layout size of the loop inductor and strong magnetic cou-
pling with adjacent devices limit the number of transformers. Moreover, as
more transformers are used, magnetic coupling from different transformers
tend to cancel each other, and hence make the tuning less effective. As a re-
sult, the number of sub-bands achieved by the conventional inductor-loaded
transformer topology often limits to 4 (with 2 transformers used) and below.

In this section, a new inductor-loaded transformer topology is proposed,
which breaks through the limit of the conventional inductive tuning. The
concept of the proposed topology can be explained in Figure 4.5. Only one
transformer is used for the new inductor-loaded transformer, with switches
placed at various locations of the secondary coil. When some combination of
switches are turned on such that a closed-loop is constructed in the secondary
coil, a current return-path forms. Different-sized current return-paths generate
different magnetic fluxes, which are fed back to the primary coil and hence
result in multiple sub-bands.

4.2.2.1 Comparison with Traditional Loaded Transformers

Since the proposed topology can increase the number of sub-bands by simply
adding more switches, the sub-band number can be easily designed to be
larger than 4 with compact layout area when compared to the conventional
inductor-loaded transformer.

Moreover, different from the resistor-loaded transformer that has a highly
nonlinear tuning-curve and large KV CO, the new inductor-loaded transformer
achieves a much smaller KV CO through multi-sub-band operation within lin-
ear tuning-curve. As a result, the phase noise performance can be improved
with no PLL locking difficulty. The small KV CO may also be used to trade
for a wider tuning range, which can be easily realized by implementing with
a large coupling factor k, as explained in (4.7).

In addition, as mentioned in Section 4.2.2, frequency-tuning for capacitor-
loaded transformer is realized by varying the value of C and thus ω2. However,
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Table 4.2: Trade-Offs between Different Loaded Transformer Topolo-
gies

Topology Benefits Limitations

R-loaded transformer • wide tuning range large
sub-band number

large effective KV CO

• large sub-band number

C-loaded transformer • large sub-bend number limited tuning range

Traditional L-loader
transformer

• wide tuning range limited sub-band
number

Proposed L-loaded
transformer

• wide tuning range asymmetric current
return path

according to (4.6), as C increases or ω2 drops, Qeq is severely degraded. As
a result, the FTR that can be achieved is limited. Furthermore, the FTR for
the varactor or capacitor-bank is further limited by parasitic capacitance from
switches and transformers.

Trade-offs between different loaded-transformer topologies are summarized
in Table 4.2. However, one design challenge is how to deal with asymmetric
current return-paths in certain sub-bands, which will be discussed in detail in
Section 4.4.3.

4.2.2.2 Model of Proposed New Inductor-Loaded Transformer with
Switches

Similar to the modeling or conventional inductor-loaded transformer, a more
comprehensive circuit model is developed in Figure 4.6 for the proposed new
inductor-loaded transformer which can take the parasitic effects from the off
part of the secondary coil into consideration.

Figure 4.6 shows the circuit models for the proposed inductor-loaded trans-
former. Its secondary coil is split into two portions: L2 and L3. The L3 portion
is switched on to form a current return-path to generate feedback to L1, while
the remaining portion of the secondary coil (L2) is left floating by keeping the
switch terminating L2 off. The change of loaded inductance is then emulated
by varying the ratio between L2 and L3. The resulted Leq and Req can then
be calculated by solving the following equations:
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= R3in3
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.

(4.9)
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Figure 4.6: Equivalent circuit model for the proposed loaded trans-
former.

4.2.2.3 Performance Study

Based on the previously developed switch and transformer models, perfor-
mance for the proposed inductor-loaded transformer topology can be further
analyzed to obtain the optimized design with respect to switch sizing Ws.
With extracted switch parameters such as in Table 4.1, switch performance
under various sizes Ws can be studied. Based on the design parameters sum-
marized in Table 4.3, we have the following detailed performance study.

Firstly, the impact of switches on the FTR performance is studied in Figure
4.7(a). Confirmed with our conclusion in (4.7), a larger coupling factor k leads
to a wider FTR. When switch size is small, the FTR is also observed to increase
with switch size. This can be explained by the analysis in Section 4.2.2, where
a larger Con would raise the FTR when Roff is sufficiently large. However, as
switch size further increases, Roff becomes too small to fully switch off the
current return path, and FTR starts to decrease.

Secondly, the impact of switches to phase noise performance can be also
analyzed. Switches on a loaded transformer degrade the phase noise perfor-
mance from two aspects. It can decrease output signal power by reducing the
effective Q factor in LC-tank; and also increase phase noise by transferring
noise power to output nodes. These two aspects are analyzed in Figure 4.7(b)

Table 4.3: Parameters for 60-GHz VCO Design Based on Proposed
Loaded Transformer Topology

Switch Transformer Other

Ws(µm) Lprim (pH) Lsec (pH) k Ct (fF)

10˜400 80 80 0.1˜0.7 100
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(a)

(b)

 

(c)

Figure 4.7: Design optimization for (a) frequency tuning range (%),
(b) the minimum quality factor in the tuning range, and (c) the max-
imum output noise spectral density at 10 MHz offset in tuning range.
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and (c), by examining the minimum Q factor of the LC-tank and the maxi-
mum output noise spectral density at the offset frequency. One can observe
that there is an optimal switch size for the minimum phase noise degradation.

4.2.2.4 Design Optimization Flow

As such, we present a design flow in Figure 4.8 to optimize the specific perfor-
mances of the proposed inductor-loaded transformer topology. The targeted
frequency (freq.) and tuning range (FTR) define the minimum frequency
(fmin) and maximum frequency (fmax) to be designed. With the proposed
tuning topology, fmin is mainly determined by the inductance of the primary
coil (Lprim) and the total capacitance in LC-tank (Ct). Due to the single-
loop topology adopted for the proposed transformer, the inductance on its
secondary coil (Lsec) can be accordingly determined.

Firstly, with the given FTR and targeted KV CO, we can calculate the
number of sub-bands (Nband) needed, thus determining how many switches
are required as well as their locations on the secondary coil. Each sub-band
is then to be fully covered by a varactor pair as fine tuning. Therefore the
tuning capacitance (Ctune) is determined for varactor design. Besides Ctune,
the rest part of Ct is mainly contributed from the parasitic capacitance in the
cross-coupled transistors, which can help determine the transistor sizes.

Next, given Lprim, Lsec, and Ct, fmax is mainly determined by the coupling
factor k of the transformer. For a specific k value, an optimized switch size
can be found to minimize the phase noise (PN ) as Figure 4.7 (b) and (c)
shows. Note that since both phase noise and power consumption are related

Figure 4.8: Design optimization flow for wide-tuning VCO based on
the proposed inductor-loaded transformer, where performance met-
rics are frequency, FTR, KV CO, power, and phase noise.
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Table 4.4: EM Extracted Parameters at 60 GHn for the Proposed
Loaded-Transformer Implementation

L1 (pH) L2 (pH) M12 (pH) k

154.2 175.5 77.3 0.470

to the sizing and biasing of cross-coupled transistors, a few design iterations
are required to meet the targeted performance for all specifications.

4.2.2.5 Loaded-Transformer Simulation Results

4.2.2.6 Model Validation

The proposed model in Section 4.3.2 is used to analyze one asymmetrical
implementation for the proposed loaded transformer, whose topology will be
shown in Figure 4.14 in Section 4.4.2. Transformer parameters are extracted
from EM simulation, as summarized it Table 4.4. Ct from Figure 4.1 is ad-
justed to be 92fF. Calculated VCO oscillation frequency and noise density
contributed by switches are plotted in Figure 4.9 both of which can roughly
fit the simulation results from Cadence. This validates the proposed model.
Note a larger deviation occurs at lower frequency bands, which is due to ne-
glect of flicker noise in the switch model, as will be addressed in Section 4.4.1.2
and 4.4.2.2.

(a) (b)

Figure 4.9: Model validation: (a) oscillation frequency, (b) output
noise density contributed by switches.
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4.2.2.7 Comparison between Loaded Transformer Topologies

The four topologies in Figures 4.2 and 4.5 are simulated numerically in MAT-
LAB for performance comparison. To achieve a fair comparison, while both
resistor and capacitor-loaded transformers are simulated by the equivalent
circuit shown in Figure 4.1, the inductor-loaded transformers are simulated
based on more comprehensive models shown in Figures 4.3 and Figure 4.6 to
consider parasitic effects on the secondary coil. Parameters derived in Section
4.2.2.3 are used to assist numeric analysis for the proposed inductor-loaded
transformer topology. The same parameters are utilized to simulate resistor-
loaded transformer (Table 4.5), with its resistance linearly varies between the
on and off resistances (Ron and Roff) of the 50µm switch in Table 4.1. The
linear change can be achieved by splitting the switch into a parallel array
of smaller switches [131]. Similarly, for the capacitor-loaded transformer, a
switched capacitor bank can be used to obtain linear and large tuning range
than single varactor. The penalty is the parasitic from the switches in the
capacitor bank, which is also the major limitation for its tuning range. With
the extracted switch parameters in Table 4.1, the effective capacitance ratio
when the switch is on and off for each bank (pdatio=Coff/Con) is analyzed.
A value of 3.206 is obtained for Cratio and is used for this analysis.

All loaded transformers are designed to provide the same oscillation fre-
quency in 60-GHz band. The adjusted parameters are summarized in Table
4.5, and the simulated tuning range and quality factor are shown in Figure
4.10. To have a direct view of the extra loss coupled from the tuning elements
into the LC-tank, a similar definition of quality factor as (4.6) is used. With
this definition, the quality factor represents how much degradation on the
whole LC-tank quality factor (or phase noise performance) will be caused by
the tuning elements loaded on the transformer.

Firstly, as Figure 4.10(a) shows, the resister-loaded transformer has a
highly nonlinear tuning-curve with respect to tuning resistance. Most of the
frequency tuning is realized in a narrow region of the tuning resistance, where
the lowest quality factor is also located. Next, the capacitor-loaded trans-

Table 4.5: Parameters for Different Loaded Transformers Biased for
60-GHz Band Oscillation

Loaded
Trans-
former

R-loaded C-loaded L-loaded Proposed

Lprim (pH) 80 60 80 80

Lsec (pH) 80 60 N.A. 80

Coupling
factor

k=0.5 k=0.5 k12=k13=0.5
k23=0.4

k=0.5

Lratio N.A. N.A. 0.3 0→ 1

Cratio N.A. 3.206 N.A. N.A.
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(a) (b)

(c) (d)

Figure 4.10: Numeric simulation for tuning range and quality factor of
different loaded transformers: (a) R-loaned transformer, (b) C-loaded
transformer, (c) traditional L-loaded transformer, (d) proposed new
loaded transformer.

former, as Figure 4.10(b) shows, has a very linear tuning-curve. Besides its
quality factor degradation in the lower frequency region, its major limitation
is the narrow tuning range which comes from the limited tuning ability of
varactor or capacitor bank. Lastly, for the traditional inductor-loaded trans-
former shown in Figure 4.10(c), there are only 4 sub-bands within the tuning
range. Besides its limitation on the number of sub-bands that can be achieved,
the inductor-loaded transformer also differs from high degradation on quality
factor in the middle region (mode 3) of its tuning range. Different from the
resistor-loaded transformer, this degradation comes from magnetic coupling
from L3 to L2 when L2 is switched on and L3 is off. Recall that multiple trans-
formers needed by the traditional inductor-loaded transformer would cause
large area overhead as well.

In contrast, the proposed inductor-loaded transformer does not have this
degradation. Due to the single-loop topology adopted for the transformer, the
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Table 4.6: Performance Summary for Different Loaded Transformer
Topologies Based on Numeric Analysis

Loaded Trans-
former

R-loaded C-loaded L-loaded Proposed

Tuning Range Large Small Large Large
Linearity Low High Medium High
Quality Factor
Degradation

High Medium Medium Low

Band Number Large Large Small Medium

coupling between different portions on the secondary coil is much weaker. As
Figure 4.10(d) shows, a linear tuning curve is obtained with a large FTR, and
with low degradation on the quality factor in the whole tuning range at 60
GHz by the proposed inductor-loaded transformer.

The performances of different loaded transformers are summarized in Table
4.6. The numeric simulations confirm our observations in Section 4.3.1 that
the proposed new inductor-loaded transformer can realize a wide FTR with
high linearity and low KV CO and also can achieve multiple sub-bands with
compact size. Furthermore, low degradation on LC-tank quality factor and
hence better VCO phase noise performance can also be maintained in the
whole tuning range by the proposed inductor-loaded transformer. As shown
in Figure 4.10(e), a 20% FTR with linear tuning curve is achieved with a Q
factor above 10 for all sub-bands.

4.3 Frequency Tuning by CRLH T-Line

As mentioned in Section 4.1, Mobius-ring RTW-VCO is often utilized to gen-
erate multi-phase or quadrature output for many millimeter-wave applica-
tions such as big-data communication and imaging. Conventional RTW-VCO
is mostly tuned by varactor and capacitor bank due to the RH topology
[141, 142, 143]. Due to constrained tuning ability of varactor and capaci-
tor bank in the millimeter-wave region, the achieved FTR in quite limited
[141, 142, 143]. CRLH T-line, on the other hand, provides more choices of
tunable elements to achieve a wide FTR in RTW-VCO design, but is not well
explored at the millimeter-wave region [144]. In this section, a tunable CRLH
T-line biased in the LH region is studied for RTW-VCO to achieve compact
size and wide FTR. Assisted with the inductive tuning techniques presented
in the above sections, a much wider FTR can be obtained.

4.3.1 CRLH T-Line-Based RTW-VCO

The topology for Mobius-rang RTW-VCO is shown in Figure 4.11. A Mobius-
ring is evenly divided into N stages, with each stage loaded with a cross-
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Figure 4.11: CRLH T-line-based Mobius-ring RTW-VCO.

coupled transistor pair. As a wave travels along the Mobius-ring, certain phase
delay must be fulfilled to create a positive feedback for VCO oscillation. At
the same time, cross-coupled transistors should generate enough power to
compensate the loss from the T-line. In summary, the start-up condition of
Mobius-ring RTW-VCO is

gm >
2exp(αl)

Zo
;βl =

Mπ

N
(4.10)

where gm is the transconductance of the cross-coupled pair, zo, l, α, β are
T-line characteristic impedance, physical length, attenuation constant, and
phase constant, respectively. N is the stage number, and M=±1, ±3,... is an
odd integer number.

In this section, a negative-phase CRLH T-line is deployed in the Mobius-
ring RTW-VCO for both compact size and wide FTR. Assuming a balanced
condition for simplicity, with (4.7) and (4.10), the oscillation frequency for an
N -stage Mobius-ring RTW-VCO by CRLH T-line can be obtained

ωCRLH =
π

2Nl
√

LsCp

× (

√

√

√

√1 +
4N2l2

π2

√

LsCp

LpCs
± 1). (4.11)

Here, only the fundamental resonant condition M=±1 is considered for
simplicity of illustration. The plus and minus signs in (4.11) correspond to
CRLH T-line working in the RH region and LH region, respectively.

Furthermore, phase noise is an important specification for VCO design.
Generally, for N -stage RTW-VCO, the phase variation < Φ2(t) > is propor-
tional to 1/N [141, 148, 149, 150], which is reduced by 1/N when compared
to single stage.

In this work, the LH operation is selected for compact size and superior
performance when implemented in multiple stages [144]. However, there is
no study of how to tune the CRLH T-line-based RTW-VCO, which will be
addressed in the next part.
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4.3.2 Wide-Band Tuning for CRLH T-Line-Based
RTW-VCO

Note that in (4.11), there are 4 components that may be used for tuning: Ls,
Lp, Cs, Cp. For easy analysis, we represent the product of the LH components
(Lp,Cs,) as PL; and represent the product of the RH components (Ls,Cp,) as
PR. Then, the oscillation frequency in the LH region becomes

ωCRLH LH =
π

2Nl
√
PR

× (

√

1 +
4N2l2

π2

√

PR

PL
− 1). (4.12)

Conventionally, PR is used to realize FTR by varactor as part of Cp [144].
Unfortunately, with the omitted Ls component and thus small PR value in
[144], the tuning ability by PR is very limited, not to mention the already
constrained tuning ability as well as the limited quality factor of varactor at
high frequency. In fact, for a small PR / PL value, approaches the operation
frequency of a pure LH T-line-based RTW-VCO

ωCRLH LH |PR

PL
→ 0 = ωLH =

Nl

π
√
PL

(4.13)

which is independent of PR with poor tuning ability. Furthermore, a large
portion of Cp is contributed by transistor parasitic with a fixed value, which
severely limits tuning range of the whole Cp value, not to mention the already
constrained tuning ability as well as the limited quality factor of varactor in
the high-frequency region.

Intuitively, a wider FTR should be obtained by tuning PL since the LH-
components dominate in the LH region. Since δωCRLH

δPL
stays positive for all

PL values, the FTR can be calculated:

∆ωCRLHLH
=

π

2Nl
√
PR

× (

√

1 +
4N2l2

π2

√

PR

PL min
−

√

1 +
4N2l2

π2

√

PR

PL max
)

(4.14)
The extreme condition forms for a pure LH T-line with

FTRLH =

1√
PL min

− 1√
PL max

1√
PL min

+ 1√
PL max

× 2 ≈ αPL

2
(4.15)

where αPL
= ∆PL

PL
measures the tunability of components in PL. As (4.15)

shows, FTRLH is directly proportional to αPL
.

However, since the loss in Cs adds directly into the signal path, it is not
feasible to tune Cs. On the other hand, one can realize a wide FTR by tuning
Lp with a loaded transformer structure presented in the above sections. More
specifically, the inductive-loaded transformer can achieve a large αPL

, which
is adopted in this work.
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Figure 4.12: Layout implementation for inductor-loaded transformer
where tuned inductance is determined by states of two switches.

The mechanism for the inductive-loaded transformer has been explained in
Section 4.2.2. As (4.3) indicates, a large αPL

can be easily obtained by imple-
menting a large coupling factor k for the transformer. Furthermore, multiple
inductors can be switched on and off to further increase αPL

with a wide FTR
achieved by creating multiple sub-bands.

The designed switched coupled-inductor for inductive tuning is shown in
Figure 4.12. Inductors are realized by the top Cu layer to guarantee a high
quality factor. Two transformers loaded with two switches are used to realize 4
sub-bands. As summarized in the tables shown in Figure 4.12, the resulted Leq

can be varied over a large range from 47 pH to 91 pH. As such, wide FTR can
be realized with 4 sub-bands: (75.67–83.11 GHz), (79.65–87.78 GHz), (86.18–
94GHz) and (93.89–102.01 GHz). To realize a continuous tuning, fine-tuning
by varactor is used in each sub-band. To increase the tuning ability of varactor
as (4.13) indicates to fully cover each sub-band, a relatively large Ls value is
adopted in this design.

The resulting tuning mechanism for the proposed CRLH T-line-based
RTW-VCO can be explained in Figure 4.13. Inductive-loaded transformer
creates multiple sub-bands by shifting the dispersion curve to different reso-
nant frequency points. Each sub-band is then covered with fine-tuning by a
varactor.
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(a)

(b)

Figure 4.13: Tuning mechanism for the proposed tunable CRLH T-
line-based Mobius-ring RTW-VCO: (a) Equivalent circuit, (b) Dis-
persion diagram.

Compared with conventional RTW-VCO, the proposed CRLH T-line-
based RTW-VCO provides alternative choices of tunable elements. Assisted
with the inductive tuning techniques presented in above sections, a much wider
FTR can be obtained.

4.4 Circuit Prototyping and Measurement

4.4.1 60-GHz VCO Prototype with Asymmetric
Implementation of Inductive Tuning

To further verify the proposed inductive tuning mechanism by switching
return-path in Section 4.3, two 60-GHz VCO prototypes are demonstrated
in CMOS 65nm technology in this section [74] and the following section [151].
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As shown in Section 4.3, to realize multiple sub-bands for the proposed
inductor-loaned transformer, switches are loaded at various locations on the
secondary coil of one transformer. As the number of switches increases, the
total capacitance and resistance loaded on the transformer increases and
decreases, respectively. According to the analysis in Section 4.2.2, for the
conditions when switches are turned off, both a larger C and a smaller
R would weaken the domination of the terms R2[1− ω2CL2(1− k2)]2 and
R2
(

1− ω2CL2

) [

1− ω2CL2

(

1− k2
)]

in (1), resulting in a smaller FTR. As
a result, the number of switches loaded on the transformer should be mini-
mized while providing enough sub-bands.

As a result, one layout topology is designed in this section, which can re-
alize the maximum number of sub-bands with the least number of switches,
thus can achieve the maximized FTR. The penalty is an asymmetric layout
implementation, which may cause certain degradation in the phase noise per-
formance. This problem can be solved with another symmetric topology to be
presented in Section 4.4.3.

4.4.1.1 60-GHz VCO Design

Loaded Transformer Design

The proposed topology targets the maximum FTR, with layout implementa-
tion shown in Figure 4.14. A transformer is loaded with 4 switches (S1˜S4)
at different locations. The inner loop is the primary coil, which serves as the
inductor of the LC-tank. The outer loop is the secondary coil, which is loaded
with 4 switches to control the current return-paths. Lengths of the 4 sections
in the secondary coil are marked with unit length l. Different combinations of
the switches and corresponding effective lengths of the current return-paths
are summarized in Table 4.7. There are in total 7 modes or sub-bands estab-
lished. For example, by turning on switches S1 and S2, the mode 3 is invoked
with a current return-path formed with length 3l. Moreover, as shown in Ta-
ble 4.7, the effective length of return-path in secondary coil varies from 0 to
6l linearly, resulting in 7 evenly distributed sub-bands. Evenly distributed
sub-binds can facilitate PLL design and also improve its performance.

Note that more sub-bands can be realized by implementing more switches
but may also degrade the phase noise performance. As derived in Section 4.2.2
and 4.3, a small switch R value is desired to minimize phase noise degradation.
As such, the number of switches should be minimized when connected in serial
in the activated current return-path. The proposed band selection method in
Figure 4.14 and Table 4.7 can minimize the number of switches in the current
return-path to be 2 or below for all selection modes.

With an asymmetric allocation of switches, this layout implementation
realizes 7 sub-bands with only 4 switches. As a result, a maximized FTR can
be achieved. The trade-off is that the asymmetric twitch locations and current
return-paths would have a large phase noise variation due to different current
return-paths in each sub-band.
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Figure 4.14: Asymmetric layout implementation for the proposed new
inductor-loaded transformer.

Table 4.7: Effective Return Path Lengths in Secondary Coil for Dif-
ferent Sub-Band Selection Modes in Asymmetric Layout Implemen-
tation

Sub-band
Selection
Mode

0 1 2 3 4 5 6

On Switches Nil S1 S2 S1+S2 S1+S3 S2+S4 S3+S4

Effective
Length of
Return Path

0 l 2l 3l 4l 5l 6l

VCO Design

To verify the proposed inductive tuning, one VCO prototype is designed at
60 GHz. The VCO can provide multiple frequency sub-bands to cover the
wide frequency band at 60 GHz. As shown in Figure 4.15, power supply is fed
on the central tap. A varactor-pair is used for fine tuning within each sub-
band. The LC-tank loss is compensated by a cross-coupled NMOS pair. Two
output buffers are utilized for the power gain and isolation. The transformer
is implemented with the top metal layer for high Q. To implement a proper
k value, a gap size of 3.5µm is designed between transformer primary and
secondary coils. Once the coupling factor of transformer is determined, an
optimized switch size can be found. A size of 50µm/60nm is adopted for
switch transistors.
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Figure 4.15: Schematic of the 60-GHz inductive-tuning VCO with
asymmetric implementation of the proposed new inductor-loaded
transformer.

With the tuning scheme proposed in Table 4.7, there are 7 sub-bands
generated by the VCO. Compared with the symmetric implementation as
will be shown in Section 4.4.3, the asymmetric VCO provides a wider FTR
due to more sub-bands and fewer loaded switches, and thus smaller parasitic
capacitance.

4.4.1.2 Simulation and Measurement Results

The designed 60-GHz VCO is implemented in STM 65nm 1P7M CMOS tech-
nology. EM simulation (ADS-Momentum) is used for circuit design and ver-
ification before the fabrication. The extracted parameters for the designed
transformer are summarized in Table 4.4, and the equivalent circuit parame-
ters under various band selection modes are plotted in Figure 4.16.

Phase Noise Analysis

To further analyze the proposed loaded-transformer influence on VCO phase
noise (PN ) performance, percentage of noise contribution from switches on
loaded transformer to output is simulated and plotted in Figure 4.17. The
analysis is carried out at both offset frequencies of 1MHz and 10MHz. Around
10–15% phase noise is contributed from the proposed loaded transformer.
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Figure 4.16: Parameter extraction for the asymmetric loaded trans-
former design under various band selection modes.

Figure 4.17: Percentage of noise contribution from switches on asym-
metric loaded transformer implementation at 1 MH offset and 10
MHz offset. Both total noise from all switches and drain-to-source
thermal noise from “on” switches are plotted.

The drain-to-source thermal noise from the ON switches in the current
return path is also analyzed in Figure 4.17. In high-frequency bands, where
a large current return path is formed, thermal noise from the ON switches
dominate the total noise contribution. However, at lower-frequency bands,
where a large portion of secondary coil is left floating, noise contribution from
OFF switches not in the current return path comes in.

The deviation of total switch noise between 1 MHz offset and 10 MHz
offset shows the role of flicker noise from switches. In our numeric analysis in
Section 4.3, flicker noise was ignored due to DC blocking and low up-conversion
ratio of switches biased in triode region. However, a large AC signal on the
secondary coil of transformer could drive the switch toward saturation region
with negative voltage swing, leading to higher up-conversion ratio. In lower-
frequency bands, where a large portion of secondary coil is left floating, a
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standing wave would be formed on the floating coil, introducing a large voltage
swing at the floating end, which drives switches into the saturation region. As
a result, more flicker noise is up-converted and coupled to output. In higher-
frequency bands, the floating coil becomes shorter and the contribution of
flicker noise from switches becomes negligible, as indicated in Figure 4.17.

Furthermore, a comparison is done with switches removed from loaded
transformer and replaced with ideal open and short connections. This anal-
ysis aims to check the effect of a switch alone on VCO performance, and is
carried out with pre-layout simulation and with EM simulation for loaded
transformer. The results are compared an Figure 4.18 with the case where
actual switches are used.

From low to high frequencies in Figure 4.18, the loaded transformer is
switched from Mode 0 to Mode 6 according to Table 4.7. In Mode 0, all
switches are turned off and has minimum degradation on phase noise per-
formance. In this case, the parasitic capacitance from switches lowers the
oscillation frequency from around 65 GHz to 60 GHz. However, as switches
are turned on to form a current return path, according to analysis in Sec-
tion 4.2.2, parasitic capacitance from switches increases the FTR, while both
parasitic capacitance and resistance from switches degrades the phase noise
performance. Note that as capacitance from switches further increases, the
FTR would degrade again as shown in Figure 4.7(a), and is the case for sym-
metric implementation.
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Figure 4.18: Simulation comparison for VCO performance (phase
noise and oscillation frequency) with and without switches.
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Measurement Results

The measurements are then done on the CASCADE Microtech Elite-300 probe
station, with Agilent PNA-X spectrum analyzer, E5052 source signal analyzer,
and 11970V harmonic mixer. A 67GHz bias-T is used to provide load to the
buffer.

As mentioned in Section 4.4.2.1, there tends to be a large variation for
VCO phase noise performance at different sub-bands due to the wide FTR
and different switching conditions. Since a large phase noise variation across
sub-bands would significantly degrade the PLL performance, we introduce a
new phase noise (PN ) performance in this work with the following equation

FTR =

ω1√
1−k2

− ω1

ω1√
1−k2

+ ω1
× 2 =

1−
√
1− k2

1 +
√
1− k2

× 2 (4.16)

where PN and σPN are the mean and variation of phase noise across all
sub-bands. The phase noise variation (σPN ) can then be used as a new figure-
of-merit for wide FTR VCO design at 60 GHz.

The die photo for the designed asymmetric 60-GHz VCO is shown in Fig-
ure 4.19. Decoupling capacitors are implemented by MIM capacitors and used
to stabilize DC signals. The total area is 852×451µm2, which Fs mainly con-
strained by PADs. The core area takes only 163×190 µm2.

With 1V VDD and Vtune varied from 0.5 to 1.5 V, the obtained tuning
curves under different sub-band selection modes are plotted in Figure 4.20.
The entire tuning range is divided into 7 sub-bands. Within each sub-band,
a tuning range of 2.5 ∼ 4.5 GHz is achieved by a smell varactor. Evenly dis-
tributed sub-bands are preferred for easy PLL implementation, which can be

 

Figure 4.19: Die photo for the 60-GHz asymmetric VCO with fabri-
cated in STM 65 nm CMOS technology.
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Figure 4.20: Measured tuning curves under different band selection
modes for the 60-GHz asymmetric VCO.

achieved by adjusting locations of switches. The obtained oscillation frequency
varies from 51.9 to 67.3 GHz, which covers tho whole 60-GHz band in IEEE
802.15.3c standard and provides a FTR of 25.8%. The effective KV CO in each
band varies from 2.1 to 3.8 GHz/V. Note the tuning voltage (0.5 ∼ 1.5V)
is selected to provide maximum tuning range for varactor, and can be easily
changed to 0 ∼ 1 V by adding a serial capacitor between varactor and power
supply.

A sample phase noise plot is shown in Figure 4.21(a). At 60 GHz, the
phase noise is -106.7 dBc/Hz at 10MHz offset. The measured phase noise
performance for all modes is shown in Figure 4.21(b). Due to the low output
power, there is around 10dB deviation in phase noise from simulation, which
may be due to the low output power, inaccurate noise model and non-ideal
ground around VCO. Moreover, as expected in Section 4.4.2.1, degradation
in phase noise variation is observed in Figure 4.21(b), which mainly comes
from asymmetric sub-band selection topology. As a result, a large phase noise
variation (σPN ) of 8.2 dB is observed.

4.4.2 60-GHz VCO Prototype with Symmetric
Implementation of Inductive Tuning

Though the topology presented in Section 4.4.2 can achieve a maximized FTR,
the asymmetric layout would degrade the phase noise performance. To solve
this problem, in this section, another topology is designed with a symmetric
layout implementation and optimized tuning mechanism for the switches [151].
Both phase noise and phase noise variation are thus improved. The penalty
is the use of more switches than in the first topology, leading so a relatively
narrower FTR. These two topologies can be utilized for different applications
with different design targets. A comparison is also made between the two
topologies.
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(a)

(b)

Figure 4.21: Measured phase noise performance for the 60-GHz asym-
metric VCO. (a) Phase noise at 60 GHz. (b) Phase noise variation
for all selection modes.

4.4.2.1 60-GHz VCO Design

Loaded Transformer Design

The proposed topology in this section targets a balanced performance of both
FTR and phase noise variation in each sub-band, with symmetric layout imple-
mentation shown in Figure 4.22. Since a symmetric topology with differential
operation lowers undesired common-mode effects such as substrate aid sup-
ply noise amplification and up-conversion [152], the phase noise performance
is improved. In Figure 4.22, the symmetric topology is realized by placing 3
pairs of switches (S1P/N˜S3P/N) on the secondary coil of transformer with
vertical symmetry.

Note that with symmetric switch locations, if the current return-path is
also configured symmetrically, the number of sub-bands is highly limited. For
N pairs of switches, only N+1 sub-bands can be created. To realize a targeted
FTR and KV CO, more pairs of switches would then be required to generate
enough sub-bands, which would add loss to the loaded transformer and de-
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Figure 4.22: Symmetric layout implementation for the proposed new
inductor-loaded transformer.

Table 4.8: Effective Return Path Lengths in Secondary Coil for Differ-
ent Sub-Band Selection Modes in Symmetric Layout Implementation

Sub-band
Selection
Mode

0 1 2 3 4 5

On Switches Nil S3N+S3P S2N+S3P S2N+S2P S2N+S1P S1N+S1P

Effective
Length of
Return Path

0 l 2l 3l 4l 5l

grade phase noise performance. Furthermore, because switches with large size
contribute large parasitic capacitance to the loaded transformer, if a large
number of switches are used, the FTR would be limited by indicated by Fig-
ure 4.7(a).

In this section, the following tuning scheme is designed to overcome the
aforementioned challenge. As shown in Figure 4.22, one switch on each side of
virtual ground is turned on in all sub-band selection modes except the default
node 0 where all switches are off. Different sub-bands are then changed by
shifting the ON-switch locations on each side alternately. In this fashion, the
number of sub-bands created is nearly doubled while maintaining a small
difference in the selected current return-path lengths on both sides. For N
pair of switches, 2N sub-bands can be created.

One example is shown in Table 4.8, 6 sub-bands are generated using 3
pairs of switches. The effective length of return-path in secondary coil varies
from 0 to 5l linearly when the mode is switched from 0 to 5. In addition, the
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Figure 4.23: Schematic of the 60-GHz inductive-tuning VCO with
symmetric implementation of the proposed new inductor-loaded
transformer.

maximum difference in the effective length on both sides is maintained within
l. Compared with asymmetric implementation, the proposed symmetric imple-
mentation only introduces limited extra number of switches with small FTR
reduction, but can significantly improve phase noise with constraint phase
noise variation. As verified by measurement, this symmetrical configuration
results in low phase noise with small variation across all sub-bands, while still
maintaining a high FTR.

VCO Design

To verify the proposed symmetric implementation of inductive tuning, an-
other VCO prototype is designed at 60 GHz which can also provide multiple
frequency sub-bands to cover the wide frequency band at 60 GHz.

As shown in Figure 4.23, power supply is fed on the central tap. A varactor-
pair is used for fine tuning within each sub-band. The LC-tank loss is com-
pensated by a cross-coupled NMOS pair. Two output buffers are utilized for
the power gain and isolation. The transformer is implemented with the top
metal layer for high Q. Different from the asymmetric implementation, a gap
size of 2.5 µm instead of 3.5 µm is designed between transformer primary and
secondary coins. Once the coupling factor of transformer is determined, an
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Table 4.9: EM Extracted Parameters at 60 GHz for Symmetric
Loaded Transformer Implementation

L1 (pH) L2 (pH) M12 (pH) k

153.1 136.9 44.6 0.308

optimized switch size can be found. Again, a different size of 64 µm/60 nm
is adopted for switch transistors in the symmetric implementation compared
with the size of 50 µm/60 nm in the asymmetric implementation. The size dif-
ferences between two designs come from technology and topology differences,
as we will discuss in Section 4.4.3.2.

With the tuning scheme proposed in Table 4.8, there are 6 sub-bands gen-
erated by the symmetric VCO. Compared to the asymmetric VCO introduced
in Section 4.4.2 which can provide a wider FTR due to more sub-bands and
fewer loaded switches thus smaller parasitic capacitance, the symmetric VCO
significantly improves the phase noise performance with highly suppressed
phase noise variation and can still achieve a wide FTR.

4.4.2.2 Simulation and Measurement Results

The designed symmetric 60-GHz VCO is implemented in Global Foundries
65-nm CMOS 1P8M technology. EM simulation (ADS-Momentum) is used
for circuit design and verification before the fabrication.

For a fair comparison to the asymmetric 60-GHz VCO presented it Sec-
tion 4.4.2, different transformer and switch sizes are designed for the two
fabrications to achieve the same primary inductance L1 as well as equivalent
Q-factors Qeq. In this way, similar oscillation frequency as well as similar loss
introduced by loaded transformer can be ensured. The extracted parameters
for the transformer used for the symmetric VCO are summarized in Table
4.9, and the equivalent circuit parameters under various band selection modes
are plotted in Figure 4.24. Also note that a square shape is adopted for the
transformer for ease of switch allocation. Though an octagonal shape is theo-
retically less lossy, the effect is minimal for single-loop transformer at 60 GHz
according to simulation.

Phase Noise Analysis

Similar to the asymmetric leaded transformer, percentage of noise contribu-
tion from switches on loaded transformer to output is simulated and plotted
in Figure 4.29 for symmetric loaded transformers at offset frequencies of 1
MHz and 10 MHz. Compared with asymmetric implementation, less noise
contribution is observed for symmetric implementation. Although similar Qeq

values in Figure 4.16 and Figure 4.24 indicate similar loss introduced by loaded
transformers, a smaller k value means less noise coupling from switches, which
gives better PN performance at the penalty of smaller FTR. As such, one can
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Figure 4.24: Parameter extraction for the symmetric loaded trans-
former design under various band selection modes.

observe 4-dB improvement of average PN performance for symmetric loaded-
transformer design.

Similar to the asymmetric loaded transformer, the drain-to-source thermal
noise from ”ON” switches dominate the total noise contribution in high fre-
quency bands, while noise contribution from OFF switches not in the current
return path becomes larger at lower frequency bands where a large portion of
secondary coil is left floating.

Again, the deviation of total switch noise between 1-MHz offset and 10-
MHz offset shows the role of flicker noise from switches. In lower frequency
bands, where a large portion of secondary coil is left floating, a standing wave
would be formed on the floating coil, introducing a large voltage swing at
the floating end, which drives switches into saturation region. As a result,
more flicker noise is up-converted and coupled to output. In higher frequency
bands, the floating coil becomes shorter and the contribution of flicker noise
from switches become negligible.

Measurement Results

The measurements are then done on CASCADE Microtech Elite-300 probe
station, with Agilent PNA-X spectrum analyzer, E5052 source signal analyzer,
and 11970V harmonic mixer. Different from asymmetric VCO which requires
a bias-T to provide load to buffer, in this design, the whole buffer is realized
on-chip.

The die photo for the designed symmetric 60-GHz VCO is shown in Figure
4.26. The VCO core occupies an area of 140 × 220 µm2. The overall chip size
is 840 × 750 µm2, including the test buffer and all the pads.

The DC power dissipation of the VCO is 6 mW at supply voltage of 1.0 V.
The lower power consumption compared to asymmetric 60-GHz VCO is due to
the designed high-quality factor of the symmetrical transformer. Figure 4.27
shows the measured tuning curves with dependence on the control voltages.
One can observe that the VCO can exhibit 6 sub-bands with oscillation in
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Figure 4.25: Percentage of noise contribution from switches on sym-
metric loaded transformer implementation at 1 MHz offset and 10
MHz offset. Both total noise from all switches and drain-to-source
thermal noise from “on” switches are plotted.

a wide FTR from 57.0 GHz to 65.5 GHz, which covers the whole 60 bands
in IEEE 802.15.3c standard. The tuning range is 8.5 GHz with 14.2% of the
center frequency. The effective KV CO in each band varies from 1.8 to 2.4
GHz/V.

Moreover, Figure 4.28 shows the measured phase noise at 10-MHz offset
frequency of the VCO. In the required frequency range (58.32–64.80 GHz), the
phase noise at 10MHz frequency offset is lower than -105 dBc/Hz. Both the
mean phase noise (PN) and phase noise variation (σPN ) has been significantly
improved over the first asymmetric design due to symmetric tuning adopted,
with σPN improved to -108.3 dBc/Hz and σPN reduced to 2.5 dB. Though
the trade-off is reduced FTR, a large tuning range of 14.2% is still achieved.

In addition, the measured spectra of the output signals under different
modes are shown in Figure 4.29. The starting frequency under different modes
distribute evenly as expected, with a small variation from 1 GHz to around
1.6 GHz. Note that this variation could be further suppressed by adjusting
switch locations.

The performance of the symmetric VCO prototype is summarized in Table
4.10 and compared with the asymmetric VCO prototype as well as previously
published 60-GHz VCOs. The asymmetric VCO is able to achieve a very
wide FTR of 25.8% with the moderate figure-of-merits (FOM and FOMt)
defined in ITRS. A large phase noise variation of 8.2 dB is observed because
of asymmetric design. The symmetric VCO shows improved phase noise with
noise variation (σPN ) of 2.5 dB achieved in the table with a phase noise mean
(σPN ) of -108.3dBc/Hz while a high FTR of 14.2% is still maintained, leading
to a state-of-the-art FOMt of -179.4 dBc/Hz.
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Figure 4.26: Die photo for the 60-GHz symmetric VCO fabricated in
Global Foundries 65 nm CMOS technology.

Figure 4.27: Measured tuning curves under different band selection
modes for the 60-GHz symmetric VCO.

4.4.3 90-GHz VCO Prototype with CRLH T-Line-
Based RTW

The above two VCO prototypes verify the proposed inductive tuning method,
which is applied in tunable CRLH T-line in Section 4.4.1 for RTW VCO
design. To verify the proposed CRLH T-line-based RTW VCO, one 90-GHz
VCO prototype is demonstrated on CMOS 65-nm technology in this section
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Figure 4.28: Measured phase noise performance for the 60-GHz sym-
metric VCO. (a) Phase noise at 60.8 GHz. (b) Phase noise variation
for all selection modes.

[63]. Note a higher frequency is adopted to further demonstrate the advantages
of CRLH T-line at higher frequencies.

4.4.3.1 90GHz VCO Design

The proposed tunable CRLH T-line-based Mobius-ring RTW-VCO shown in
Figure 4.13(a) is fabricated in 65-nm CMOS Global Foundries 1P8M RF
CMOS technology as shown in Figure 4.30(a). To push the cut-off frequen-
cies away from operation frequency region, each stage is implemented with
2 distributed CRLH T-lone unit-cells. As a result, 180-degree phase shift is
required due to the Mobius-ring connection, which leads to a 90-degree phase
shift in each unit-cell. The EM simulation results for the designed unit-cell are
shown in Figure 4.30(b). At the frequency of interest 100 GHz, one unit-cell
can provide 90-degree phase-shift with loss at -1.86 dB, which is compensated
by the negative resistors realized by a cross-coupled pair. Note the unit-cell
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Figure 4.29: Measured output spectrum of equally spaced starting
frequencies under 6 different modes for the 60-GHz symmetric VCO.

Table 4.10: Performance Summary and Comparison of Wide-Tuning
60-GHz VCOs

[135] [134] [136] Asym.
VCO
Prototype

Sym.
VCO
Prototype

Technology (CMOS) 90 nm 65nm 65 nm 65 nm 65 nm
Freq. (GHz) fOSC 76.5 70.2 77 59.6 61
Freq. Tuning Range
(%)

FTR 7.0 9.6 14.5 25.8 14.2

Phase Noise
(dBc/Hz)

PN -110.6 -106.0 -112 -106.7 -110.8

Phase Noise Mean
(dBc/Hz)

PN -107.1 -99.5 -108.5 -98.5 -108.3

Phase Noise
Variation (dB)

σPN 3.5 6.5 3.5 8.2 2.5

Power (mW) PDC 19.4 5.4 190 5.4 6.0

Area (mm2) A 0.01 0.003 0.15 0.031 0.031

Figure of Merit
(dBc/Hz)

FOM (1) -171.9 -169.1 -163.4 -166.7 -176.2

Figure of Merit
(dBc/Hz)

FOMt
(2) -168.8 -168.8 -166.7 -174.9 -179.3

(1)FOM = PN − 20 log
(

fOSC
∆f

)

+ 10log(PDC/1mW )

(2)FOMt = PN − 20 log
(

fOSC
∆f

× FTR
10

)

+ 10log(PDC/1mW )
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(a)

 

(b)

Figure 4.30: (a) Die micrograph of the proposed VCO. (b) The EM
simulation for one CRLH T-line unit-cell. Note that Lp is shared by
two unit-cells and its value is purposely designed doubled.

is biased to operating in the LH region, with the resonant mode in the RH
region (-90-degree phase shift) highly suppressed.

4.4.3.2 Simulation and Measurement Results

The proposed VCO is fabricated 65-nm CMOS Global Foundries 1P8M RF
CMOS technology. The VCO core area is about 0.0812mm2. The output spec-
trum is measured by E4408B spectrum analyzer through one 11970W har-
monic mixer. The supply voltage for buffer is 1.2 V and for VCO is 1 V. The
measured current for the core VCO is 14 mA.

Figure 4.31: Measured frequency tuning range by 4 sub-bands.
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Figure 4.32: Measured phase noise at 82.22 GHz with 10 MHz offset
frequency.

As shown in Figure 4.31, by using the proposed tunable CRLH T-line, a
wide FTR of 29.6% is achieved from 76.59GHz to 102.01GHz, with a center
frequency at 89.33 GHz. The full FTR is formed from the four sub-bands
controlled by two switches: (75.67–83.11GHz), (79.65–87.78GHz), (86.18–94
GHz) and (93.89–102.01 GHz). With a tuning voltage for varactor from 0 V
to 1.2 V, each sub-band is fully covered. The measured phase noise varies
from −100.1 dBc/Hz to −98.7 dBc/Hz with a sample plot shown in Figure
4.32, where 6–9 dB deviation is observed compared with simulation, which
may be due to inaccurate device and noise models at such high frequency and
imperfect ground provided during measurement. The measured output power
is from -23 dBm to -15 dBm as shown in Figure 4.33. The output power
variation is about 8 dBm.

As summarized in Table 4.11, the performance of the proposed VCO is
further compared with other published millimeter-wave VCOs in 65nm CMOS
technology. According to the Table 4.11, the phase noise is comparable with
others, and the widest FTR and the best FOMT are achieved by the proposed
VCO.

FOM = PN − 20 log
(

fOSC

∆f

)

+ 10log(PDC/1mW )

FOMT = PN − 20 log
(

fOSC

∆f × FTR
10

)

+ 10log(PDC/1mW ).
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Figure 4.33: Measured output power across the entire frequency tun-
ing range.

Table 4.11: Performance Summary and Comparison

Parameters [139] [140] [134] This Work Unit
fosc 95.7 101 70.4 89.3 GHz
VDDcore 1.5 0.8 1.2 1 V
PDC 9 11.9 5.4 14 mW
Phase Noise
(PN ) @10MHz

-106 -104.5 -106.1 -100.8 dBc/Hz

FTR (%) 3.6 11.2 9 29.6 %
FOM -176.1 -173.8 -175.7 -168.4 dBc/Hz
FOMT -167.2 -174.8 -174.8 -177.8 dBc/Hz
Tech. CMOS 65 CMOS 65 SOI CMOS 65 CMOS 65 nm

4.5 Conclusion

This chapter studies techniques to achieve a wide frequency tuning range
for CMOS VCO at mm-wave frequencies. More specifically, a new inductive
tuning by inductor-loaded transformer is proposed in this chapter to design
a wide frequency tuning range (FTR) VCO for all sub-bands at 60 GHz.
Different from previously published inductive tuning methods, by configur-
ing different current return-paths in the secondary coil of one transformer,
wide multi-sub-band tuning can be achieved within a compact area with only
one transformer. With the use of the proposed new inductive tuning method,
two VCO topologies are realized in 65-nm CMOS with design targets for the
maximum FTR and the balanced performance (FTR and phase noise), respec-
tively. Measurement results show that the first VCO achieves a FTR of 25.8%
from 51.9 to 67.3 GHz, and a 10-MHz-offset phase noise varied from -90.2 to
-106.7 dBc/Hz across all sub-bands; and the second VCO achieves a FTR of
14.2% from 57.0 GHz to 65.5 GHz, and a 10-MHz-offset phase noise varied
from -105.9 to -110.8 dBc/Hz across all sub-bands. The demonstrated VCOs
have shown great potential for integration in 60-GHz transceiver design with
wide-tuning ability.
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The inductive tuning method is further applied to realize a tunable CRLH
T-line for Mobius-ring RTW-VCO design in mm-wave region. Inductor-loaded
transformer is implemented in CRLH T-line to realize 4 sub-bands. Each sub-
band is covered by a varactor with fine-tuning. The proposed tunable CRLH
T-line-based RTW-VCO is fabricated in 65nm GF RF-CMOS technology with
a wide FTR of 75.7–102 GHz and area of 0.0821 mm2. The measured results
show a current consumption of 14mA under supply voltage of 1 V, a FTR of
29.5% with center frequency at 89.3GHz, and a phase noise of -100.8 dBc/Hz
with 10-MHz offset at 82.2 GHz frequency. The state-of-the-art figure-of-merit
FOMT is demonstrated at -177.8 dBc/Hz.



Chapter 5

Coupled Oscillator
Network

5.1 Introduction

CMOS-based THz signal sources have been recently demonstrated for compact
system-on-chip implementation [153, 154, 155, 156, 157, 158, 159, 160, 161]
with applications in high-data-rate communication and non-invasive imag-
ing. As THz signal suffers from large propagation loss, the generated signal
strength must be strong enough to have sufficient signal-to-noise ratio (SNR)
for detection, which imposes grand challenges for high-power signal source
designs in CMOS.

It is challenging to design a high-output power THz signal source by single
CMOS oscillator source with high efficiency as well as a wide frequency tuning
range (FTR). In the CMOS process, one single oscillator usually has small out-
put power that is limited by single CMOS transistor with commonly observed
low output power level [162, 154, 77], which is incapable of delivering a strong
THz signal for transmission and processing. Similar to the approach utilized
in a power amplifier [163, 164], output power combining of multiple CMOS os-
cillators can be considered to achieve a large output power at THz frequency.
Several coupled-oscillator-network (CON) structures have been proposed for
high-output power [161, 87]. A phase/delay tuning design is utilized in [161]
but cannot ensure the in-phase coupling condition. In-phase synchronization
by half λ transmission line (T-line) is reported in [87], which is bulky and lossy
when deployed for a large-scale phase-arrayed design. There is great interest
to explore a high-output power signal source by combining the outputs of an
array of CMOS oscillators such as CON [165].

105
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The combined output power of CON is maximized when all the oscillator
unit-cells are in-phase coupled with a phase difference of 2nπ (n = 0, 1, 2, . . .).
In the conventional CON design [165], adjacent oscillators are coupled by a
T-line or an equivalent delay network with at least an electrical length of half
λ (n = l), which is bulky and lossy and hence largely reduces the output
power and efficiency. The recent work in [163] has shown that the CMOS
metamaterial devices can be utilized for phase-arrayed design such as zero-
phase-shifters (n = 0) for power combing in CMOS mm-wave PAs with very
high-output power. Compared to the coupling by half λ T-line, the zero-phase-
shifter can result in zero-phase coupling with low loss and compact area.

Recently, plasmon polariton-based waveguide structures have been ex-
plored for low loss energy transfer [166, 167, 168, 59, 60, 169]. As one type of
plasmon polariton-based waveguide structures, magnetic plasmon waveguide
(MPW) has been already applied to the middle distance wireless energy trans-
mission systems [59, 60] as well as one-dimensional sub-wavelength power
transfer in the mm-wave range [166, 167, 168]. Similar to CRLH T-line, MPW
has a zero-phase propagation mode. But it also has several advantages over
CRLH T-line in the CON design. Firstly, MPW has lower propagation loss
in the practical CMOS layout. As introduced in Sec. 2.2.1, there will be a
band-gap in CRLH T-line if the series and parallel resonance frequencies of
unit-cell are not same, which will contribute the propagation loss. On the other
hand, MPW only has one zero-phase mode at the boundary of the stop-band,
where its attenuation factor is zero. Secondly, the plasmon resonators inside
MPW can be easily transferred into oscillator unit-cells by replacing their
equivalent capacitance with transistor-based negative resistance. As such, a
distributed zero-phase CON is proposed with magnetic-plasmon-waveguide
(MPW)-based oscillator unit-cells. When a number of zero-phase oscillator
unit-cells are serially connected in a ring with a centralized placement of ac-
tive devices, in-phase coupling can be achieved with low loss. The resulting
CON output can be significantly improved with a reduced phase noise because
outputs of all zero-phase coupled (ZPC) oscillator unit-cells are synchronized
for an in-phase combination. With the further use of inductive tuning [170],
a wide FTR can be achieved for each ZPC oscillator unit-cell.

In this chapter, firstly, a zero-phase CON with 4 unit-cells is implemented
at 60 GHz in 65nm CMOS process. The measured results show a peak output
power of 2 mW with 2.2% power efficiency, phase noise of -116.7 dBc/Hz at 10-
MHz offset and FTR of 16% from 58 to 69.1 GHz. Secondly, an injection-locked
THz signal source with zero-phase coupled oscillator network is proposed to
provide high output power and low phase noise within compact chip area. A
zero-phase oscillator unit-cell is developed by inter-digital coupler with 0.4-dB
loss at 70 GHz. With four in-phase coupled unit-cells and push-push frequency
doublers, high output power signal is generated at the center of the proposed
CON at 140 GHz. The measured results show a peak output power of 3.5
mW with 2.4% power efficiency, power density (or output power/area) of 26.9
mW/mm2 and 9.7% FTR centered at 133.5GHz.
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5.2 In-Phase Signal Generation by MPW

In this work, a magnetic plasmon waveguide (MPW) with zero phase propa-
gation is introduced in the coupling network design with 2k/N = 0 to largely
improve the output power within compact area. A zero phase propagation is
not only important for power combination but also the phase noise reduction.
The noise coupling network becomes reciprocal in zero-phase mode, and the
phase noise at CON output becomes 1/N of a single free-running oscillator
[77].

The MPW unit-cell can be implemented on-chip by coupled T-line-based
resonator with C contributed by the parasitic capacitances of transistors as
shown in Figure 5.1(a). The two-port Y-parameters for a conventional coupled
T-lines structure can be expressed as [171]:

[

Y 11 Y 12
Y 21 Y 22

]

=

[

−j(Y0o+Y0e) cot θ
2

−j(Y0o−Y0e) cot θ
2

−j(Y0o−Y0e) cot θ
2

−j(Y0o+Y0e) cot θ
2

]

(5.1)

where Y0o, Y0e denotes the odd-mode and even-mode admittance, respectively;
θ = βl is the electrical length of the coupler.

When two identical capacitors (C) are introduced on both sides of the
coupler, the two-port Y-parameters becomes:

[

Y 11′ Y 12′

Y 21′ Y 22′

]

=

[

−j(Y0o+Y0e) cot θ
2 + jωC −j(Y0o−Y0e) cot θ

2
−j(Y0o−Y0e) cot θ

2
−j(Y0o+Y0e) cot θ

2 + jωC

]

.

(5.2)
Equation (5.2) can be converted into S-parameters according to the

Figure 5.1: (a) Equivalent circuit of differential ZPC loaded with par-
asitic capacitance; (b) on-chip realization of inter-digital coupled T-
lines.
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method introduced in [172];
[

S11 S12
S21 S22

]

=

[

1+Z2
0(Y0o cot θ−ωC)(Y0e cot θ−ωC)

∆Y
jZ0(Y0o−Y0e) cot θ

∆Y
jZ0(Y0o−Y0e) cot θ

∆Y
1+Z2

0(Y0o cot θ−ωC)(Y0e cot θ−ωC)
∆Y

]

(5.3)

with

∆Y = Z2
0 [ωC(Y0o + Y0e) cot θ − ω2C2 − Y0oY0e cot

2 θ]

+ jZ0[2ωC − (Y0o + Y0e) cot θ] + 1. (5.4)

As such, the coupling phase (φ) can be expressed as:

φ =
π

2
−tan−1

{

2ωZ0C − Z0(Y0o + Y0e)cotθ

1 + Z2
0 [ωC(Y0o + Y0e) cot θ − ω2C2 − Y0oY0e cot

2 θ]

}

. (5.5)

When the impedance of both ends are perfectly matched (Z2
0Y0oY0e = 1), a

zero coupling phase condition (φ = 0) is satisfied in (5.5) with
[

cot(βl)− ωC

Y0e

] [

cot(βl)− ωC

Y0o

]

= 1. (5.6)

The required physical length l can be derived as

l =
1

ω
√
µε

cot−1







ωC(Y0o + Y0e)

2Y0oY0e
+

√

1 +

[

ωC(Y0o − Y0e)

2Y0oY0e

]2






. (5.7)

Note that (5.7) is obtained as the minimum positive solution of (5.6), which
provides the smallest feature size of zero-phase-coupler in the practical IC
layout.

With an inter-digital configuration layout, as shown in Figure 5.1(b), lower
coupling loss can be achieved [173]. The coupling coefficient in zero-phase
mode |S21ZP | can be derived from (5.3) and (5.6):

|S21ZP | =
∣

∣

∣

∣

(Y0e cot θ − ωC)− (Y0o cot θ − ωC)

(Y0e cot θ − ωC) + (Y0o cot θ − ωC)

∣

∣

∣

∣

, (5.8)

which can be optimized for the start-up condition by a higher odd-mode ad-
mittance (Y0o) or a lower even-mode admittance (Y0o).

Clearly, a low loss can be obtained by a much smaller physical length l and
a lower Ye for multiple ZPC-based oscillator unit-cells under the zero-phase
condition. Compared to the conventional coupler design with T-line by single
strip on each side, the proposed ZPC structure can simultaneously increase
Y0o and reduce Y0e, which can be further optimized based on the relation of
coupler length l vs. loaded capacitances and even-mode admittance as shown
in Figure 5.2. The coupling loss needs to be compensated to start oscillation,
which means |S21Gm

| · |S21ZP | > 1, where S21Gm
is the equivalent gain of

shunt negative conductance from active devices.
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Figure 5.2: The calculated l for zero coupling phase vs. loaded capac-
itance and even-mode characteristic admittance at 60 GHz.

5.3 Circuit Prototyping and Measurement

5.3.1 60 GHz CON Signal Source

5.3.1.1 Differential ZPC Unit-Cell

Figure 5.3 shows the schematic and layout to implement a differential ZPC
by the topmost copper layers (M5, M6) and aluminum layer (AL) with inter-
digital coupling topology in 65-nm CMOS process. The average length of
the coupler is 182µm. The sizes of transistors are pre-determined by the re-
quired output power and the frequency range. Their parasitic capacitances
are extracted from post-layout simulation as the load of one ZPC. These ca-
pacitances are then incorporated into the EM simulation to satisfy (5.6). The
design satisfies the zero-phase condition at 60GHz as illustrated in Figure 5.4.
In addition, the S11 is smaller than -20 dB and the differential S21 is greater
than -0.5 dB at the vicinity of 60 GHz, which confirm a low coupling loss.
As a comparison, a conventional coupler using two coupled T-lines with the
minimum allowed gap (1.5 µm) is also simulated. With the same capacitance
load (40 fF), the proposed ZPC obtains 2-dB better S21, leading to a lower
coupling loss. The propagation constant of the proposed ZPC as illustrated
in Figure 5.5. β is negative before 60 GHz, which presents the left-handed
property. A zero β is achieved at 60 GHz leading to the zero-phase coupling
condition. At the same time, the attenuation constant α is also minimized at
around 60 GHz, resulting in the minimum coupling loss. As shown in Figure
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Figure 5.3: Layout of inter-digital differential ZPC with effective elec-
trical length controlled by MOS switches.

5.5, the negative relative permittivity (εr) realized by the CMOS on-chip ZPC
confirms the metamaterial characteristic.

Figure 5.4: Simulated magnitude of S11 and S21 in dB and phase
of S21 of the proposed coupler structure with comparison of S21
magnitude to the conventional one by coupled T-line.
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Figure 5.5: The extracted dispersion diagram and relative permittiv-
ity (εr).

5.3.1.2 ZPC-Based Oscillator with Tuning

Since a broadband zero coupling phase is desired, based on (5.6) and (5.7) the
frequency tuning can also be achieved by changing the effective length of the
coupler. The inductive loading method [170] is applied to achieve the wide
tuning range. Two metal loops are formed above the coupler in the aluminum
PAD layer (LB). By configuring the on-off status of MOS switches Ma1,2 and
Mb1,2 shown in Figure 5.3, the effective electrical length of the coupler is
changed, which in turn changes ZPC oscillator frequency as shown below

ω0,mn =
1

√

Ceq(Leq +mMA + nMB)
(5.9)

where CeqLeq defines the maximum operation frequency; m = 0, 1, n = 0, 1
denotes the modes of configurations; MA and MB are the loaded mutual
inductances. As such, the minimum FTR without considering varactor tuning
can be calculated by

FTR = 2

[

ω0,00 − ω0,11

ω0,00 + ω0,11

]

. (5.10)

In order to achieve higher FTR, larger MA and MB are required.
The loading capacitance is contributed by the parasitic of the cross-coupled

NMOS pair (M1 and M2), output buffers (M3 and M4) and varactors (D1 and
D2). M1 and M2 provide a negative resistance to compensate the energy loss.
The sizes of M1 and M2 are optimized with the maximum tuning range. The
drain-source current of cross-coupled pair is controlled by a tail current con-
nected NMOS M5, of which the biasing can be adjusted. To facilitate output
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Figure 5.6: Schematic of proposed VCO with differential outputs com-
bined at the center.

impedance matching and isolate the VCO core from peripherals, common
source NMOS M3, M4 are employed as output buffers. The width of M3, M4

are optimized for high output power.

5.3.1.3 60-GHz Zero-Phase-Coupled Oscillator Network

The schematic of the distributed zero-phase-coupled VCO network is shown
in Figure 5.6. Four differential ZPC unit-cells are connected in serial with a
closed-loop. Their power outputs are combined at the geometry center of the
layout. A CPW T-line with 120 µm length and 50 Ω characteristic impedance
is used to connect the center output to the RF PADs. The cross-section of
CPW T-line is also shown in in Figure 5.6. According to the EM-Simulation
at 60 GHz, the CPW T-line has an insertion loss and Q-factor (Q) of 0.1 dB
and 15, respectively. Note that all the tail currents of all oscillator unit-cells
are controlled by the same current mirror with diode-connected NMOS.

5.3.1.4 Measurements

As shown in Figure 5.7, the distributed 4-way ZPC-based CON was fabri-
cated in the UMC 65-nm CMOS process with fT /fMAX of 170/190 GHz.
The core chip area is 330µm×320µm excluding Pads. It was measured on
CASCADE Microtech Elite-300 probe station and Agilent PNA-X (N5247A),
E5052 source signal analyzer with spectrum swept up to 70 GHz. Bias-T,
probe and cable loss are calibrated before the measurements. The proposed
VCO consumes 91-mW DC power under 1.2-V power supply. Note that the
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Out+

Out–

Figure 5.7: Die micrograph of the fabricated 60 GHz VCO chip in 65
nm CMOS.

differential outputs are on different sides of the chip. Since the measurement
is performed at single-ended RF output with GSG Pads, +3 dB is added to
the output power level. In addition, the simulation results are obtained from
Cadence Spectre post-layout simulation.

Figure 5.8 shows the simulated and measured output power of VCO in
each mode. Similar to the simulation results, the measured output power of
VCO is highest when Sa = 1.2 V and Sb = 1.2 V. This is mainly due to
a higher transconductance of NMOS transistors at a lower frequency. The
proposed VCO achieves the highest output power of 2 mW (3 dBm) at VTune

= 0 condition, where the oscillation frequency is 58.1 GHz. The corresponding
maximum DC-RF efficiency is 2.2%, which is defined by POUT /PDC , where
POUT and PDC are the output power and DC power consumption of VCO,
respectively. Figure 5.9 shows four modes of VCO with different frequency
bands obtained from both simulation and measurement, which are generated
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Figure 5.8: Measured and simulated output power and power effi-
ciency of proposed VCO over entire 60 GHz band.

by switching the inductive loadings from Sa and Sb. The entire 60-GHz band
under the IEEE 802.15.3c standard is completely covered in both simulation
and measurement. Note that the measured FTR of proposed VCO is 15.8%
from 58.1 to 68.1 GHz, which is slightly lower than the simulation result
of 16.8% from 58.4 GHz to 69.1 GHz. Figure 5.10 shows the measured and
simulated phase noise at 60 GHz output frequency. The measured phase noise
correlates very well with the simulation results. A -116.7-dBc/Hz phase noise
is observed at 10-MHz offset, which is about 2.5-dB lower than the simulation
result at the same frequency offset.

The performance of the proposed VCO is summarized in Table 5.1 with
comparison of other similar designs at 60 GHz. It can be observed that the
proposed design has the highest output power of +3 dBm, the highest power
efficiency of 2.2% and the widest FTR of 15.8%. Note that the phase noise of
the proposed VCO is very close to the best reported result of -118.8 dBc/Hz
at 10-MHz offset in [174]. However, the output power of the proposed VCO
is almost 10 times (9.6-dB) higher. This leads to the state-of-the-art figure of
merit (FOM) and figure of merit with tuning range (FOMt) as well, which are
defined by the following equations:

{

FOM = PN(∆f)− 20log( fosc
∆f ) + 10log( Pdiss

1mW )

FOMt = PN(∆f)− 20log( fosc∆f × FTR
10 ) + 10log( Pdiss

1mW )
(5.11)

where PN(∆f) is the phase noise at the offset frequency ∆f, fosc is the oscil-
lation frequency and Pdiss is the DC power consumption in mW. The highest
output power and lowest phase noise both confirm the feasibility of applying
the proposed ZPC in mm-wave IC designs. The maximum power density of
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Figure 5.9: Measured and simulated VCO FTR under various switch
configurations to cover 58.3–64.8 GHz continuously.

the proposed VCO is 18.4 mW/mm2, which is more than 8 times higher than
the previous VCO design in [174]. Note that power density is defined as the
output power generated in unit chip area (POUT /ACORE).

Figure 5.10: Measured and simulated VCO phase noise at 60 GHz.
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Table 5.1: Performance Comparison of State-of-the-Art VCO Designs
around 60 GHz

Parameters [162] [154] [77] [174] This Work

Technology 0.13-µm
CMOS

32-nm
CMOS SOI

65-nm
CMOS

90-nm
CMOS

65-nm
CMOS

fosc (GHz) 56.5 102.2 40 57 63.1

FTR (%) 10.3 4.1 10.5 14.3 15.8

Phase Noise
@10MHz
(dBc/Hz)

−108
@10M

−100.8
@10M

−85 @10M −118.8
@10M

−116.7
@10M

Output Power
(dBm)

−18 −30.7 −13 −6.6 +3

Power Efficiency
(%)

<0.16 0.013 <0.1 1.5 2.2

FOM (dBc/Hz) −173.1 −172.45 −162 −184.3 −172.9

FOMt (dBc/Hz) −173.4 −164.75 −162.4 −187.4 −177.3

ACORE (mm2) 0.06 0.0014 — 0.1 0.11

POUT /ACORE

(mw/mm2)
0.26 0.6 — 2.2 18.4

5.3.2 140 GHz CON Signal Source

Figure 5.11 shows the block diagram of the proposed 140-GHz signal source, of
which the core is a 70-GHz CON with four zero-phase-coupled oscillator unit-
cells. Since the output signals after frequency doublers are still in-phase, they
are directly combined at the center of CON to generate a four times higher
output power. The oscillation frequency of CON is controlled by the injection
locking method. Compared to the direct frequency control by a 70-GHz phase
lock loop (PLL) with the bulky and power hungry frequency dividers, the
injection locking method has higher power and area efficiency. In this work,
the 70-GHz injection signal is obtained by doubling the frequency of a 35-GHz
reference input, which can be easily generated by an on-chip or off-chip signal
generator. The design of each circuit block is shown in the following section.

5.3.2.1 Zero-Phase Oscillator Unit-Cell at 70GHz

Figure 5.12 shows the schematic and layout of an on-chip MPW-based oscil-
lator unit-cell with coupled T-line implemented in the topmost copper layer
(M8) and parasitic capacitances from transistors in the 65-nm CMOS pro-
cess. Here an inter-digital coupling topology is deployed to largely increase
the magnetic coupling inside each unit-cell. Both input and output of the
unit-cell are on the same side due to the dumbbell-shaped routing with an ef-
fective length of 40 µm. Switch-controlled inductive loadings by Sa and Sb are
applied to increase the number of the available zero-phase modes of unit-cell
as well as the tuning range of CON. The unit-cell EM-simulation results and
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Figure 5.11: Block diagram of proposed 140 GHz signal source with
center combined output from four 70 GHz zero-phase-coupled oscil-
lator unit-cells.

the dispersion diagram extracted by the method introduced in [175] without
any inductive loadings are shown in Figure 5.13 and 5.14, respectively, where
a very small insertion loss of 0.4dB is observed in zero-phase mode at 70 GHz.
Note that a parasitic capacitance of 40fF from active devices is also considered
in the simulation. Moreover, the metamaterial properties of proposed on-chip
unit-cell design are verified by a similar dispersion diagram to Figure 2.2.1.5
except the loss-induced non-zero α at zero-phase mode.

5.3.2.2 70GHz Zero-Phase Coupled Oscillator Network

The schematic of the 70-GHz CON is shown in Figure 5.15. Four MPW-
based oscillator unit-cells are serially connected in a closed-loop form. Due
to the strong in-phase inductive coupling inside each zero-phase oscillator
unit-cell, the differential output signals at locations A, B, C and D have the
same phase, magnitude and frequency, which are locked to the injected 70-
GHz reference signal with largely amplified strength. The oscillation signal is
generated by compensating the energy loss in each unit-cell with a negative
resistance formed by cross-coupled NMOS pair (M1 and M2). Usually larger
M1 and M2 are preferred to ensure the oscillation condition, but the available
output power will be correspondingly reduced. Additionally, in order to reduce
the impacts of the process variation, a central symmetrical layout is deployed
and all active devices are placed as close as possible to the geometrical center
of CON.
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Figure 5.12: Schematic of on-chip ZPC-based oscillator unit-cell at
70-GHz band with inter-digital coupled T-line and switch-controlled
inductive loadings.

5.3.2.3 70GHz to 140GHz Output Frequency Doublers

Figure 5.16 shows the schematic of four 70-GHz to 140-GHz push-push fre-
quency doublers with center combined output. The 70-GHz differential output
signals at A, B, C and D are coupled to the push-push frequency doubler by
28fF DC-block capacitors. Therefore, all the frequency doublers can be exter-
nally biased to the threshold level (VG1) to maximize the frequency conversion
efficiency. The resulting four in-phase 140-GHz output signals are directly tied
together to generate a high power output signal at the center with a combined
output impedance of 50 Ω. Moreover, a LC resonator-based AC-GND is ap-
plied to reduce the output leakage of the 70-GHz fundamental signal. A CPW
T-line with 210-µm length and 50-Ω characteristic impedance is used to con-
nect the center output to the RF PADs. The cross-section of CPW T-line is
also shown in in Figure 5.16. According to the EM-Simulation at 140 GHz,
the CPW T-line has an insertion loss and Q-factor (Q) of 0.45 dB and 13.5,
respectively.

5.3.2.4 35-GHz to 70-GHz Input Reference Frequency Doubler

Figure 5.17 shows the schematic of the 35-GHz to 70-GHz Reference Frequency
Doubler. One transformer-based balun is deployed to generate a differential
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Figure 5.13: EM simulation results of 70-GHz ZPC with inter-digital
coupled T-line.

Figure 5.14: Extracted dispersion diagram of 70 GHz ZPC with inter-
digital coupled T-line.

35-GHz reference signal to drive M3 and M4, which also have threshold-level
biasing. However, the transformer-based balun suffers from the output mis-
match above 60 GHz. As such, another Marchant balun with inter-digital
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Figure 5.15: Schematic of injection-locked 70-GHz CON with 4 oscil-
lator unit-cells.

Figure 5.16: Schematic of four 70-GHz to 140-GHz push-push fre-
quency doublers with center combined output.

coupling is deployed at 70 GHz to have balanced differential outputs as well
as low insertion loss. As verified by EM simulation in Figure 5.18, the pro-
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Figure 5.17: Schematic of 35 GHz to 70 GHz frequency doubler with
inter-digital Marchand balun at 70 GHz.

posed Marchand balun has an average intrinsic loss of 1.1 dB at 70 GHz. The
magnitude and phase mismatches at 70 GHz are only 0.4 dB and 4 degrees,
respectively. The 70-GHz differential signal is then injected into the CON by a
common source buffer stage (M5 and M6). Figure 5.19 shows the post-layout
simulation results of the entire frequency doubler with 5-dBm reference power.
The conversion gain is above -15 dB in 33–39 GHz. Moreover, a good input
matching is observed with S11 smaller than -6 dB in 33–37.5 GHz.

5.3.2.5 Measurements

As shown in Figure 5.20, the proposed injection-locked 140GHz signal source
is implemented in Global Foundries 65-nm CMOS RF process with fT /fMAX

of 180/530 GHz. The die area including DC and RF pads is 750 × 550 µ2m,
and the CON core area is 0.13 mm2. It was measured on a probe station with
a 6-pin DC probe for biasing, a normal GSG probe for reference signal input
and a D-band GSG to waveguide probe for output, which is connected to the
R&S FSUP signal source analyzer with a D-band waveguide harmonic mixer.
Operating from a 1.2-V power supply, the CON core of signal source consumes
145 mW, while the input frequency doubler consumes another 3.8 mW. Note
that the simulation results are obtained from Cadence Spectre post-layout
simulation.

Figure 5.21 shows the output power obtained from both measurement and
simulation. By controlling the inductive loading modes of MPW unit-cells, the
entire tuning range of signal source from 127 to 140 GHz is covered by three
available bands. Compared to the simulation results, the measured output
power is 0.5 ∼ 2.5-dB higher in 128 ∼ 132 GHz and 1.5 ∼ 3-dB lower in 134
∼ 140 GHz. This is probably due to the process variation. The maximum
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Figure 5.18: EM simulation results of the proposed Marchand balun
at 70 GHz.

Figure 5.19: Post-layout simulation results of the 35-GHz to 70-GHz
frequency doubler.

output power of 5.4 dBm is observed at 132 GHz in mode 2 with a DC-RF
efficiency of 2.4%. Figure 5.22 shows the measured and simulated spectrum of
132-GHz output signal when locked to a 5-dBm reference signal at 33 GHz.
Note that the simulated spectrum is offset to the same output signal power
level at 132 GHz. Compared to the simulation results, a raised noise floor is
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Figure 5.20: Die micrograph of the fabricated THz source in CMOS.

Figure 5.21: Measured and simulated output power of signal source
with three different inductive loading modes.

observed in the measurement within ±25 MHz of 132 GHz. This is probably
contributed by the noise coupled from DC power supplies, because there are
not any de-coupling capacitors in the DC probe. In such case, a phase noise of
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Figure 5.22: Measured and simulated output spectrum of the pro-
posed signal source at 132 GHz.

Table 5.2: Performance Comparison with Recently Published THz
Signal Source

Parameters [153] [161] [156] [160] This Work

Technology 65-nm
CMOS

65-nm
CMOS

SiGe 65-nm
CMOS

65-nm
CMOS

fosc range
(GHz)

113.6–
118.8

100–110 125–138 159–169 127–140

POUT (dBm) −3.5 4.5 3 1 5.4

Power Efficiency
(%)

2.2 5.2 4 1.38 2.4

FTR (%) 4.4 9.5 9.8 6.1 9.7

ACORE (mm2) 0.21 0.18 0.21 0.1 0.13

POUT /ACORE

(mw/mm2)
2.1 15.6 9.5 4.16 26.9

-104.9 dBc/Hz is measured at 25-MHz offset. Moreover, the maximum power
density of the proposed signal source is 26.9 mW/mm2, which is defined as the
output power generated in unit chip area (POUT /ACORE). The performance
of the proposed signal source is summarized in Table 5.2 with comparison
to the recent state-of-the-art THz source designs in both CMOS and SiGe
processes. It can be observed that the proposed design has the highest output
power and power density.
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5.3.3 280 GHz CON Signal Source

Figure 5.23 shows the block diagram of the proposed 280-GHz signal source.
The input of the proposed 280GHz signal source is a 17.5-GHz reference signal,
of which the signal frequency is four times increased by a frequency quadru-
pler. Based on the 35 GHz to 70 GHz input reference frequency doubler in
Sec. 5.3.2.4, the proposed frequency quadrupler is designed with another push-
push frequency doubler with differential signal input at 17.5 GHz. The result-
ing differential 70-GHz reference signal is amplified by the injection-locking
of a 70-GHz zero-phase CON with two oscillator unit-cells, each of which has
already been introduced in Sec. 5.3.2.1. Similar to the 140-GHz signal source
in Sec. 5.3.2, the output signals of two 70-GHz zero-phase oscillator unit-cells
are first frequency-doubled. Then the resulting two in-phase 140GHz signals
are combined at the center of 70-GHz CON to generate a two times higher
140-GHz output power. The combined single-ended 140-GHz reference signal
is further split and converted into two in-phase differential 140-GHz reference
signal by transformer-based baluns. Each differential 140GHz reference signal
is further amplified by injection-lock of a 140-GHz zero-phase CON with four
oscillator unit-cells. The output signals of four 140GHz zero-phase oscillator
unit-cells in each 140GHz CON are also frequency-doubled. Then the result-
ing four in-phase 280-GHz signals are combined at the center of each 140-GHz
CON to generate a four times higher output power at 280 GHz. Two resulting
in-phase 280-GHz output signals are finally combined to have a total eight
times higher output power at 280 GHz. The design of each circuit block is
shown in the following section.

5.3.3.1 Zero-Phase Oscillator Unit-Cell at 140 GHz

Figure 5.24 shows the schematic and layout of an on-chip 140-GHz MPW-
based oscillator unit-cell with inter-digital coupled T-line implemented in the
top most copper layer (M8) and parasitic capacitances from transistors in
65-nm CMOS process. Compared to the 70-GHz oscillator unit-cell in Sec.
5.3.2.1, the size of 140-GHz oscillator unit-cell is about 50% smaller due to
a shorter wavelength at 280 GHz. The unit-cell EM-simulation results are
shown in Figure 5.25, where a very small insertion loss of 1 dB is observed in
zero-phase mode at 140 GHz. Note that a parasitic capacitance of 32 fF from
active devices is also considered in the simulation.

5.3.3.2 140-GHz Zero-Phase Coupled Oscillator Network with
Output Frequency Doublers

The schematic of the 140-GHz CON is shown in Figure 5.26(a). Similar to
the design of 70-GHz zero-phase CON, four 140GHz MPW-based oscillator
unit-cells are serially connected in a closed-loop form to generate four in-
phase differential output signals at locations A, B, C and D with the same
magnitude and frequency, which is injection-locked to the 140-GHz reference
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Figure 5.23: Block diagram of proposed 280 GHz signal source.

signal. The oscillation signal is generated by compensating the energy loss in
each unit-cell with a negative resistance formed by cross-coupled NMOS pair
(e.g., M1 and M2). Different from the 70-GHz CON with external push-push
frequency doubler, the 2nd harmonics of differential signal in 140-GHz CON
are directly extracted from the tail of the cross-coupled NMOS pair shown in
Figure 5.3.3.2. This method eliminates the parasitic capacitance contributed
by the push-push frequency doubler, and enables the CON to operate at a
higher frequency such as 140GHz. However, there are several considerations
when applying this method. First, the biasing network such as a one-side
shorted λ/4 T-line is required at the tail of each cross-coupled NMOS pair
with small resistance at DC and high impedance at the output frequency.
As such, two λ/4 T-lines at 280 GHz are connected in parallel to increase
the power efficiency of the 140-GHz CON. Secondly, the output impedance of
each cross-coupled NMOS pair cannot be flexibly adjusted, because the size
of NMOS transistors are usually maximized to have a large output current.
As such, an additional T-line-based impedance transformer at 280 GHz is
required to convert the output impedance to the targeted value.
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Figure 5.24: Schematic of on-chip MPW base oscillator unit-cell at
140-GHz band with inter-digital coupled T-line.

Figure 5.25: EM simulation results of 140-GHz on-chip MPW unit-
cell with inter-digital coupled T-line.

The optimum output impedance at point “a” is found to be 18Ω by the
load-pull analysis in the post-layout simulation. It is further matched to the
single size output impedance of 152 Ω at point “b” by a λ/4 T-line with
characteristic impedance of 52.3 Ω. Note that the resulting output impedance
for the entire 280-GHz signal source is 76 Ω, which is half of the impedance of
the single branch due to the parallel in-phase power combination. Compared
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Figure 5.26: (a) Schematic of injection-locked 140 GHz CON with 4
MPW unit-cells; (b) 2nd harmonic outputs power combining network.

to the conventional 50 Ω system, a 76 Ω system has a larger voltage to drive
the gate of a CMOS transistor as well as a smaller current to reduce the
propagation loss.

5.3.3.3 70-GHz Zero-Phase Coupled Oscillator Network with
Inter-stage Frequency Doublers

The schematic of the closed-loop 70-GHz CON is shown in Figure 5.27. Since
this 70GHz CON functions as an inter-stage buffer with less stringent output
power requirement, a minimum number of two MPW-based oscillator unit-
cells is deployed to form a loop with a central symmetrical layout. Compared
to the 70-GHz CON design with four oscillator unit-cells in Sec. 5.3.2.1, the
output power is reduced by half as well as the power consumption. As such,
a output power of around 0 dBm can be ensured at 140 GHz.

A 140-GHz power splitter is designed to convert the single-ended 140GHz
reference signal output into two identical differential signals. The layout of the
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Figure 5.27: Schematic of injection-locked 70 GHz CON with 2 MPW
unit-cells.

proposed power splitter is shown in Figure 5.28(a). The inlet single-ended 140-
GHz signal (P1) is first split into two path “a” at point; each of the resulting
single-ended 140GHz signals is further converted into differential signal by a
compact transformer-based balun (25×25µm2) due to the limited inter-stage
chip area. The primary and secondary loops of the transformer-based baluns
are designed in the topmost (M8) and second topmost (M7) copper layers,
respectively. The grounding layer (M1) is removed under the balun to enhance
the inductive coupling between the primary and secondary loops. The phase
and magnitude mismatch between P2 and P3 (P4 and P5) can be improved
by adjusting the trace length and AC-GND locations of the secondary coils,
respectively. A symmetric layout of the whole splitter ensure the magnitude
and phase balance among differential port (P2-P3 and P4-P5) with S21 = S41
and S41 = S51. As verified by EM simulation in Figure 5.3.3.3, the proposed
the proposed power splitter has an average intrinsic loss of 9 dB at 140 GHz.
The magnitude and phase mismatches at 140 GHz are only 0.7 dB and 5.8
degrees, respectively.

5.3.3.4 17.5-GHz to 70-GHz Input Reference Frequency
Quadrupler

Figure 5.29 shows the schematic of the 17.5 GHz to 70 GHz input reference fre-
quency quadrupler. Based on the frequency doubler discussed in Sec. 5.3.2.1,
the proposed quadrupler is designed with additional push-push frequency dou-
bler from 17.5 GHz to 35 GHz. One transformer-based balun is deployed to
generate a differential 17.5 GHz reference signal to drive M1 and M2. Figure
5.30 shows the post-layout simulation results of the entire frequency quadru-
pler with 0-dBm reference power. The conversion gain is above -20 dB in 16
∼ 19 GHz. Due to the low coupling factor between the primary and the sec-
ondary coil in on-chip transformer-based balun at 17.5 GHz, the input S11
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Figure 5.28: 140 GHz power splitter from one single-ended input
to two differential outputs. (a) On-chip layout, (b) EM-simulation
results.

is only smaller than -6 dB in 16 ∼ 17.3 GHz. This can be resolved by the
additional matching network in PCB.

5.3.3.5 Simulation Results and Discussion

The proposed injection-locked THz signal source is implemented in the 65nm
CMOS RF process with the Cadence layout shown in Figure 5.31. It has a
total area of 750 × 550 µm2, and a core area of 0.12 mm2 including CONs at
70 GHz and 140 GHz. A post layout simulation is conducted to evaluate the
performance of the proposed 280-GHz signal source. Operating from a 1.2-V
power supply, the core of signal source consumes 288 mW, while the input
frequency quadrupler consumes another 7.6 mW.
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Figure 5.29: Input reference frequency quadrupler from 17.5 GHz to
70 GHz.

Figure 5.30: Post-layout simulation results of 17.5 GHz to 70 GHz
quadrupler.

Figure 5.32 shows the simulation results of output power. By adjusting
the reference signal around 17.5 GHz with 0-dBm power level, a 10.5% tuning
range centered at 286 GHz is obtained. The maximum output power of 1.9
mW is observed at 276 GHz with a DC-RF efficiency of 0.66%. Moreover, the
maximum power density of the proposed signal source is 31.1 mW/mm2. The
performance of the proposed 280 GHz signal source is summarized in Table
5.3 with comparison to the recent state-of-the-art THz signal source designs
in CMOS process. It can be observed that the proposed 280 GHz signal source
has the highest power density as well as the outstanding output power and
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Figure 5.31: Cadence layout of the proposed 280 GHz source in
CMOS.

Figure 5.32: Simulated output power of the proposed 280 GHz source
in CMOS.
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Table 5.3: Performance Comparison with Recently Published THz
Signal Sources

Parameters [176] [177] [178] [179] This Work
(Simulated)

Technology 65-nm
CMOS

65-nm
CMOS

65-nm
CMOS

65-nm
CMOS

65-nm
CMOS

Center Fre-
quency (GHz)

290 294 288 256 286

FTR (%) 4.5 1.1 1.7 6.5 10.5

POUT (dBm) −1.2 −3.3 −1.5 4.1 2.8

Integrated DC
Bias Network

NO YES NO NO YES

DC Power (mW) 325 258 275 227 288

Power Efficiency
(%)

0.23 0.19 0.25 1.14 0.66

ACORE (µm2) 600×600 630×330 240×150* 640×470 180×340

POUT /ACORE

(mw/mm2)
2.1 2.3 19.7 8.2 31.1

∗The area of the power combining network is included in the core area calculation.

power efficiency performance. The output power of the proposed design is
slightly lower than [179] due to integration of DC bias network, which will at
least contribute 1.5-dB loss to the output signal. Note that a signal source with
DC Bias Network can be directly used for on-chip integration with function
blocks such as a mixer or antenna.

5.4 Conclusion

The CMOS high-output power signal sources are demonstrated from mm-wave
to THz by coupled oscillator network with ZPC-based oscillator unit-cells,
which helps greatly increase the output power and efficiency by the in-phase
power combination. The fabricated 60-GHz VCO in 65-nm CMOS has a com-
pact core chip area of 0.11 mm2, and it is measured with 2-mW output power,
-116.7-dBc/Hz phase noise at 10MHz offset, and 15.8% frequency tuning range
(FTR) centered at 63.1 GHz. The fabricated 140GHz signal source with in-
jection locking in 65-nm CMOS has a compact core chip area of 0.13 mm2,
and it is measured with 3.5-mW peak output power, 2.4% power efficiency,
26.9-mW/mm2 power density and 9.7% FTR centered at 133.5 GHz. A 280-
GHz high-power signal source is designed by connecting the 2nd harmonic
outputs of two 140GHz CONs in parallel, which are both injection locked
with the same phase and magnitude. It is simulated with an output power of
+2.8 dBm, a power efficiency of 0.66%, and a frequency tuning range of 10.5%
from 272 GHz to 302 GHz. In the following section, CMOS-based THz signal
detection will be discussed.





Chapter 6

Phase-Locked Loop

6.1 Introduction

Recently, with the increasing demand for high-data-rate communication sys-
tem such as 60GHz band applications, the requirements for integrating PLLs
with an on-chip transceiver becomes more challenging. The conventional
methodology to achieve fully coverage of the IEEE 802.15.3c 60GHz band
(58.3–64.8GHz) by using multiple capacitor bands seems to be a good can-
didate. However, the quality factor of the tuning capacitor implemented by
MOSFET varactors is low at such high frequency, leading to lower drivability
of the VCO which in turn may make the VCO fail to lock the prescaler. In-
stead of using capacitive tuning in the VCO, in this chapter, a novel 60GHz
VCO using inductive tuning by switching return path is employed to cover
the whole band with high output power almost unaffected. The PLL provides
the four source frequencies defined by the IEEE 802.15.3c 60GHz communi-
cation standard with the attained phase noise suitable for various short-range
applications.

Figure 6.1 shows the schematic of the designed 60-GHz PLL. It mainly
consists of a 60-GHz VCO, a divider chain, a phase frequency detector (PFD),
a charge pump, a law pass filter (LPF) and a reference clock. The 60-GHz
VCO adopts the proposed symmetric inductive tuning method in Chapter
4 to achieve a wide FTR. The divider chain includes a 60-GHz divide-by-2
divider, a 30-GHz divide-by-2 divider, a dynamic current-mode logic (DCML)
divide-by-4 divider, and a programmable divider. The LPF is realized off-chip,
and the reference clock is generated through a 54-MHz crystal oscillator.

Figure 6.2 shows the implemented layout of the 60-GHz PLL in GF CMOS
65-nm technology, with an active area of 0.68 × 0.64 mm2 excluding pads.
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Figure 6.1: Schematic of designed CMOS 60-GHz PLL.

Figure 6.2: Layout of designed CMOS 60-GHz PLL.

One testing point is inserted after the DCML divider for tuning of bias and
debugging.

Voltage-controlled oscillator (VCO) and high-frequency dividers are two
major designing blocks in PLL at 60 GHz. Considering the required wide-
band at 60 GHz and process variation in nano-scale CMOS, a wide frequency
locking range is typically required for 60-GHz PLL design, which demands
the wide frequency-tuning-range (FTR) of VCO and wide locking range of a
divider. In the following sub-sections, the design details for the VCO and a
high-frequency portion of divider chain are provided.
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6.2 60-GHz PLL Design

The proposed new inductive tuning in Chapter 4 is utilized for VCO design
in the 60-GHz PLL. To achieve a wide FTR with maintained phase noise
performance, the VCO prototype presented in Section 4.4.3 with symmetric
inductive tuning is selected.

Various frequency dividers have been explored for different applications.
Generally, frequency dividers can be classified into digital and analog classes.
The digital class of dividers can be sub-divided into current-mode logic (CML)
dividers [180] and dynamic divider [181]; and the analog class of dividers can be
sub-divided into Miller dividers [182] and injection-locked frequency dividers
(ILFD) [183, 184, 185]. Dynamic dividers are easy to design that operate at
low frequency with wide range and variable division-ratio. CML and Miller di-
viders can operate at higher operating frequency with wide locking range, but
usually suffer from high power consumption. Compared with Miller frequency
dividers and CML dividers, ILFD can achieve higher operating frequency with
lower power consumption. Its major limitation, however, is the limited locking
range.

In the design of the divider chain in 60-GHz PLL, according to different
operating frequencies, the choice of the divider structure in each dividing stage
will be different. The first stage divider operates at the highest frequency in the
divider chain, and thus the ILFD is usually employed. The last stage divider
operates at the lowest frequency in the chain, and thus a dynamic divider is
usually employed due to the simple structure and variable division-ratio. The
remaining stages can be designed with CML and Miller dividers for their wide
locking range. The major challenge is to design the first stage divider with a
wide locking range to cover the wide frequency range at 60 GHz. To increase
the locking range of the ILFD, varactors are usually deployed to tune the self-
oscillation frequency of ILFD. However, a large varactor will severely degrade
the phase noise of ILFD and PLL. Capacitor banks can be used to realize
multi-band operation [183]. However, as frequency scales up to 60-GHz, the
large parasitic capacitance from the capacitor bank becomes too large and the
quality factor of capacitor decreases significantly [145, 186].

As introduced in Chapter 4, inductive tuning has recently become a
promising substitute to replace the capacitive tuning, and is used in 60-GHz
VCO design to realize a wide FTR. Besides a wide FTR, inductive tuning can
also provide the benefit of isolated DC noise from the tuning element. The
same mechanism could be used in high-frequency divider design to realize a
large locking range. In this section, an inductor-loaded transformer is intro-
duced into the conventional ILFD structure to improve its locking range by
creating multiple frequency bands.

The locking range (LR) for an injection locked oscillator is given by [184]

LR =
1

2Q
· Iinj
Iosc

· 1
√

1− I2
inj

I2
osc

(6.1)
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where Iosc, Iinj and t are the oscillator and injection current and quality
factor of the LC-tank, respectively. Thus, for larger LR, the quality factor of
the LC-tank should be balanced. The second important consideration of LR is
on the effective injection current (Iinj) reaching the oscillator core. To enhance
the LR, the internal injection power while using the same external injection
should be maximized. The input signal can be injected at the tail-node or
direct across the LC-tank [187]. Due to the loss of injection power in the
parasitic capacitance of the tail-node injection, direct injection is employed to
improve the injection efficiency in this work.

The introduced switching inductor loaded transformer in Chapter 4 is uti-
lized here for the 60-GHz divider design, where one new type of ILFD is
proposed in this section. As shown in Figure 6.3, the input injection tran-
sistor is placed across the LC-tank. The cross-coupled transistors generate
negative Solid-State Circuits and resistance to compensate the energy loss in
the LC-tank. The injection locking will occur when the self-oscillation fre-
quency of the ILFD is close to the half of the input signal. The switching
inductor loaded transformer can change the inductance of the LC-tank, and
then finally change the self-oscillation frequency, which leads to multi-band
operation for a wide locking range.

Figure 6.3: Schematic of switch-inductor loaded transformer-based
ILFD.



Phase-Locked Loop � 139

Figure 6.4: Schematic of the 30-GHz ILFD.

Figure 6.5: Schematic of the 60-GHz divider chain.

In addition to the divide-by-2 operation, another two divide-by-2 dividers
are implemented at a lower frequency region to realize a divide-by-8 divider
chain. The second stage divider is implemented with Miller divider topology
[182] as shown in Figure 6.4. Transistors M3 and M4 are designed with smaller
size than M1 and M2 to lower the Q-factor in LC tank, thus increasing the
locking range. M5 and M6 are dummy transistors to provide a balanced match-
ing condition for differential inputs. The third stage divider is implemented
with a common CML topology. Figure 6.5 shows the schematic for the whole
60-GHz divider chain.
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6.3 Circuit Prototyping and Simulation

The designed 60-GHz PLO prototype is implemented in Global Foundries
65nm CMOS 1P8M technology as shown in Fig. 6.6 with a die size of 700µm ×
680µm excluding pads. Both the 60-GHz VCO and 60-GHz divider chain have
been fabricated separately with measurement results. The VCO measurement
was shown in Section 4.4.3.

6.3.1 Divider Measurement Results

Figure 6.7 shows the chip micro-photo of the fabricated divider, which occupies
a core area of 0.058 mm2. The DC power of the ILFD is 6.3 mW under 0.75-
V power supply. The whole divider circuit is designed and verified with EM
simulation (ADS-Momentum) before fabrication. The measurements are then
done on a CASCADE Microtech Elite-300 probe station with Agilent PNA-X
spectrum analyzer.

Figure 6.8 shows the measured input sensitivity curve. Two sub-bands are
clearly observed by switching inductor loaded transformer. The first sub-band
has a free-running frequency around 63 GHz, and the second sub-band has a
free-running frequency around 66 GHz. The input power is 0 dBm, and the
locking range for the first band is from 60.8 to 65.1 GHz, while the locking

Figure 6.6: Chip micrography of 60-GHz PLL in Global Foundries 65
nm technology.
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Figure 6.7: 60-GHz divider chain die photo.

Figure 6.8: Measured sensitivity curve of the 60-GHz ILFD.

range for the second band is from 64.7 to 67GHz. The obtained total locking
range is thus 9.7% from 60.8 to 67 GHz, with a center frequency of 63.9
GHz. Figure 6.9(a) shows the ILFD output spectrum at 63 GHz after the first
division, where a 31.5-GHz signal is obtained. The functionality of the full
divider chain is also examined. Figure 6.9(b) shows the divide-by-8 divider
chain output spectrum at 63 GHz, where a 7.875-GHz output is obtained.
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(a) (b)

Figure 6.9: Measured divide-by-2 and divide-by-8 output spectrums
at 63-GHz input signal.

6.3.2 PLL Simulation Results

The designed PLL is simulated in Cadence. Figure 6.10 shows the transient
simulation of the locking process at the 3rd band (62.64 GHz). The control
voltage is settled to 783 mV at around 7 µs.

Figure 6.10: Simulated locking process of designed 60-GHz PLL at
62.64 GHz.
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Table 6.1: Simulated DC Power Comparison

Building blocks Current
(mA)

Supply
(V)

Power
(mW)

Charge Pump 2 1.2 2.4
PFD

Programmable Divider 1.85 1.2 2.22
Shaping Buffer

DCML /4 divider 3 1.2 3.6
30 GHz divider 5.5 1.2 6.6
60 GHz divider 9 0.8 7.2

LO buffer 15 1.2 18
Oscillator 22 1.2 26.4
Total 66.4

Table 6.2: Performance Summary and Comparison with State-of-the-
Art CMOS 60-GHz PLLs

[188] [189] [190] [191]
This
work
(sim.)

Technology (CMOS) 90nm 90nm 90nm 65nm 65nm
VCO tuning range

(GHz)
61.1-
63.1 58-60.4 78.1-

78.8
75.6-
76.3 57-65.5

Phase noise (dBc/Hz
@1MHz) -80 -85.1 -85 -85.3 -95

-89
Supply (V) 1.2 1.2 1.2 1.2 1.2

Reference freq. (MHz) 60 234.1 75 700 27
Power (mW) 78 80 101 73 66.4

Core area (mm2) 0.36 0.95 0.62 N.A.
0.41 (w/o
LPF)

Table 6.1 summarizes the DC power consumption in each block of the
PLL. The total power consumption is 66.4 mW including buffers.

The PLL performance is summarized in Table 6.2 with comparison to
state-of-the-art CMOS 60-GHz PLLs. Our work can provide a wide tuning
range (57–65.5 GHz) with good phase noise performance (-95 dBc/Hz @1
MHz).
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Chapter 7

Power Combiner

7.1 Introduction

Power combining can improve output power and PAE at 60GHz [192, 193].
Numerous power combining techniques have been published for 60GHz CMOS
applications [194, 192, 193, 195, 196, 197]. The most straightforward method
is to use a Wilkinson power divider/combiner as implemented in [194]. It has
the advantage of easy implementation, low loss, and good isolation between
ports. However, the required λ/4 transmission like (T-line) occupies a large
area. Two modified techniques are implemented in [193] and [192]. The first
one merges the power combining/dividing function into the existing matching
network, which is still bulky in area. The latter one, on the other hand, uses a
zero-degree power divider instead, which eliminates the resistor and only re-
quires equal-length short T-line and is thus much more compact. However, to
achieve high output power, it still requires many branches to be combined with
a large power combiner area due to its 1D power combining nature. Another
widely explored device for power combining is Transformer. The distributed
active transformer (DAT) has been proven as an efficient method for power
combining [195, 196, 198]. However, the DAT topology limits the number of
combined transistors, which in turn limits the achievable output power. As
a result, to achieve high output power, either a larger DAT size needs to be
adopted or multiple branches need to be used, both of which degrade the
output power density due to its 1D power combining nature. One 2D power
combining is introduced in [199], where an electrical “funnel” is constructed
by 2D T-line network, which still suffers from bulky size for impedance trans-
formation, low PAE and difficulty of matching.

T-line is commonly utilized in power combining topologies to provide
power transmission for the required impedance and phase transformation.

147
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As such, all combined transistors can be periodically loaded in the combining
network where their output powers are merged in phase. Unfortunately, in
many power combiner topologies, a long T-line proportional to wavelength
(λ) is often required to achieve the in-phase power combining of transistors.
Since advanced technology only scales active devices while the passive devices
remain relatively the same size, the power combiner size is normally domi-
nated by the passive elements. As a result, due to the usage of a long RH
T-line, high output power normally leads to bulky combiner size which is not
appealing for mm-wave system integration. On the other hand, CRLH T-line
with its unique phase-change property could be used to replace the RH T-line
with the same chase requirement but much more compact size and lower loss.
In the following section, an active in-phase distributed CRLH T-line network
is proposed to improve the power combining efficiency and with high output
power and high output power density achieved simultaneously at mm-wave
frequency region.

7.2 In-Phase Signal Transmission by CRLH
Zero-Phase-Shifter

In order to achieve high output power/output power density performance with
improved power combining efficiency and wide bandwidth, multiple transistors
need to be periodically loaded in the combining network in compact size with
distributed topology where the output power of each transistor is combined in
phase. With a compact CRLH T-line to replace the traditional RH T-line, the
challenge is how to load transistors in T-line network and have their output
power combined in phase. The loading method for traditional active CRLH T-
line is not feasible for PA design as a negative resistor would pause oscillation.
Alternatively, transistor output power can be in-phase combined by directly
connecting their outputs with zero-phase connections, which can be realized
by the CRLH T-line-based zero-phase-shifter (ZPS) with transistor parasitic
absorbed into the T-line design. Since zero-phase CRLH T-line can realize
in-phase power combining both in parallel and in series, a 2D active CRLH
T-line network is introduced in Figure 7.1.

As shown in Figure 7.1, the power combining is achieved in 2 levels: serial
power combining (1st level) realized in each branch; and parallel power com-
bining (2nd level) further implemented at the output. Active CRLH T-line unit
cells are realized by absorbing the parasitic capacitance of the loaded tran-
sistors into design. In the 1st level combining, by designing the active CRLH
T-line with zero-phase-shift in the target frequency, all transistor outputs in
each branch can be serially combined in phase. The load-pull optimization pro-
cess is also simplified as load-line impedance of all transistors can be viewed
directly fed to output. As a result, the optimized power performance can be
achieved by simply feeding a load impedance Rg=Ropt/N to the output of the
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Figure 7.1: Proposed 2D active CRLH T-line network. By absorb-
ing parasitic C from transistors into zero-phase CRLH T-line design,
in-phase power combining is realized both in series and in parallel,
resulting 2D distributes power combining.

branch, where Ropt is the optimized load-line impedance which can be easily
calculated. For example, for class-A amplifier design, the optimized efficiency
can be achieved by implementing: Ropt = (Vmax − Vmin)/Imax, where Vmax

and Vmin are the maximum and minimum output voltage of transistors for
class A operation and Imax is the maximum output current [200].

Due to the power pre-combining in the 1st level, the size of the parallel
power combiner in the 2nd level can be largely reduced with use of compact
transformers, which perform output matching at the same time. Moreover,
a differential structure could be implemented in both CRLH T-line and PA
with benefits of compact size and reduced loss. As a result, more (>10) power
transistors can be combined for high output power with high power combining
efficiency and wide bandwidth.

Note there may be various connection methods to achieve in-phase power
combining using CRLH T-line-based ZPS. However, the exact zero-phase-shift
is only realized at one frequency point. To achieve wide-band performance, the
ZPS connections for the serial power combining is adjusted to resemble one
distributed amplification topology named single-ended dual-fed distributed
amplifier (SEDFDA) topology [9], but with the bulky λ/2 T-line replaced with
compact zero-phase CRLH T-line, thus achieving wide bandwidth with much
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reduced size and loss. In the following section, the feature of SEDFDA would
be reviewed first followed by detailed analysis for on-chip implementation
toward PA design.

7.3 PA Design with Power Combining Network

7.3.1 SEDFDA-Based PA Design

7.3.1.1 Review of SEDFDA

Wide bandwidth is usually achieved by distributed amplification in the mm-
wave region. One major limitation for traditional distributed PA is its low
PAE. As shown in Figure 7.2(a), each transistor outputs different power; there-
fore the transistors cannot be optimized simultaneously [7]. The power wasted
in the resistive terminations further degrades the efficiency. Both transmission-
line and transistor sizes are tapered in [7] to realize the maximized output
voltage swing at all distributed stages (Figure 7.2(b)). Although each tran-
sistor still outputs different power, the same voltage swings are maintained
due to scaled transistor sizes. However, the large scaling ratio between transis-
tor stages limits the achievable number of distributed stages and thus output
power. Furthermore, resistive terminations still consume power and degrade
efficiency. A new distributed amplifier called the dual-fed distributed ampli-
fier (DFDA) was proposed in [8], which can significantly improve the PAE
limitation for distributed PAs. As shown in Figure 7.2(c), the input signal is
split into 2 paths and fed into both ends of the gate line. The two outputs
from the drain line are then combined again as the output signal. It has been
proven that when a phase-shift of ±nπ (n=0,1,2...) is maintained between
transistors in both gate and drain lines, all transistors can see the same load,
and output the same power [200]. As a result, they can be optimized simul-
taneously. Moreover, the resistive terminations are eliminated in DFDA, and
there is no additional power wasted. As a result, the PAE limitation of dis-
tributed PAs can be resolved fundamentally. DFDA is further developed in
[9] as single-ended to eliminate the need of hybrid. The resulted topology is
shown in Figure 7.2(d), which is called the single-ended dual-fed distributed
amplifier (SEDFDA). Both input and output signals propagate to the open-
circuit ends and are reflected back. Since both forward and reflected signals
add up to each other under certain phase-shift of the T-line, the power gain
is further improved.

Note that both DFDA and SEDFDA require a phase-shift of ±nπ
(n=0,1,2...) to be maintained between transistors in both gate and drain lines.
Since zero-phase-shift (n=0) is impossible to be realized by the traditional
T-line (which introduces phase-shift proportional to the T-line length), λ/2
T-line is used at PCB level to fulfill the phase-shift requirement, which is
however too bulky and lossy for on-chip implementation. One type of meta-
material called composite right/left-handed (CRLH) T-line can be used to
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(a) (b)

(c)

(d)

Figure 7.2: Distributed amplifier (DA) topologies: (a) conventional
DA, (b) tapered DA [7], (c) DFDA [8], (d) SEDFDA [9].

realize a real zero-phase-shift, and is implemented for distributed amplifier
design in [200] and [201] at the PCB level for GHz region applications. How-
ever, at this frequency region, CRLH T-line is too bulky and lossy for on-chip
implementation in CMOS technology.

With frequency pushed into the mm-wave frequency region, such as 60GHz,
the lumped capacitor and inductor to build CRLH T-line structures are more
compact and less lossy and hence feasible for on-chip implementation in CMOS
technology. In this chapter, CRLH T-line-based ZPS is studied for the first
time in on-chip power amplifier design at 60GHz [202]. Detailed design consid-
erations are studied for ZPS to achieve low loss and wide-band performance
for 60GHz PA applications.

Both DFDA and SEDFDA have been analyzed in [200] and [203] but
targeted for PCB design at the GHz level, where T-lines are normally assumed
ideal. For on-chip power amplifier design at 60GHz and beyond, T-lines are
no longer ideal and the amplifier performance can be greatly affected. In the
following, we present the design analysis background of SEDFDA, and then
show the design implications when considering the non-ideal T-line targeted
for on-chip 60GHz applications.

7.3.1.2 SEDFDA Performance Analysis under Ideal T-Line Model

Figure 7.3 shows the equivalent circuit for one N -stage SEDFDA. The upper
half is the gate line and the lower half the drain line. All parasitic components
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Figure 7.3: Equivalent circuit for single-ended dual-fed distributed
amplifier (SEDFDA).

from transistors can be absorbed into the T-line model. Resulted T-lines for
each section in both gate and drain paths are then characterized with char-
acteristic impedance Zg/Zd, propagation constant γg/γd, and physical length
lg/ld. The input impedance and load impedance are termed as ZS and ZL.
Perfect open circuits are assumed for terminations on both gate and drain
lines. The input signal travels along the gate line, meets open-circuit termina-
tion, and is reflected back again. Forward and backward signals add together
to form transistor gate voltage Vgk (for the k-th distributed stage), which con-
trols the corresponding drain current Idk. Assume nS=Zg, gate voltages for
all transistors can be calculated by directly adding the forward and backward
voltages:

Vgk = Vin[e
−kγglg + e−(2N−k)γglg ]. (7.1)

One special property for a distributed amplifier is that transistor drain
voltage (Vdk) is affected by all transistor drain currents. Assume ZL=Zd, with
a similar method as [200], all drain voltages for SEDFDA can be calculated:

Vdk =
gmVinZd (A1+A2+B1+B2)

1 + coth [(N − k) γld]
(7.2)

where A1, A2, B1, B2 are:

A1 = e−kγglg × e−k(γdld−γglg)/2 × sinh[(k−1)(γdld−γglg)/2]
sinh[(γdld−γglg)/2]

,

A2 = e−(2N−k)γglg × e−k(γdld+γglg)/2 × sinh[(k−1)(γdld+γglg)/2]
sinh[(γdld+γglg)/2]

,

B1 = e−kγglg × e−(N−k)(γdld+γglg)/2 × sinh[(N−k+1)(γdld+γglg)/2]
sinh[(γdld+γglg)/2]

,

B2 = e−(2N−k)γglg × e−(N−k)(γdld−γglg)/2 × sinh[(N−k+1)(γdld−γglg)/2]
sinh[(γdld−γglg)/2]

.

(7.3)

The load line impedance for all transistors can then be obtained:

Zdk =
Vdk

Idk
=

Vdk

gmVgk
. (7.4)
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If the same load line impedance can be maintained for all transistors, their
power performance can be optimized simultaneously. For lossless T-line as
in the case for GHz region applications at PCB level, it can be achieved by
maintaining a same phase shift ±nπ (n=0,1,2...) of both gate and drain lines:

Zdk = NZd when βdld = βglg = ±nπ (n = 0, 1, 2 . . .) (7.5)

where βg and βd are the phase constants for T-lines on gate and drain paths,
respectively. In this case, all transistors can be fully utilized, and efficiency of
the whole amplifier depends on that of each transistor. For example, for class-
A amplifier design, the optimized efficiency can be achieved by implementing:
Zdk = (Vmax − Vmin)/Imax, where Vmax and Vmin are the maximum and
minimum output voltage for class A operation and Ieax is the maximum output
current.

The improvement in efficiency can also be observed through the improve-
ment in power gain. With (7.5) satisfied, the power gain can be calculated
as:

Gain =
Pout

Pin
= 4N2g2mZgZd (7.6)

which is 16 times larger than the conventional distributed amplifier with the
same number (N ) of transistors.

However, for on-chip distributed amplifier design at 60GHz and beyond,
T-lines can no longer be assumed as ideal. Large parasitic components of tran-
sistors which are absorbed into the T-line design further degrade its perfor-
mance. Both loss and phase error on the T-line can severely degrade amplifier
performance, and therefore should be taken into consideration with detailed
analysis as shown below.

7.3.1.3 Effect of T-Line Loss on SEDFDA

As frequency pushes up into the mm-wave region and transistor size shrinks
down to below 100nm, the lossy substrate, thin metal layer, and strong cou-
pling between them severely degrades the quality factor of passive components.
What is worse, the large and low-Q parasitics of the transistor, which are ab-
sorbed into the T-line design, can severely degrade the effective Q-factor of
T-line. For a practical on-chip amplifier such as the PA design at 60GHz, loss
on T-line must be taken into consideration.

Recall that (7.5) and (7.6) assumed ideal T-lines in both gate and drain
paths, i.e., where αg and αd are the attenuation constants for T-lines on gate
and drain paths, respectively. For the practical on-chip design, αA and αd can
no longer be assumed zero and are used to represent the loss on T-line. As a
result, the conclusion in (7.6) can be affected.

The impact of T-line loss to the SEDFDA design is further illustrated
by one simulation example. Figure 7.4 shows the impact of T-line loss on
SEDFDA power gain. Here gm is assumed to be 20mS and characteristic
impedance on both gate and drain lines are set as 50ω. Loss per distributed
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(a)

(b)

Figure 7.4: Effect of T-line loss on SEDFDA performance.

stage on T-lines are defined as αg lg (αdld) and assumed identical on both
gate and drain paths. As Figure 7.4(e) shows, loss on the T-line severely
degrades the power gain in an exponential manner. For example, for a 10-
stage SEDFDA, the power gain reduces from above 25dB to below 0dB as loss
on the T-line increases from 0dB/stage to 2dB/stage. It can also be observed
that the impact of loss on power gain becomes more severe as the number of
stages (N ) increases. This can be understood because as N increases the signal
needs to propagate through more lossy stages to the output and therefore it
experiences more degradation. As a result, there exists an optimum N for a
specific value of loss in order to achieve the highest power gain. This optimum
N decreases as loss per stage increases. In other words, loss on the T-line limits
the maximum number of stages that can be implemented in the SEDFDA.

The advantage of SEDFDA over the conventional distributed amplifier
is its improvement on power gain and efficiency. As (7.6) shows, an ideal
SEDFDA can improve power gain by 12dB, and improves the efficiency pro-
portionally. However, as loss in T-line increases, this advantage gradually di-
minishes. Figure 7.4(b) shows the impact of T-line loss on the power gain
improvement, which is calculated by dividing the obtained power gain by the
power gain of a conventional distributed amplifier with the same number of
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stages and with ideal T-line. As shown in Figure 7.4(b), in a high-loss region
the gain ratio decreases below 0dB. This effect again becomes more severe
as N increases. In other words, loss on the T-line again limits the maximum
number of stages (N ) that can be implemented in the distributed amplifier.
For example, with loss of 2dB per stage, SEDFDA with stage number above 2
can have no advantage over conventional topology (with ideal T-line) on power
and efficiency performance. Note that although identical loss is assumed on
both gate and drain lines for easy simulation, a similar conclusion can be
drawn if divergent losses are used.

7.3.1.4 Effect of T-Line Phase Error on SEDFDA

As mentioned above, the performance of SEDFDA is optimized when phase
shift in both gate and drain lines are identical and equals to ±mπ (n=0,1,2...).
It is relatively easy to keep identical phase shift in gate and drain line, but
very difficult to maintain the phase shift to a fixed value. The major reason is
that phase shift in T-line is often frequency dependent. At 60GHz and beyond
it is very expensive to implement phase compensation with extra circuits, and
the large process variation further degrades the problem. Here we denote the
difference between actual phase shift and target value as the “phase error”
and analyze its impact on SEDFDA power performance.

Recall that to obtain the conclusions in (7.5) and (7.6) the phase shift
condition βdld = βglg = ±nπ(n = 0, 1, 2 . . .) must be satisfied, where βg and
βd are the phase constants for T-lines. The identical phase shift (βdld = βglg)
is relatively easier to achieve and is assumed βl. Since we target a phase shift
of ±nπ, the phase error can then be represented as mod(βl, π).

Figure 7.5 shows the simulation result, with the same parameters used as
an Figure 7.4. The phase error per stage is swept from -20◦ to +20◦. As Figure
7.5 shows, the power gain degrades as phase error increases. Since phase error
is normally proportional to frequency shift, this gain drop determines the
bandwidth of SEDFDA. It also explains the trade-off of SEDFDA bandwidth
over the conventional distributed amplifier, since the conventional topology
only requires identical phase shift in gate and drain lines, and therefore has
no such bandwidth limitation.

It can be observed again that as number of stages (N ) increases, the power
gain degradation by phase error becomes more severe. As a result, phase error
on T-line also limits the maximum number of stages that can be implemented
in SEDFDA.

7.3.1.5 CRLH T-Line-Based SEDFDA

As discussed above, both loss and phase error of T-line can degrade SEDFDA
performance and also limit the number of stages (N ) to be implemented. As
will be shown in the following session, the value of N affects the power handling
capability of the proposed Po topology when using SEDFDA. A T-line that
can achieve a phase shift of ±nπ (n=0,1,2...) with low loss and small phase
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(a)

(b)

Figure 7.5: Effect of T-line phase error on SEDFDA performance: (a)
3D diagram, (b) contour diagram.

error is thereby required. Unfortunately, a 0◦ phase shift cannot be obtained
in nature when using the traditional T-line since its phase-shift is proportional
to a non-zero length. As a result, λ/2 T-line is used instead at PCB level for
SEDFDA design, which achieves a phase shift of 180◦. When implemented on
chip, this T-line is very bulky and lossy. Furthermore, its large phase shift
(π) means a small percentage change can lead to a large phase error, which
severely limits the bandwidth. As a result, a traditional T-line approach is
impractical for on-chip implementation of SEDFDA.

Alternatively, one non-resonant type metamaterial T-line called CRLH T-
line is shown to be able to achieve a real zero-phase-shift, and can be utilized
to replace λ/2 RH T-line for SEDFDA-based on-chip PA design at 60GHz
with compact size, low loss and wide bandwidth.
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Except for compact T-tine size itself, zero-phase CRLH T-line also al-
lows more compact design of the whole distributed amplifier topology. In
distributed amplifier design, as parasitic capacitance in transistor is to be ab-
sorbed into the T-line design, the effective T-line is realized with the lumped
model. Figure 7.6 shows the lumped model of a traditional RH T-line. By
equalizing Zn and Zn+1, following impedance is obtained:

Zn = Zn+1 =

√

L

C
−
(

ωL

2

)2

+ j
ωL

2
, (7.7)

where n is the distributed stage number, which is the cut-off frequency of
traditional RH T-line. At low frequency, the term approaches 0, and Zn is

roughly equal to the T-line characteristic impedance Zo =
√

L
C . However,

as ωL
2 becomes more significant at higher frequency, Zn deviates from Z o,

causing an impedance mismatch which degrades distributed amplifier’s gain.
Furthermore, as the Smith Chart in Figure 7.2 shows, due to the additional
term, the obtained Zn moves in a circle near Z o as n changed. The radius of
this circle increases as ωL

2 increases, leading to large impedance variation in
different distributed stages. As a result, the power performance is degraded
as transistors cannot be optimized simultaneously. In order to achieve proper
operation in high frequency such as the mm-wave region, the inductance L
needs to be reduced to keep ωL

2 small. For a given Z o, the capacitance C
needs to be reduced proportionally. As large portion of C cores from parasitic
capacitance in transistor, the transistor size in each distribution stage has to
be reduced as well. As a result, in order to maintain the total transistor size
and thus output power, more distributed stages need to be designed, which
leads to larger layout size and lower output power density.

Zero-phase CRLH T-line, on the other hand, does not have this problem.
As illustrated by Figure 7.3, the impedance at each distributed stage can be
matched exactly to the designed impedance and is irrelevant to the transis-
tor parasitic or designed frequency. As a result, large transistor size can be
adopted with reduced distributed stages, leading to a compact distributed
amplification.

7.3.2 ZPS-Based 2D Distributed Power Combining
for PA

Since low output power/output power density and narrow bandwidth are two
primary design challenges for CMOS PA it 60GHz, a new power combin-
ing topology is introduced to simultaneously improve PA’s output power and
bandwidth performance. One straightforward approach is to merge one power
combining topology with high power combining efficiency and distributed am-
plification with wide bandwidth.



158 � Design of CMOS Millimeter-Wave and Terahertz Integrated Circuits

Figure 7.6: Traditional right-handed T-line analysis: lumped model
and Smith Chart. Impedance on Smith Chart is obtained by loading
the theoretical characteristic impedance Zo and varying both param-
eter ωL and stage number n.

Figure 7.7: Zero-phase CRLH T-line analysis: lumped model and
Smith chart. Impedance at various nodes of CRLH T-line model is
plotted on Smith Chart.

7.3.2.1 Design Optimization of ZPS-Based Power Combining

A detailed design consideration can be viewed in Figure 7.8. With bandwidth
performance fulfilled with distributed nature of the proposed topology, PAE
and output power density (Pout/area) become two major targets during PA
design. By knowing the application for the PA, the proper PA class can then
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Figure 7.8: Design consideration for the proposed 2D distributed
power combining network.

be selected. Together with the selected technology, ft/fmax optimization, PAE
and Pout/area requirement, and layout skills, the sizing and biasing of the
transistors can be initially determined.

However, the inter-dependency between parameters calls for certain design
iterations. There are mainly three considerations shown in the diagram that
may require design iterations.

1. To improve the power density performance (Pout/area), large size is pre-
ferred for transistors. However, large transistor size brings large parasitic
components, which are the major contributions for Ls and Cp in ZPS
design, which leads to small Lp and Cs to maintain the same operating
frequency, which in turn causes high loss and narrow bandwidth for the
designed ZPS. As a result, PAE is degraded. A compromise therefore
needs to be made between Pout/area and PAE.

2. DC bias of transistors determines PA operating class. Both Pont and
PAE performances for a single transistor is also determined by the bias.
However, DC bias of transistors affects ZPS design through its optimized
load line impedance. As shown in the diagram, given DC bias, for op-
timized performance of all transistors, the load line impedance (Zdk) is
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determined, which in turn determines the characteristic impedance of
the drain line (sd).

A balanced condition (ωs = ωp) is preferred for optimized ZPS perfor-

mance, which leads to a characteristic impedance of Zo =
√

Lp

Cs
=
√

Ls

Cp

according to (). However, the actual parasitic reactance from transistors
(Ls’ and Cp’) is unlikely to follow the above relation for Ls and Cp. As a
result, the size of Lt or Cp needs to be over-designed to generate wanted
id. Again, high loss and narrow bandwidth are caused for the designed
ZPS, which degrades PAE performance. In summary, PAE is affected by
both transistor DC bias and ZPS performance, and a compromise needs
to be made between these two parts.

3. The parallel combining topology not only affects Pout/area and PAE
performances directly through its efficiency, but also affects them indi-
rectly through the output matching. As stated in (7.5), with a fixed load
line impedance Zdk, the characteristic impedance for the drain line is
Zd = Zdk/N , where N is the distributed stages. AssumingM distributed
amplifiers (DAs) are combined in parallel, the output impedance can be
calculated as Zout = Zdk/(MN) if the Zd for all DAs are combined in
parallel, which is the case for zero-degree power combiner.

Though the combiner has the benefit of merging part of the DA design
into itself with reduced loss, a large combining network (large MN ) may
lead to very small output impedance and degrade the whole PA perfor-
mance. In this case, other combining topologies which can combine the
Zd for all DAs in serial may be used, which generates output impedance
of Zout = MZdk/N instead, thus relaxing the stress on output matching.
This is the case for transformer combiners.

In summary, selections and design iterations may be made to choose the
most suitable power combining topology. Note that a zero-degree tower com-
biner is selected for parallel combining in one single-ended PA prototype with
a small 2×2 combining network; while transformers are further implemented
in differential PA prototypes with larger combining networks.

7.3.2.2 Differential Design

The aforementioned 2D distributed power combining topology in Figure 7.8 is
implemented in single-ended manner. However, due to the single-ended topol-
ogy with a large matching network deployed, the benefit to achieve wide-band
high-density power combining is not fully demonstrated.

In this section, we introduce a differential 2D power combining network for
60GHz PA design in 65nm CMOS with further improved output power density.
Transformer matching and neutralization capacitor are also deployed to enable
a larger power combining network with further improved PA performance.
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Figure 7.9: Differential version of proposed SEDFDA PA topology
based on 2D distributed power combining network with the use of
CRLH ZPSs.

With the use of differential CRLH T-line-based ZPS designed, one dif-
ferential 2D power combining network can be realized as shown in Figure
7.9, with benefits of reduced area due to merged parallel inductors and the
elimination of de-coupling capacitors. Moreover, loss is also reduced due to
confined EM field and nullified parasitic at virtual ground in the differential
topology. In addition, the differential topology also allows easy implementa-
tion of techniques such as transformer matching and neutralization capacitor.
Transformer matching provides DC isolation with easy biasing and compact
area. Neutralization capacitor improves stabilization, simplifies matching, and
also boosts gain with minimized external loss.

There are, however, two design challenges for the proposed differential
topology. First, for a differential implementation, it is desired to design the
circuit as symmetric as possible. An asymmetric implementation would cause
mismatch in the differential signals and degrade the pre-mentioned benefits.
However, since transistor pairs, differential ZPS, and differential input and
output terminals are all connected together, it is almost impossible to have a
fully symmetric implementation. Second, the input and output terminals in
Figure 7.9 are on the same side of the power combining network. This would
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Figure 7.10: The proposed layout for differential 2D power combining
network.

lead to long overlapped interconnection, which severely increases parasitics
and degrades performance.

To solve the above-mentioned problems, one novel differential 2D power
combining network is proposed in Figure 7.10. For each differential gate-line
and drain-line, the differential ZPS is implemented in the first distributed
stage only. The differential signals then flow into separate directions to 2
single-ended ZPSs on both sides. In this way, the differential topology can be
maintained highly symmetrical, while input and output terminals are placed
on opposite sides of the power combining network. Though some of the ZPSs
are realized single-ended, the whole topology is still differential, allowing tech-
niques such as transformer matching and neutralization capacitor toward com-
pact matching and stabilization.

7.3.3 Stabilization Techniques

Stability is an important concern for all amplifier designs. Normally, additional
circuit components or special amplifier topologies are required which either
degrade PA’s performance or have more stringent system requirements. In
this section detailed analysis is provided for PA stabilization methods at mm-
wave frequencies and possible solutions to minimize the risk of instability while
maintaining PA performance from degradation.
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7.3.3.1 Common PA Stabilization Techniques

Neutralization

In the mm-wave region, parasitic capacitance between gate and drain ter-
minals of the transistor forms a feedback loop in common source amplifiers,
which degrades both power gain and stabilization. For differential topology, a
neutralization technique has been widely used recently [72, 204, 205, 206] to
neutralize the feedback signal by introducing a negative path from the drain
of one differential transistor to the gate of the other transistor. As shown in
Figure 7.11, by introducing neutralization capacitors Cneu with similar ca-
pacitive coupling as the parasitic gate-drain capacitance Cgd, the feedback
from the differential outputs cancel each other, and the PA can therefore be
stabilized.

Neutralization technique is widely used recently for differential PA due
to several advantages. Firstly, the topology is very simple. Only two very
small capacitors are required with almost no layout overhead. Secondly, by
neutralization of the feedback from Cgd, S12 of PA approaches 0. The amplifier
becomes near unilateral, thus making input and output matching independent
of each other, which greatly simplifies the matching process. Thirdly, Cneu

actually introduces a positive feedback loop. By properly choosing Cneu value,
in addition to achieving stabilization, the gain of PA can be slightly boosted.

However, the neutralization technique does have some limitations. Firstly,
this technique is sensitive to process variation because the PA is only stable
within a small region of Cneu values. In fact, with a large Cneu value the topol-
ogy shown in Figure 7.11 becomes a cross-coupled transistor pair commonly

Figure 7.11: Neutralization technique for PA stabilization.
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used in VCO to generate a negative resistor. As a result, the PA becomes a
VCO. Secondly, due to additional capacitance loaded on the transistors, the
parasitic of transistors almost doubled. This effect is more significant for input
matching and for more advanced technology, as the gate impedance locates
near the edge of Smith Chart, making the impedance matching narrow band.

Cascode

Cascode topology is commonly used at lower frequency regions for stabiliza-
tion. It also helps to reduce the Miller effect from Cgd and improve power
gain. In addition, cascade topology also shows on advantage for advanced tech-
nology with low break-down voltages. Due to serial connection of transistor
junctions, a higher supply voltage can be used, thus increasing the achievable
output power. However, as frequency pushes higher, the large capacitance at
the source of cascode transistor (Cgs+Cgd) would cause performance degrada-
tion. A matching network such as a serial inductor Ls can be added between
the cascode transistor and the common-source transistor [197, 207]. As shown
in Figure 7.12, the added inductor (Ls) resonates out the two parasitic ca-
pacitors (Cgt and Cgd) by forming a low-pass filter. The penalty is additional
area and loss introduced by the serial inductor. A hybrid design is commonly
used where the previous stages are realized by cascode for stability and higher
gain, while the power combining stage is realized by common source topol-
ogy for better efficiency [197], which however requires multiple supply voltage
levels. Nevertheless, at 60GHz, normal cascode topology can still function
properly without inserted matching network, and is used to achieve a higher

Figure 7.12: Cascode topology for PA stabilization.
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Figure 7.13: RC networks for PA stabilization.

output power with the requirement of a higher supply voltage such as 2V
[192, 196, 208, 209, 210].

RC Network

The most conventional technique for PA stabilization is to use an RC network
[211, 195]. As shown in Figure 7.13, with serial or parallel RC networks, high-
and low-frequency regions can be stabilized, respectively. More specifically, a
parallel RC network put in serial connection forms a high pass topology, with
larger serial resistance introduced at lower frequency region, thus stabilizing
the new frequency. Similarly, a serial RC network put in parallel connection
forms a low pass topology, with smaller parallel resistance introduced at higher
frequency region, thus stabilizing the high frequency. These stabilization tech-
niques can be used by itself or work together with other techniques. Its penalty
is obvious. To achieve a targeted stabilization level, additional losses are often
introduced in the operating region, degrading PA’s power gain and efficiency.

Technique Selection

Three stabilization techniques are summarized above. There are other stabi-
lization techniques. For example, by properly designing the matching network,
the PA can be stabilization without using additional devices [194, 212]. How-
ever, as the matching needs to take stabilization into design consideration, the
performance of PA may not be fully optimized.

Based on the above analysis, the neutralization technique shows the best
performance without additional requirements and is selected in this work.
Although other techniques such as cascode topology and RC network may be
less sensitive to process variation, additional performance penalties or system
requirements can be caused.

In addition to the above introduced stabilization techniques, automatic
digital control could also be used to mitigate PVT-variations [10, 213]. In
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the following section, a power detector is implemented to quantify the output
power level with a DC signal. This DC signal could then be used for possible
self-healing or automatic digital control of PA.

7.3.4 Digital Control

As mentioned above, automatic digital control could also be used to mitigate
PVT-variations [10, 213]. High frequency in the mm-wave region and scaled
CMOS transistor size below 100nm make transistor performance susceptible
go process variation and make accurate modeling of both active and passive
elements very challenging. Furthermore, power amplifier consumes large DC
power and normally generates a high temperature variation. All these varia-
tions would cause the power transistor to deviate from its optimal operating
point, which degrades performances much as output power, efficiency, linear-
ity, gain and stability. Furthermore, the operating environment is also likely to
vary, such as the variation of antenna load impedance. Aging is another con-
cern, where transistor performance would gradually change with time. Auto-
matic digital control provides solutions to all the above issues. With a feedback
loop designed for self-healing, the PA biasing and matching can be automati-
cally tuned for optimal performance.

Except to maintain optimum PA performance, another important func-
tion which can be provided by automatic digital control is to prevent circuit
destruction [88]. The low breakdown voltage provided by scaled CMOS tech-
nologies makes transistors vulnerable to environment change. For example, a
mismatch in antenna load impedance may cause a peak voltage higher than the
breakdown voltage. With automatic digital control, biasing point of transistor
can be monitored and controlled in the safe region, and emergency shutdown
can also be provided. Furthermore, external testing contributes a large por-
tion of expense for circuit production. With the help of on-chip feedback and
digital control, a built-in self-test (BIST) mechanism can be provided which
is much cheaper [10]. In addition, digital control is explored and implemented
for the power back-off.

7.3.4.1 Power Back-Off in PA

Power back-off is often required for PA to conserve battery power, avoid inter-
ference with adjacent channels, and fulfill linearity requirement for adopted
modulation scheme [214, 215, 216]. The power back-off is usually realized
from baseband side by reducing input power to PA. Note that the high out-
put power efficiency region for PA normally locates near P1dB and Psat points.
When input power is reduced, the PA operating point is pulled away from the
high-efficiency region, leading to a large power waste, which is even worse for
CMOS PA design at 60GHz. To maintain high output power efficiency, digital
control can be introduced in PA design with back-off realized by self-tuning,
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which reduces the PA output power along with DC power to maintain a high
efficiency.

There are many techniques to enhance PA output power efficiency
for back-off. A few were successfully implemented at 60GHz and beyond
[204, 214, 215, 216]. Architectures such as the Doherty amplifier, out-phasing,
and envelope elimination and restoration (BER) show boosted back-off ef-
ficiency at low-frequency regions, but have high design complexity or large
power consumption from digital data pre-processing [216]. Multi-mode oper-
ation by turning on and off a different number of PA units is another popular
technique at low frequency [217, 218, 219, 220, 221, 222, 223], but with two
critical design issues at high frequency: power leakage to the PA units that
are switched off, and mismatching due to the impedance variation of PA units
at different modes [214]. There are two recent works [204, 214] with successful
implementations of multi-mode operation at 60GHz. The work in [204] tunes
the matching by shorting part of the power combiner, but the obtained PAE
for low-power mode has a large degradation compared with high-power mode.
The work in [214] isolates the PA units in power-off made by implementing a
bulky quasi-quarter-wavelength transmission line to prevent current leakage.

In this work, power back-off is realized by controlling the current biasing
of transistors without PA switched off during power tack-off. It thus avoids
the power leakage and impedance mismatch issues in [204, 205, 206, 207, 208,
209, 210, 10, 213, 11, 214]. As DC power consumption is reduced along with
output power, high output power efficiency can be maintained.

7.3.4.2 Power Detection

On chip power detection is widely used in mm-wave regions [10, 213, 11, 12,
13]. In addition to providing dynamic bias control to mitigate the effect of
process, voltage and temperature variations (PVT-variations) [10, 213], it can
also be used to cope with antenna impedance mismatch [10, 11], realize low-
cost on-chip built-in self-test (BIST) [10, 12], and provide VSWR protection
with consideration for transistor breakdown and system overload by offering
protection mechanisms such as emergency shutdown [10].

As shown in Figure 7.14, a power detection unit is normally formed by
two parts: a power coupler which senses the output power level, and a power
detector which transfers the sensed signal’s power level to a DC signal. Dif-
ferent topologies are analyzed and designed in this section for power coupler
and power detector, respectively.

Power Coupler

Power coupler senses the output power by coupling a fraction of the output
signal. In mm-wave regions, two types of power couplers are found in literature.
The first type (Figure 7.15(a)), which is also the more common one, is to use
a capacitive coupling from the transmission line feeding to the output port
[10, 11, 12]. The capacitive coupling level is usually designed low so that the
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Figure 7.14: Power detection unit.

(a) (b)

Figure 7.15: Power coupler topologies: (a) capacitive coupling from
output [10, 11, 12]; (b) direct connection from output [13].

output level is merely affected. The coupled signal often goes underneath the
T-line (and its ground if it’s CPW topology) and suffers more loss from the
substrate. Considering the low coupling level, the sensitivity of power detection
is low. The second type of power coupler (Figure 7.15(b)) is proposed in [13],
with the power coupler merged into the DAT power combiner. The power
coupling is achieved through direct line connection. As a result, the output
power level would be affected, and the input impedance for power detector
must be considered as part of the output matching network. The benefit is the
easy connection to power detector and high sensitivity of the power detection
unit.

In this work, power detection is designed with the objective to control the
DC power along with output power and improve PA efficiency during power
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Figure 7.16: Designed capacitive power coupler.

back-off. Therefore, the degradation on output power level caused by power
detection needs to be minimized, while the sensitivity requirement on power
detection is not critical and can be relaxed. As a result, the first type of power
coupler is selected. The designed layout is shown in Figure 7.16. A metal-
plate capacitor is implemented at the conjunction of a two-branch combiner.
The combiner is implemented at top metal level, and the coupled signal is fed
to the power detector through the second top metal level. Since micro-strip
topology is adopted for transmission line design, the resulting power coupler
is very compact.

Power Detector

In the mm-wave region, square-law power detector is commonly used for on-
chip applications [10, 11], with the simplified schematic shown in Figure 7.17.
Coupled signals are fed into differential transistor pair Mn1 and Mn2, with
their output terminals connected together. With an input signal of VIN ±
Vaccosωt, the combined current flowing through the two transistors (Id1+Id2)
can be approximated with a simple square-law equation for CMOS transistors:

Id1 + Id2 = Kn

(

2Veff
2
+ 2V 2

accos
2ωt
)

= Kn

(

2Veff
2
+ V 2

accos2ωt+ V 2
ac

) (7.8)

where Veff = VIN − Vth is an offset which can be canceled through current
mirror. Kn is the coefficient in square-law equation for NMOS transistors Mn1
and Mn2. The amplitude of the AC signal is represented by Vac.

When this current is mirrored through the low-pass filter, the high fre-
quency term V 2

accos2ωt is filtered out. As a result, the output current Iout
becomes proportional to V 2

ac, which represents the power level of the AC sig-
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Figure 7.17: Square-law power detector.

nal (Pac):
Iout ∝ V 2

ac ∝ Pac. (7.9)

As a result, the power level of input signal is detected and represented
by the DC level at output terminal. In this work, however, the output signal
is single-ended, and so is the sensed signal from power coupler, as shown in
Figure 7.16. Therefore, the design in Figure 7.17 is modified to single-ended,
as shown in Figure 7.18. Although the fundamental and odd harmonics of the
AC signal can no longer cancel each other as the differential power detector
does, they can still be filtered out by the low-pass filter as the 60GHz operating
frequency is far away from DC.

7.3.4.3 Digital Control System

The implemented digital control system is shown in Figure 7.19. The power
level of PA output is detected by an on-chip power detector, and is converted
to a digital signal through an ADC that returns a digital input to configure the
PA biasing current, which in turn controls the gain and power consumption
of PA. The power detention unit, 3-bit ADC/DAC are realized on-chip, while
digital signal processing is implemented off-chip. Detailed block designs are
shown in the following section.

7.3.4.4 Circuit Design

Detailed circuit designs for digital control blocks such as power detection unit,
3-bis ADC/DAC, as well at the power amplifier design are presented in this
section.



Power Combiner � 171

Figure 7.18: Designed single-ended square low power detector.

Figure 7.19: Designed digital control system.

Power Detection Unit

The design shown in Figure 7.16 is used for power detection with minimized
degradation of the PA output power performance.

3-Bit ADC

A flash ADC topology is adopted in this work for its simple topology. As Figure
7.20(a) shows, the 3-bit flash ADC contains a resistor-array to generate refer-
ence voltages, 7 comparators to convert the analog input to digital signal, and
a 8-to-3 encoder to convert the 7-bit thermometer code (D7D6D5D4D3D2D1)
to 3-bit digital output (Q2Q1Q0).
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(a) (b)

Figure 7.20: ADC design: (a) flash ADC topology; (b) resistor array
to generate reference voltage.

The layout for the resistor array is shown in Figure 7.20(b), with 16 serial-
connected resistors to generate 7 specific reference voltages from given power
supply. Dummy resistors are used to reduce variation between resistor values.

Seven comparators are used to compare the analog input from power de-
tector and each reference voltage, generating a 7-bit digital thermometer code.
Due to different voltage levels of reference voltages, two types of comparators
are designed, as shown in Figure 7.21. N-type comparator with NMOS input
transistors is used to compare higher-level inputs, while a p-type comparator
with PMOS input transistors is used to compare lower level inputs.

The obtained 7-bit thermometer code (D7D6D5D4D3D2D1) is then con-
verted to 3-bit digital output (Q2Q1Q0) with a 8-to-3 encoder. The layout is
designed based on NAND gate and invertors, as shown in Figure 7.22. The
formula for the encoder is as follows:
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(a) (b)

Figure 7.21: Comparator topologies for ADC design: (a) n-type; (b)
p-type.











Q0 = D6 ·
(

D4 ·
(

D2 ·D1 +D3
)

+D5
)

+D7

Q1 = D5 ·D4 · (D2 +D3) +D6 +D7

Q2 = D4 +D5 +D6 +D7.

(7.10)

Note the digital inputs and their inverts DX are passed to the encoder
through transmission gates and invertors to ensure a similar time delay.

3-Bit DAC

The DAC is used to control the PA’s biasing current based on input digital
signals. A simple comparator is designed to switch different biasing currents.
As shown in Figure 7.23, by using 3 comparators, the obtained biasing current
Ib can be controlled by the DAC inputs:

Ib = Iref × (4 ·DAC3 + 2 ·DAC2 + 1 ·DAC1) , (7.11)

where DAC3, DAC2, and DAC1 are the 3-bit digital input, with which the
biasing current can be varied from Iref to 7Iref .

7.4 Circuit Prototyping and Measurement

7.4.1 60 GHz PA Design with Single-Ended 2×2
Power Combining

One 60GHz Pt prototype with proposed 2D distributed power combining is
implemented in UMC 65nm logic and mixed-mode low leakage low-K CMOS
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(a)

(b)

(c)

Figure 7.22: 8-to-3 encoder for ADC design: (a) Q0, (b) Q1, (c) Q2.

technology with 6-metal layers (1 thick metal layer). The circuit is designed
and verified by EM simulation (ADS-Momentum) before fabrication.

7.4.1.1 60GHz PA Design

With ZPS designed and characterized, the proposed 2D distributed power
combining network is implemented in a PA for demonstration [224]. As shown
in Figure 7.24, a 2-stage PA is designed with a single transistor in the 1st



Power Combiner � 175

Figure 7.23: DAC topology.

Figure 7.24: Schematic of 2-stage PA with a 2×2 distributed power
combining network.

stage as a driver; and a 2×2 distributed power combining array in the 2nd
stage, which has 2 power-combining branches and each branch has a 2-stage
SEDFDA. All transistors are in single-ended common-source topology with
transistor size of 64×1µm/60nm. With a biasing current of 22mA, the simu-
lated ft is 172 GHz. The parasitic capacitances from transistor gate and drain
are absorbed during the ZPS design to realize the distributed amplification.
As a result, the shunt inductor (Lp) in Figure 2.5(b) is resized to a single loop.
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Figure 7.25: Simulated and measured S parameters of PA under 1.2
V supply.

Notice the size of Ls in the gate line is smaller than in the drain line due to
a larger parasitic capacitance at transistor gate.

The power combiner implemented in the 2nd stage only has 2 branches,
mainly due to limitation of the tape-out area. More branches can be used to
enhance the power performance. Moreover, CPW transmission lines are used
as parallel inductors for matching and DC biasing at the same time, therefore
no additional biasing circuit is required.

7.4.1.2 Simulation and Measurement Results

Circuit simulation is done in both Cadence and ADS. The chip is measured on
a CASCADE Microtech Elite-300 probe station and Agilent PNA-X (N5247A)
with frequency-sweep up to 110GHz. Measurement for PA power performance
is done at the center frequency (52GHz) with pads de-embedded.

Figure 7.25 shows the simulated and measured S parameters. An open-
short de-embedding was performed to obtain the results. From simulation,
the maximum gain is at 56.3 GHz with 11.3 dB. A 3-dB bandwidth of 21GHz
is achieved (40.3GHz ∼ 61.7GHz). At 60GHz, a 9.8-dB gain is obtained. The
measured gain, on the other hand, has a peak value of 8.3 dB at 52 GHz. The
3-dB BW is 16GHz (44 to 60GHz). Compared with simulation, the center fre-
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Figure 7.26: Reverse isolation and stability of PA under 1.2 V supply.

quency is not shifted much, but power gain drops 3dB and bandwidth shrinks
5 GHz. Output matching confirms with the simulation while degradation oc-
curs at the input matching. This input mismatch may be due to lack of device
modeling, and can be used to justify the reduction of power gain.

The measured reverse isolation and stability for PA are shown in Figure
7.26. The circuit is unconditionally stable from DC to 110GHz, with reverse
isolation better than -25 dB over the entire range.

In addition, Figure 7.27 shows the measured power performance at center
frequency (52GHz). With 1.2-V supply, OP1dB of 9.7 dBm and tsat of 11 dBm
are achieved. PAE drops to 7.1%. Note that both PAE and output power are
limited by the number of power combining branches and distributed stages,
and can be further improved when a larger 2D power combining network is
employed, as will be demonstrated in the following sections.

Furthermore, Table 7.1 summarizes the presented work with comparison
to the state-of-the-art 2-stage CMOS PAs at 60 GHz. Comparison shows that
the proposed PA can achieve the state-of-the-art performance for all FOMs.

Lastly, Figure 7.28 shows the chip micrograph. Including pads, the PA
occupies an area of 0.39 mm2, which is quite compact when compared to the
traditional design with the use of T-line. Note that the upper part of the
photo is the 60GHz PA with 2×2 power combining network. The lower part
of the photo is the de-embedding structures used to characterize the CRLH
T-line-based zero-phase-shifter.
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Figure 7.27: Measured power and PAE of PA at 52 GHz under 1.2 V
supply.

Table 7.1: Comparison of State-of-the-Art Two-Stage 60 GHz CMOS
PAs

This Work [192] [212] [193] [211]

Tech. (CMOS) 65nm 65nm 45nm 90nm 90nm

Supply (V) 1.2 1.2 1.1 1 1

Gain (dB) 8.3 14.3 6 8.2 5.6

OP1dB (dBm) 9.7 11 11 10.1 9

Psat (dBm) 11 16.6 13.8 11.6 12.3

PAE (%) 7.1 4.6 7 11.5 8.8

BW−3dB (GHz) 16 15 19 13 22

Area (mm2) 0.39 0.46* 0.06* 1.03 0.25

*Excluding pads

In summary, the presented simulation and measurement results have
demonstrated the feasibility of the proposed 2D distributed power combin-
ing as well as the implementation of metamaterial in the mm-wave region by
65nm CMOS technology.

7.4.2 60 GHw PA Design with Differential 2×4
Power Combining

The proposed 2D power combining network with the use of CRLH T-line-based
ZPS is demonstrated in the above section, proving its feasibility for 60GHz
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Figure 7.28: Die micrograph with block illustrations.

CMOS PA design. However, due to the single-ended topology with a large
matching network deployed, the benefit to achieve wide-band and high output
power density is still not fully demonstrated. In this prototype, a differential
power combining network is implemented in 65nm CMOS technology with
improved performances in both power density and bandwidth [225].

7.4.2.1 60GHz PA Design

Differential CRLH T-lines presented in Section 3.2.3 are first designed and im-
plemented in both gate and drain lines in the 2D active CRLH T-line network
to obtain zero-phase-shift with circuit and layout diagrams shown in Figure
7.29. The parasitic capacitances from transistor gate and drain are absorbed
in ZPS design. The designed CRLH T-lines can realize zero-phase shift at
60GHz with compact size of 61µm×81µm and 76µm×81µm in gate and drain
lines, respectively. Note a smaller Lp is implemented in rate line compared to
drain line due to larger parasitic capacitance on transistor gate compared to
transistor drain.

With the designed differential ZPS, one 3-stage PA is implemented with
the central frequency at 63GHz in 65nm CMOS from Global Foundries 1P8M
RF CMOS technology, as shown in Figure 7.30. The first 2 stages work as
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Figure 7.29: On-chip implementation of CRLH T-line (metamaterial)
to realize zero-phase shift in standard CMOS technology for the 60
GHz PA prototype with differential 2×4 distributed power combining
network.

drivers; and a 2×4 distributed power combining array is in the 3rd stage,
which has 2 power-combining branches with each branch being a differential
2-stage distributed PA. Each transistor is in a common-source (CS) topology
with size of 30×1µm/60nm for the first stage; and 60x1µm/60wm for the sec-
ond and third stages. With a biasing current of 14mA, the simulated fmai for
the 60µm transistor is 231GHz. After adjusted in-phase by ZPS, all horizon-
tal distributed amplification branches are vertically combined by transformers,
which simultaneously perform the impedance transformation. Under the dif-
ferential structure, transformers are also adopted for inter-stage matching.
Note one additional compact matching network is used for inter-stage match-
ing between the 2nd and 3rd stages, which may be merged into the differential
ZPS design in the gate line to further reduce area and loss. Moreover, the
stabilization is realized by compact neutralization capacitors.

7.4.2.2 Simulation and Measurement Results

The design is verified by EM simulation (ADS-Momentum) before fabrication.
Figure 7.31 shows the chip micrograph with an active area of 0.268 mm2. It is
measured on CASCADE Microtech Elite-300 probe station and Agilent PNA-
X (N5247A) with frequency-sweep up to 110 GHz. Measurement is done at
the center frequency (63 GHz) with pads de-embedded.

Figure 7.32 shows the measured S parameters with an open-short de-
embedding performed. One can observe that the power gain S21 is 13.2 dB
at 63 GHz with the 3-dB bandwidth of 20 GHz (53 to 73 GHz). The PA is
unconditionally stable over the entire measured frequency range.
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Figure 7.30: Schematic of 3-stage differential PA with differential 2×4
distributed power combining network.

Figure 7.32 shows the measured power performance at 63GHz. Output
power OP1dB of 13 dBm and PAE of 8.7% are achieved with 1-V supply.
Note that the output power performance can be further improved with more
branches combined compactly.

Table 7.2 summarizes the performance of the proposed PA, which demon-
strates wide-band high-density power combining. The performance will be
compared with the state-of-the-art together with the next PA prototype in
the next section.

7.4.3 60 GHz PA Prototype with Differential 4×4
Power Combining and Digital Control

To further improve output power, this section presents another 60GHz PA
prototype with its combining network size increased to 4×4. Though the band-
width is reduced a bit due to much longer signal lines in the output match-
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Figure 7.31: Die micrograph of PA with 2D power combining network
by zero-phase-shifter.

Table 7.2: Performance Summary for the Implemented 60 GHz
CMOS PA Prototype with Differential 2×4 Power Combining

Technology (nm) 65

Supply (V) 1

Gain (dB) 13.2

OP1dB (dBm) 13

Psat (dBm) 13.4

Peek PAE (%) 8.7

BW−3dB (GHz) 20

Area (mm2) 0.268

ing network, the 7-GHz spectrum band at 60GHz can still be fully covered.
Meanwhile, the output power and output power density are further improved,
achieving the state-of-the-art. Both circuits are designed and verified by EM
simulation (ADS-Momentum and EMX). Furthermore, the digital control loop
shown in Figure 7.19 is implemented for PA design to enhance efficiency during
power back-off.



Power Combiner � 183

Figure 7.32: The measured S parameters of PA and its stability factor
with center frequency (63 GHz) under 1 V supply.

7.4.3.1 60GHz PA Design

The designed differential CRLH T-line-based ZPSs implemented in both gate
and drain lines are shown in Figure 7.34, with the parasitic capacitances from
transistor late and drain absorbed in ZPS design. The designed CRLH T-lines
can realize zero-phase shift at 60GHz with compact size of 49µm×76µm and
50µm×72µm in gate and drain lines, respectively.

Figure 7.35 further compares the performance between zero-phase CRLH
T-line and traditional RH λ/2 T-line with transistor parasitic capacitance and
loss absorbed into the design. As the top figure shows, as frequency changes,
the phase shift in zero-phase CRLH T-line varies much slower than λ/2 T-
line. For example, a phase change within ±10◦ can be maintained in the 14
GHz frequency range (53 to 67 GHz) in the designed zero-phase CRLH T-line,
while in λ/2 T-line it can only be maintained in the 4.5 GHz range (57.5 to
62GHz). In other words, zero-phase CRTH T-line can provide a much wider
band performance than λ/2 T-line. The insertion loss is also compared in the
lower figure. By absorbing parasitic capacitance and loss from transistor, the
zero-phase CRLH T-lines show insertion loss below 0.9 dB and 1.4 dB in 50
GHz to 70 GHz frequency range in the gate line and drain line, respectively,
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Figure 7.33: The measured output power and PAE of PA at center
frequency (63 GHz) under 1 V supply.

Figure 7.34: On-chip implementation of CRLH T-line (metamaterial)
to realize zero-phase shift in standard CMOS technology for the 60
GHz PA prototype with differential 4×4 distributed power combining
network.
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Figure 7.35: EM simulation results of both loaded CRLH T-line and
loaded λ/2 T-line for comparison. Slower S21 phase change of CRLH
T-line indicates wider bandwidth, while the dB(S21) plot indicates
lower loss. The dB(S11) plot shows wideband matching.

while λ/2 T-line contributes more than 3dB loss in both gate and drain lines.
In conclusion, the implemented on-chip differential zero-phase CRLH T-line
demonstrates much more compact size, wider bandwidth and lower loss than
λ/2 T-line.

The PA implementation is shown in Figure 7.36 with 3 stages and 58
GHz as the central frequency. The first 2 stages work as drivers; and a 4×4
distributed power combining array is in the 3rd stage, which has 4 power-
combining branches with each branch being a differential 2-stage distributed
PA. Same transistor topology, size and biasing are adopted. As 4 branches are
combined in parallel at the output instead of 2 branches, matching to 50Ω at
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Figure 7.36: Schematic of the 60-GHz PA prototype with 3 stages and
differential 4×4 distributed power combining network at 3rd stage.

the output node would require 200Ω in each branch, which cannot be provided
by in-chip T-line. As a result, signal distribution lines are absorbed into the
output matching network, which reduces the PA bandwidth due to its long
length.

Neutralization technique is used to boost the PA’s performance while en-
suring stability. The risk of mismatch and performance degradation due to
sensitivity of the neutralization capacitor to process variation is minimized by
adopting multiple large-value capacitors connected in serial. Since the capac-
itance of each capacitor is much larger than a single neutralization capacitor,
its sensitivity to variation can be reduced.
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Figure 7.37: Simulated voltage swings on both distributed stages in
the gate line and drain line of designed 2D distributed power com-
biner. Similar voltage magnitude indicates simultaneous power opti-
mization for each transistor, while similar phase indicates in-phase
power combining.

The digital control system is integrated for this PA implementation to
facilitate power back-off with enhanced efficiency. The system view for the
digital control loop is shown in Figure 7.19, where the output power level
is sensed by a power coupler and converted to DC signal through a power
detector. The detected signal is further converted to digital signal through
a 3-bit ADC and passed to off-chip signal processing. The feedback digital
signal is then converted to analog signal through a 3-bit DAC to control PA’s
biasing. The capacitive power coupler designed in Figure 7.16 is selected to
minimize the effect of power detection on PA’s output power performance. The
single-ended square law power detector designed in Figure 7.18 is adopted to
fit the single-ended PA output.

7.4.3.2 Simulation and Measurement Results

Simulation Results

Figure 7.37 shows simulated voltage swings on the transistor gate and drain of
both distributed stages of the implemented differential 2D power combining
network at 60GHz. As the figure shows, both gate and drain voltage swings
have almost the same phase and amplitude in two distributed stages. As a
result, the power performance of transistors in distributed amplifier can be
optimized simultaneously and in-phase combined in series, thus improving
the power gain and efficiency of the whole distributed amplifier.
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Figure 7.38: Die micrograph of the 60 GHz PA prototype with dif-
ferential 4×4 distributed power combining network.

PA On-Chip Measurement Results

The fabricated PA is measured on CASCADE Microtech Elite-300 probe sta-
tion and Agilent PNA-X (N5247A) with frequency-sweep up to 110 GHz.
Measurement is done at the center frequency with pads de-embedded. Open-
short is used for de-embedding.

Figure 7.38 shows the chip micrograph with active area of 0.48 mm2. Figure
7.39 shows the measured S parameters. The power gain (S21) is 17.5 dB at
58.3 GHz with a 3-dB bandwidth of 8.8 GHz (54 to 62.8 GHz). The PA is
unconditionally stable from DC to 110 GHz.

Figure 7.40 shows the measured power performance at center frequency
(58.3 GHz). With a power supply of 1.2 V, OP1dB of 15.9 dBm and Psat of
16.6 dBm are achieved. The peak PAE is 9.74%. Figure 7.41 further shows the
measured power performance at 60GHz band (57 ∼ 64 GHz). Over the entire
60GHz band, >15dBm OP1dB and >16 dBm Psat are observed. The peak
values for OP1dB and Psat are 16.6 dBm and 17.2dBm, respectively. The PAE
maintains above 8% for the entire 60GHz band with a peak value of 11.3%.
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Figure 7.39: The measured S parameters of the PA prototype and its
stability factor under 1.2 V supply. The PA achieves 17.5 dB power
gain at 58.3 GHz with 8.8-GHz bandwidth.

For 60GHz communication, high-order modulation requires linearity, indi-
cated by OP1dB. The measured output power performance of both PA pro-
totypes presented in this section and Section are compared with state-of-the-
art in Figure 7.42 in terms of both output mower (OP1dB) and also output
power density (OP1dh/Area). Note that the PA with a higher output power
(OP1dB) tends to have a lower output power density (OP1dB/Area) due to
extra loss and area. As Figure 7.42 shows, the proposed power combining with
4 branches can achieve the state-of-the-art power performance for both OP1dB

(16.6 dBm) and OP1dB/Area (95.2 mW/mm2). The work in [194] achieves a
higher output power with 4-way Wilkinson power combiners that lead to a
large area and hence lower output power density. The work in [226] achieves a
higher output power with a combination of 16 branches by T-lines and trans-
formers, which largely degrades the output power density. On the other hand,
the work in [195] realizes higher output power density, but the distributed-
active-transformer (DAT) topology limits the number of combined transistors,
which leads to a lower output power.

Table 7.3 summarizes the performance of both PA prototypes presented
in this section with comparison to the state-of-the-art CMOS PAs at 60
GHz with various power combining methods. Both proposed 2×4 and 4×4
distributed power combining with metamaterial-based zero-phase-shifter can
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Figure 7.40: The measured output power and PAE of the PA pro-
totype at center frequency (58.3 GHz) under 1.2-V supply. The PA
achieves 15.9-dBm OP1dB, 16.6-dBm Psat and peak PAE of 9.74%.

Figure 7.41: Measured power performance of the PA prototype over
60-GHz band (57 ∼ 64 GHz), where >15 dBm OP1dB and >16 dBm
Psat are observed with peak values of 16.6 dBm and 17.2 dBm, re-
spectively. The peak PAE maintains above 8% with a peak value of
11.3%.



Power Combiner � 191

Figure 7.42: Power performance (OP1dB and OP1dB/Area) compari-
son of both differential PA prototypes with 2×4 and 4×4 power com-
bining networks with state-of-the-art 60-GHz CMOS PAs.

achieve performance comparable to the state-of-the-art. The 2×4 PA proto-
type realizes 13.2-dB power gain, OP1dB of 13 dBm, Psat of 13.3 dBm, peak
PAE of 11.3%, with a very wide 20-GHz bandwidth (53 to 73GHz). With a
compact core area of 0.268 mm2, output power density of 74.5 dBm·mm−2 is
achieved. The 4×4 PA prototype realizes 17.5-dB power gain, 8.8-GHz band-
width and peak PAE of 11.3%. Most importantly, the 4×4 PA prototype
realizes 16.6dBm output power with 95.2-mW/mm2 output power density, in-
dicating the top output power performance for CMOS PA at 60GHz toward
effective short-range communication.

Digital Control Loop Measurement Results on PCB

The digital control loop is also measured to test its functionality. As shown in
Figure 7.43(a), the output power level of PA is controlled by a 3-bit DAC with
8 modes. Mode 0 turns off the PA completely. Modes 1 to 7 varies the PA’s
output power at center frequency (58.3 GHz) from 10 to 15dBm. Note 1 or 2
dB drop in output power is observed compared to on-chip PA measurement
since PCB bonding is used for digital control measurement, which provides
degraded ground condition with lower supplied DC current. However, the
improvement in PA efficiency during power back-off is fully demonstrated. As
shown in Figure 7.43(f), the drain efficiency of PA is plotted, which varies
from 8% to 5% during power back-off. For a fair comparison, another drain
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Table 7.3: Comparison of Both 60-GHz CMOS PA Prototypes (PA1: with 2×4 Power Combining, PA2: with
4×4 Power Combining) and State-of-the-Art CMOS PAs at 60 GHz with High Output Power by Various Power
Combining Methods

RFIC
’09
[193]

TMTT
’09
[198]

ISSCC
’10
[13]

ISSCC
’10
[194]

ISSCC
’11
[195]

TMTT
’12
[227]

RFIC
’12
[228]

TMTT
’13
[214]

RFIC
’13
[226]

PA1 PA2

Technology (nm) 90 90 65 90 65 65 65 90 40 65 65

Supply (V) 1 3 1 1.8 1 1 1.2 1.2 1.2 1 1.2

Gain (dB) 4.4 26.6 19.2 20.6 20.3 20 20 15.7 29 13.2 17.5

OP1dB (dBm) 12.1 14.5 15.1 18.2 15 12.5 13.5 14.7 17 13 16.6

Psat (dBm) 14.2 18 17.7 19.9 18.6 16 15.6 18.5 22.6 13.4 17.2

Peak PAE (%) 5.8 12.2 11.1 14.2 15.1 6.6 6.6 10.2 7 8.7 11.3

BW−3dB (GHz) 9.5 16 8 8 9 5 7 5.8 N.A. 20 8.8

Core Area (mm2) 0.47 0.55 0.83 1.03 0.21 1.47 1.26 0.39 2.16 0.27 0.48

OP1de/Area
(mW/mm2)

34.6 51.2 39 64.1 150.6 12.1 17.8 76.7 23.2 74.5 95.2

Combiner Topology 4-way
SE

DAT,
2-way
diff.

4-way
difa.

4-way
aE

DAT,
2-way
wiff.

2-way
Sy

DAT,
4-way
difa.

4-way
diff.

8-way
diff.

2x4
net-
work

4x4
net-
work

diff.: differential; SE: single-ended
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(a)

(b)

Figure 7.43: DAC control of PA output power and improved effi-
ciency during power back-off. (a) Comparison of drain efficiency dur-
ing power back-off for PA with and without DAC control to obtain
the sage output power at 58.3GHz. (b) Summarized efficiency im-
provement for different output power level (DAC modes) at different
frequencies.

efficiency curve is plotted by varying the input power to the PA with the
DAC turned off to achieve the same output power level. As shown in Figure
7.43(a), though the PA with DAC control also shows degradation in efficiency
during power back-off due to deviation of biasing from optimum point, the
efficiency is still largely improved compared with PA without digital control.
For example, an improvement of 175% (by dividing the two drain efficiency
values) is achieved for PA efficiency at Mode 1. The improvement in drain
efficiency at different frequencies for different DAC modes and thus different
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Figure 7.44: ADC outputs for PA output power detection at 58.3
GHz.

Figure 7.45: Modification for the power detector design.

back-off levels is further summarized in Figure 7.43(b). An improvement from
170% to 190% is obtained at Mode 1 for the whole 60GHz band.

The power detection for the PA’s output power is further measured with
the results shown in Figure 7.44. Since a square root detector is used which
has output voltage proportional to the square of the signal’s voltage swing,
mm is used for the X-axis. Figure 7.44 shows the measurement results at
center frequency (58.3GHz). The 3-bit ADC outputs 8 digital levels as the
PA’s output power varies from 0 to 0.3 mW.

Note the detectable power range deviates from the originally designed
power range near OP1dB level. This can be explained by the designed tower
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detector schematic shown in Figure 7.45. As the output node Vo1 is a high
impedance point, it is sensitive to process variation. As a result, the transistor
biasing (Vbn) needs to be adjusted to tune the Vo1 level back, which shifts the
power detection range. This problem can be easily fixed by adding an op-amp
after the originally designed power detector circuit to fix the output voltage
level, as shown in Figure 7.45.

7.5 Conclusion

In this chapter, a 2D distributed power combining network is proposed by
replacing the bulky RH T-line in traditional power combiners with compact
metamaterial-typed CRLH T-line. Compared with the RH T-line, CRLH T-
line shows unique features such as nonlinear phase-frequency dependence and
zero-phase-shift capability, and thus can replace bulky RH T-line with the
same functionality but much more compact area. By periodically loading
transistors in a proposed 2D active in-phase CRLH T-line network, transis-
tor outputs can be in-phase combined both in series and in parallel within
a compact area in a distributed manner, thus achieving high output power,
high output power density and wide-band simultaneously. Three 60GHz PA
prototypes with single-ended 2×2 power combining network and differential
2×4 and 4×4 power combining networks are implemented in 65nm CMOS
technology. The 1st PA prototype with single-ended 2×2 power combining
shows 8.3dB gain, 7.1% PAE, and 9.7dBm OP1dB with 16GHz bandwidth
(44 to 60GHz) and area of 0.39mm2. This work is further improved to have a
differential topology with compact transformer matching. The 2nd PA proto-
type with differential 2×4 power combining shows 13.2 dB gain, 8.7% PAE,
20GHz bandwidth (53 to 73 GHz) and 13 dBm OP1dB with 74.5 mw/mm2

output power density, realizing state-of-the-art power performance and wide
bandwidth simultaneously. The power performance is further improved by the
3rd PA prototype with differential 4×4 power combining, which shows 17.5-
dB gain, peak PAE of 11.3%, 8.8-GHz bandwidth (54 to 62.8 GHz), and 16.6-
dBm OP1rB with 95.2-mw/mm2 output power density, demonstrating the top
power performance in literature. All three PA prototypes show state-of-the-
art performance, demonstrating the benefit of the proposed power combining
network for effective short-range communication.





Chapter 8

Antenna

8.1 Introduction

In order to compensate huge propagation loss of THz signal, and realize wide-
band and high sensitivity receivers, effective THz imaging/communication sys-
tems also require antenna an antenna array with high-directivity radiation
pattern [229] and high efficiency with sufficient bandwidth, which imposes
grand challenges for an on-chip antenna design in CMOS. Firstly, the realiza-
tion of highly directive radiation is not trivial. The conventional right-handed
antennas (patch, dipole and etc.) [230, 32] have a positive phase-and-length
relation that usually results in non-in-phase radiation and large-sized design.
Secondly, due to close distance between the top metal layer and ground, the
radiation efficiency of on-chip antenna is not high. Moreover, each antenna
element must be as compact as possible to form antenna array in limited chip
area. The previous on-chip antenna works [32, 230, 90, 231] have either low
gain or narrow bandwidth and ignored the polarization issue. For example,
given the THz source with linearly polarized radiation, the longitudinal polar-
ization may be turned into transverse direction after penetrating through the
tissue [16]. If the antenna at the receiver is also linearly polarized, the detec-
tion efficiency may be largely reduced due to the mismatch in the polarization
directions.

On-chip antennas have more stringent requirements on the antenna size
than the off-chip ones. They are usually implemented at a frequency higher
than 200GHz, for which a structure with equivalent electrical length of λ/4
or λ/2 can be fit into the chip scale with good efficiency.

In this chapter, two types of on-chip antennas are proposed to deliver both
high gain and compact size. In the first part, the on-chip THz leaky wave an-
tenna (LWA) design is explored with periodic composite right/left-handed

197
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(CRLH) transmission-line (T-line) structure with broadside radiation under a
zero phase propagation condition. Moreover, stacking a high-resistivity dielec-
tric layer is deployed to improve efficiency. A 13-cell on-chip CRLH T-line is
fabricated in the 65nm CMOS process and is characterized from 220 GHz to
325 GHz. The corresponding 1D and 2D LWA array design shows a broadside
radiation pattern, 65% efficiency and 5.1-dBi gain at 280 GHz.

In the second part of this chapter, one wide-band 280-GHz on-chip circu-
larly polarized SIW antenna is designed in the CMOS process with compact
area. By creating corner slots in SIW structure, the size of the proposed SIW
antenna is reduced by 15% when compared to the conventional designs. As
verified by the EM simulation, the proposed antenna has -0.5-dBi antenna
gain and 32.1-GHz bandwidth centered at 268 GHz.

8.2 CRLH T-Line-Based Leaky Wave Antenna

The recently explored left-handed metamaterial can provide negative phase
with a nonlinear phase-and-length dependence, which can realize a zero-phase
EM-wave propagation or radiation with compact area on chip [232], ideally
for a broadside radiation antenna design. In this section, the CRLH T-line is
studied for leaky wave antenna (LWA) design at THz with broadside radiation
under a zero phase propagation condition.

CRLH T-line is a well-known metamaterial structure that can achieve
positive, negative and zero phase propagation. A CRLH T-line consists of
a number of periodic unit-cells. The traveling wave can be generated in the
CRLH T-line-based LWA with

φ(y, z) = φ0e
−jkyye−γz (8.1)

where γ = α − jβ is the propagation constant of the traveling wave in the
CRLH T-line; ky =

√

k20 − |β|2 is the wave factor of radiated power along the
y axial; and k0 is the wave number in free space.

When the signal travels along the antenna surface (z axis) as shown in
Figure 8.1, the energy leak-out is confined in parallel with k0. If the phase
velocity is slower than that of light, or |β| > |k0|, the signal is attenuated
exponentially along the y axial. In this case the antenna works in slow-wave
region. On the other hand, if |β| < |k0|, the antenna is in the fast-wave mode
with a real ky, which is a desired condition for LWA to operate. Note that the
main beam radiation angle can be described by

θMB = arcsin(|β|/|k0|). (8.2)

Therefore, the radiation pattern becomes broadside when |β| equals zero,
and beam steering can be observed along broadside radiation with high direc-
tivity for THz communication.
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Figure 8.1: Operation diagram of leaky wave antenna: (a) β > 0, (b)
β = 0, and (c) β < 0.

8.3 Circularly Polarized SIW Antenna

SIW structures have been recently explored for the design of high-quality fac-
tor (Q) passive devices in both mm-wave and sub-THz regions [233, 234, 235].
SIW can be regarded as a dielectric-filled rectangular waveguide with sur-
rounding walls and metal layers on the top and bottom surfaces, which
leverages the advantages of both planar transmission line and non-planar
waveguide with lower loss and wide-band performance in a miniaturized cavity
for on-chip antenna design.

SIW antennas designs are proposed in both PCB scale [233] and chip
scale [234] with a wide bandwidth and a high gain. In [234], a 400GHz linear
polarized on-chip SIW antenna is demonstrated in SiGe process with -0.55dBi
gain and 7.8% relative bandwidth. However, its dimension has to satisfy an
equivalent electrical length of λ/2, which should be further miniaturized when
designed on-chip.

A compact circular-polarized SIW antenna design is designed in the CMOS
process with corner slots, of which the geometrical configuration is illustrated
in Figure 8.2. The operating frequency of a SIW antenna is determined by
the cavity dimension. It can be approximated by the following equation by
considering the cavity resonance model [236].

fmnp =
c

2
√
µrεr

√

(
m

Leff
)2 + (

n

Weff
)2 + (

k

h
)2 (8.3)

where Leff = L and Weff = W are the effective length and width of the
substrate integrated cavity, c is the speed of light in free space, µr and εr
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Figure 8.2: Geometrical configuration of the proposed SIW antenna
with four corner slots.

are the relative permeability and permittivity of the dielectric material inside
the cavity and h is the cavity height. The resonance modes with lowest order
are used for a minimum antenna size, considering h is much smaller than the
wavelength when designed on-chip, the available resonance frequencies left are
f210 and f120 with







f210 = c
2
√
µrεr

√

4
L2

eff

+ 1
W 2

eff

f120 = c
2
√
µrεr

√

1
L2

eff

+ 4
W 2

eff

. (8.4)

After introducing corner slots with 45◦ to the edge, both Leff and Weff

can be approximated by the total effective length of the center rectangular
cavity and two keystone cavities as shown in Figure 8.2:

{

Leff = Lrectangular + 2Lkeystone

Weff = Wrectangular + 2Wkeystone
(8.5)

where Lrectangular = L −
√
2LS , Wrectangular = W −

√
2LS, Wkeystone and

Lkeystone are the effective lengths of each keystone cavity in the X and Y
directions, respectively. The effective length of keystone cavity can be approx-
imated by the following equations [237]:

{

Lkeystone = LSRtl

1.152

Wkeystone = LSRtw

1.152

(8.6)
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with






Rtl =
LS(2W−

√
2LS)√

2WLS

Rtw = LS(2L−
√
2LS)√

2LLS

. (8.7)

With (8.5), (8.6) and (8.7), Leff and Weff can be simplified as:







Leff = L+ 1.042Ls − 1.737L2
s

W

Weff = W + 1.042Ls − 1.737L2
s

L

. (8.8)

As observed from (8.8), both the effective width and length are extended
by a factor of Leff/L or Weff/W after introducing corner slots, which means
the antenna size can be reduced by the same ratio at a particular frequency.
However, the reduction radio is also limited by higher-order effects. As shown
in (8.8), Leff and Weff reach their maximums of 1.15L and 1.15W when
Ls = 0.3W and 0.3L, respectively, which is equivalent to a 15% size reduction
in each dimension of SIW antenna.

Note that the lengths of center slots L1 and W1 can be calculated by:

{

L1 = 1
2fL1

√
µeff εeff

W1 = 1
2fW1

√
µeff εeff

(8.9)

where fL1 and fW1 are the resonant frequencies of center slots, µeff and εeff
are the equivalent permeability and permittivity in the center slots, respec-
tively. In a conventional SIW antenna design [233], to maximize radiation
efficiency, both center slots need to have the same resonant frequencies as the
respective resonance mode: fL1 = f120 and fW1 = f210. By properly adjusting
the cavity dimensions, f120 and f210 can be close to each other so that a cir-
cularly polarized radiation is generated at a frequency in between. However,
the antenna designed in such method has a narrow bandwidth, because only
two resonance modes exist. In this work, the radiation bandwidth is extended
by introducing additional resonance modes in the antenna design, where four
resonance modes are generated by designing fL1 and fW1 slightly lower and
higher than f120 and f210, respectively. Moreover, the antenna performance
is further improved from the following two aspects. Firstly, the radiation effi-
ciency is increased with the cavity height, which could be achieved by selecting
a CMOS process option with a large number of stacking layers. Secondly, the
metal loss of SIW walls is largely reduced by replacing metal vias with metal
bars. Note that vertical connection by metal bars is an option provided in the
standard CMOS process to connect many vias horizontally (Figure 8.3) if the
metal density is not critical in the particular area.
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Figure 8.3: Design of on-chip integrated circular-polarized SIW an-
tenna in CMOS 65 nm process.

8.4 Circuit Prototyping and Measurement

8.4.1 280-GHz LWA

8.4.1.1 1D Antenna Array Design

Based on the fabricated 13-cell CRLH T-line in Sec. 3.4.2, one 280-GHz LWA
is also implemented in the Global Foundry 65-nm CMOS process. P1 in Figure
3.10 is selected as the antenna input, and P2 is left open circuit. As shown
in Figure 8.4, a standard high-resistivity silicon layer (750 Ω · cm) with a
thickness of 100 µm is placed on top of the antenna surface to enhance the
radiation efficiency.

8.4.1.2 2D Antenna Array Design

One single CRLH T-line (1-D)-based LWA design in CMOS has limited gain
and radiation efficiency at THz. Meanwhile, a 1D leaky-wave structure pro-
duces a fan beam, narrow in the scan plane and fat in the transverse plane.
As for that, a 2D phased array by combining several 1D LWAs in an array
configuration naturally can lead to pencil beams and provide additional 2D
scanning capability, when using frequency scanning in the plane of the LWA
structures and electronic scanning (typically used in conventional array phase
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Figure 8.4: Stacking of high-resistivity Si layer on top of the LWA.

shifters) in the transverse plane as shown in Figure 8.5. The 2D array com-
poses of a shielded 1D 13-unit-cell CRLH T-line-based power divider feeding 4
identical 1D 13-unit-cell CRLH T-line-based LWAs. The CRLH T-line-based
power divider is identical to each of 4 CRLH T-line based LWAs in structure,
but radiation losses are ignored due to a shielding layer on it. A THz signal
source drives the power divider from one terminal and the first four unit-cells
are used as matching networks to have maximized input power to multiple 1D
arrays.

8.4.1.3 EM Simulation

The proposed CRLH T-line-based LWA design is verified by EM simulation
in HFSS. As shown in Figure 8.6, the maximum efficiency was 6.4% in 230 ∼
290 GHz, and it is enhanced to 40.5 ∼ 65.2% after stacking the dielectric layer
with high resistivity of Si. The maximum enhancement of 26 times is achieved.
After the enhancement of efficiency, the maximum antenna gain of 4.1 dBi is
achieved at 280GHz. As illustrated in the radiation pattern shown in Figure
8.7, a broadside radiation is observed at 280 GHz when β = 0. Note that the
zero phase propagation at 280 GHz also provides higher gain and efficiency
than the negative phase (β < 0 at 290 GHz) and positive phase (β > 0 at
250 GHz) propagation with tilted radiation direction. Note that the zero-β
frequency of 280GHz shown in Figure 8.7 is lower than the 303 GHz shown in
Figure 3.13. This is mainly because of the increase of equivalent permittivity
due to the stacking of a high-resistance silicon layer.
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Figure 8.6: Radiation efficiency enhancement by stacking a high-
resistivity Si layer.
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Figure 8.7: Gain radiation patterns for the proposed 1D LWA array
at three frequencies: f = 250 GHz (β < 0, backward radiation), f = 280
GHz (β = 0, broadside radiation), and f = 290 GHz (β > 0, forward
radiation).

5.1dBi

Figure 8.8: Gain radiation patterns for the proposed 2D LWA array
at three frequencies: f = 260 GHz, f = 280 GHz and f = 310 GHz.

Fig. 8.8 shows the EM simulation results of the 2D phase-arrayed LWA for
φ= 90◦ plane. The proposed 2D array achieves a gain of 5.1 dBi at 280 GHz,
1 dB higher than 1D array to support longer transmission distance. Higher
gain improvement will be achieved if we can use a power divider with smaller
attenuation constant α. The proposed 2D array thereby can improve the gain
of antenna and also realize 2 directions for the frequency-dependent beam
steering.
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Figure 8.9: HFSS simulation results of proposed SIW antenna direc-
tivity at 270 GHz.

8.4.2 280-GHz SIW

8.4.2.1 Antenna Design

The proposed on-chip SIW antenna is designed in the 65nm CMOS process
with 9 metal layers as shown in Figure 8.3. A composite dielectric material
with silicon dioxide (SiO2) and silicon nitride (Si3N4) is enclosed in the cuboid
cavity (410 µm × 410 µm × 9 µm) formed by the topmost aluminum layer
(AL), bottommost copper layer (M1) and metal walls constructed by metal
layers and via bars (M1-AL). The chip area required for SIW antenna is 0.17
mm2. Two 17-µm wide rectangular slots with different lengths (325 µm and
360 µm) are crossed at the center of the AL layer to create four resonance
modes with perpendicular polarization directions at 270 GHz. A rectangular
slot (120 µm × 30 µm) is created at each corner to reduce the antenna size
at the desired operating frequency as discussed in Sec. 8.3. Different from the
SIW design in Printed Circuit Board (PCB), a uniform metallic plane is not
available in CMOS process according to the metal density rules. As such, the
bottom side (M1) is implemented in mesh type with tiny square slots (3.5 ×
3.5 µm2) placed with 12-µm pitch. The antenna input is fed by a micro-strip
line with characteristic impedance of 40Ω, which is implemented by M8 and
M1 layers for signal and ground, respectively.
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Figure 8.10: HFSS simulation results of the proposed SIW antenna
radiation pattern at 270 GHz.

8.4.2.2 EM Simulation

The proposed antenna structure is verified by a full wave simulation in Ansoft
HFSS. Figure 8.9 shows the simulated radiation pattern at 270 GHz. It has
a broadside radiation pattern with 6.2-dB directivity and a 21.4% radiation
efficiency at 270 GHz. As a result, a -0.5-dB antenna gain is obtained as il-
lustrated in the simulated 3D radiation pattern in Figure 8.10. Figure 8.11
shows the simulated E-field distribution of SIW cavity at 270 GHz, where a
circularly polarized field distribution is observed with two modes (f120 and
f210) excited with a phase difference of 90◦. The simulated 3dB-axial-ratio
frequency range is 265.6–274.5GHz as observed from Figure 8.12. Figure 8.12
also shows the S11 of the proposed antenna. As a result of the difference be-
tween W1 and L1, f120 is slightly different from f210. Thereby four resonances
are generated including in f120, f210, fL1 and fW1, resulting in a very wide
-6dB S11 bandwidth of 32.1GHz centered at 268GHz.
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Figure 8.11: HFSS simulation results of polarized vector electric field
in the slots of SIW cavity at 270 GHz.

Figure 8.12: HFSS simulation results of input S11 and antenna axial
ratio on broadside radiation direction.
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8.5 Conclusion

The designs of THz CMOS wide-band and high-gain on-chip antennas are
demonstrated in a compact area by high-Q passive structures such as substrate
integrated waveguide (SIW) and metamaterial based composite right/left-
handed transmission line (CRLH T-line). In the wide-band 280-GHz on-chip
circularly polarized SIW antenna design in the 65nm CMOS process, by cre-
ating corner slots in SIW structure, the size of the proposed SIW antenna is
reduced by 15% when compared to the conventional designs. As verified by
the EM simulation, the proposed antenna has -0.5-dBi antenna gain and 32.1-
GHz bandwidth centered at 268 GHz. In the CRLH T-line-based leaky wave
antenna (LWA) design in the 65-nm CMOS process, stacking of dielectric layer
with high resistivity of Si is utilized to improve the LWA efficiency. With corre-
lated measurement and EM validation from 220 GHz to 325 GHz, a broadside
radiation pattern is achieved at 280 GHz with 65% radiation efficiency and
4.1dBi antenna gain at 280GHz. Both antenna structures can be potentially
deployed for the design of an on-chip antenna array in THz biomedical imag-
ing systems. In the following section, CMOS-based transceiver design for THz
Imaging will be discussed.
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Chapter 9

Resonator

9.1 Introduction

The Q factor of the LC-tank-based resonator has performance degradation at
60∼100 GHz. EM-wave-based oscillators have been studied to improve the Q
factor. The commonly deployed standing-wave-based oscillator (SWO) in [79,
238, 239] increases the Q of λ/4 coplanar stripline (CPS) resonators by forming
an open-circuit load when the incident and reflected EM waves perfectly move
in phase with each other. The primary limitations of this approach are twofold.
Firstly, the open circuit condition is hard to achieve due to loss in the λ/4 CPS
line; and secondly, the dimension is still large when implementing λ/4 CPS
lines on chip. Placing additional floating metal shielding to form slow-wave
lines may alleviate the aforementioned problems. Alternatively, metamaterial-
based designs have been explored recently within the microwave community
[240, 54, 241, 78]. A number of works are proposed recently for the design of a
transmission line (T-line) loaded high-Qmetamaterial resonator at the printed
circuit board (PCB) scale. Split-ring resonator (SRR)-based or complementary
split-ring resonator(CSRR)-based oscillator designs are explored at 5.5∼5.8
GHz [79, 80]. As the node becomes advanced, recently, a single-ended T-line
loaded with SRRs (STL-SRRs) was studied in [84]. The SRR-based open-loop
multiple split-ring resonator structure was studied for a 24-GHz oscillator in
a 130-nm CMOS process [79, 80]. No in-depth works are, however, performed
on how to design a high-Q and low-loss metamaterial resonator in advanced
node. For example, it is unknown to design differential oscillators or voltage-
controlled oscillators (VCOs) with use of a metamaterial resonator at 60∼100
GHz in the 65-nm CMOS process.

To demonstrate the high-Q performance of the proposed metamaterial
resonator at mm-wave region and its improvement in phase noise, two MMIC

213
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Figure 9.1: (a) Stacked SRR unit-cell designed by metal layers of M7
and M6; (b) S21 simulation results with different stacking methods.

oscillators based on metamaterial resonators have been designed in 65-nm
CMOS (STM 7-metal-layer). The first one is operated at 76 GHz using the
differential T-line loaded with SRR (DTL-SRR), and the second one is op-
erated at 96 GHz using the differential T-line loaded with SRR (DTL-SRR).
Note that the design of slow-wave shielding is implemented for both MMIC
oscillators with loss reduction. The slow-wave shielding strips are designed
by the bottom metal layer M1 with both width and pitch of 1 µm. The two
MMIC oscillators are designed and verified with Agilent ADS Momentum for
EM simulation and Cadence Spectre for oscillator circuit simulation.

9.2 Differential TL-SRR Resonator

9.2.1 Stacked SRR Layout

The on-chip SRR can be implemented in a stacked fashion with on-chip multi-
layer interconnect [84]. As shown in Figure 9.1(a), one SRR unit-cell is real-
ized by the top two metal layers stacked alternatively, considering a trade-off
among resonant frequency, area and loss. When its size is fixed, S21 of TL-
SRR with different stacked layers is shown in Figure 9.1(b). It is found that
more stacked layers result in lower resonant frequency, but suffer from lower
Q at the same time. With the increased resonant frequency, TL-SRR reveals a
steeper and higher rejection property, which means a higher Q. Thus TL-SRR
shows the potential application for on-chip MMIC designs.

Figure 9.2(a) shows a differential T-line with stacked on-chip SRR (DTL-
SRR) in the CMOS process, of which the cross-section is illustrated in Figure
9.2(c). The two loaded SRR unit-cells are excited by the axial magnetic field
generated by the host T-line. It has the following advantages in Q improve-
ment. Firstly, as the SRR-load is metamaterial with stop-band property, it
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Figure 9.2: Geometries of resonators with slow-wave shielding: (a) dif-
ferential T-line loaded with stacked SRR, (b) T-line based standing-
wave resonator, and (c) cross-section of BEOL.

results in large impedance with the open circuit condition formed. Thus EM
energy can be perfectly reflected in the host T-line. Secondly, the differential
design provides local ground to reduce EM loss and enhance the EM-energy
coupling. For example, the magnetic field generated by the differential T-line
is equidirectional and superimposed when applied to the two SRR unit-cells.
Thus a stronger coupling between T-line and SRR is achieved with larger
mutual capacitance and mutual inductance, which can store more EM-energy
with less EM-energy leakage into the substrate. Due to the stronger EM cou-
pling, the DTL-SRR needs fewer SRR unit-cells than STL-SRR when the
same rejection property is achieved. This makes the DTL-SRR achieve higher
area efficiency as well. To strengthen the coupling between T-line and SRRs,
a shortest distance (or gap) between SRRs and T-line is selected with the
consideration of the process limitation (1.5 µm in STM 65nm CMOS). Lastly,
floating metal shielding is also employed in this design to further reduce the
substrate loss.

9.2.2 Comparison with Single-Ended TL-SRR
Resonator

In the following, detailed analysis for the enhancement of Q factor is shown
with comparison between the DTL-SRR and STL-SRR. Assuming both ter-
minals of an SRR unit-cell observe the same characteristic impedance (Z0).
The reflection coefficient can be estimated at the position TL-SRR unit cell
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Figure 9.3: T-line-based SRR excitation: (a) single-ended approach,
(b) differential approach, (c) magnetic field distribution of single-
ended approach, and (d) magnetic field distribution of differential
approach.

by

Γ =
R′

s

R′
s + 2Z0

=
k2

k2 + 2Z0Ls

RsL

. (9.1)

One can have two observations from (9.1). Firstly, if the Q factor of SRR is
sufficiently high that k2 >> 2Z0Ls/RsL, Γ is approaching unity, which means
a perfectly reflection of EM-wave at the SRR-load. Secondly, Γ increases with
k for a given SRR with a finite Q, thus improving k is the means to enhance
the EM-energy reflection efficiency. Note that the coupling coefficient k is
often limited by the geometry mismatch between T-line and SRR.

As a result, in order to have a high-Q DTL-SRR design, one needs to have
the reflection coefficient Γ as high as possible. One can observe from (9.1)
that Γ increases with the coupling coefficient k between SRRs and T-line, In
the single-ended T-line as shown in Figure 9.3(a), the magnetic flux cannot
be fully covered between the SRR and T-line. This is illustrated in Figure
9.3(c) as part of the magnetic flux leaked to the open space regardless of the
distance between SRR and T-line. In contrast, the differential T-line shown
in Figure 9.3(b) does not have this limitation. As one can see from Figure
9.3(d), it is possible to have SRR fully cover the magnetic flux generated by
the differential T-line. Thus, a high EM coupling coefficient can be achieved
with a high Γ for the DTL-SRR structure than the STL-SRR structure.
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To further validate the high-Q of the DTL-SRR, EM simulation (Agilent
ADS momentum) is performed for STL-SRR and DTL-SRR structures shown
in Figure 9.3(a) and (b). The conductivity of the topmost metal layers M6
and M7 are 4.6 × 107 S/m, the metal layers M1∼M5 are 4.1 × 107 S/m and
the silicon substrate is 10 S/m according to the 65-nm CMOS process files.
The simulation result of reflection coefficient (Γ) is plotted against different
gap sizes in the Smith Chart as shown in Figure 9.4. Note that the resonance
happens when the imaginary part of Γ equals zero. One can observe that the
reflection coefficient of DTL-SRR at resonance frequency is much higher than
that of STL-SRR. Moreover, the reflection coefficient is increased for a smaller
gap size. For example, at the minimum gap of 2 µm that is allowed by the
design rule, the reflection coefficient of the differential T-line is 10.6% higher
than that of single-ended T-line. Since the minimum gap size is limited by
the design rule, the maximum reflection coefficient one can obtain is around
0.9. The Q factor for both resonators are also compared by the reflection
coefficient as shown in Figure 9.5. As discussed, a high reflection coefficient
of DTL-SRR can be directly transferred into a high Q. One can observe that
the Q of DTL-SRR is around 20 ∼ 40% higher than that of STL-SRR with
the same gap size.

9.2.3 Comparison with Standing-Wave Resonator

The proposed DTL-SRR resonator is further compared with the standing-
wave resonator using coplanar strip line (CPS). As shown in Figure 9.2, they
are both designed under the same resonance frequency and are also provided
with floating metal shielding to reduce substrate loss.

The optimization of the two structures is conducted with the full-wave
EM simulator (Agilent Momentum). As for DTL-SRR-based metamaterial
resonator, the stacked SRR unit-cell is designed with the top two metal layers
(M7, M6). M7 and M5 are used for the design of the host T-line and the
floating metal strips for shielding of the two resonators, respectively. The sizes
of T-line, SRR and floating metal strips are carefully selected to obtain the
desired frequency. Moreover, for the CPS-based standing-wave resonator, its
Q factor also depends on the width and the separation of the T-line, the width
of the floating metal strip and the spacing between two adjacent floating metal
strips. Due to the parasitic capacitance of the cross-coupled NMOS transistors
and the layout-dependent parasitic effect, the physical length of CPS is shorter
than the ideal length of λ/4. The detailed physical sizes are shown in Figure
9.2 and one can observe that the use of SRR has 40% area reduction versus
the use of CPS.

Note that the Q of one resonator can be described by

Q = ω
Average energy stored

Energy loss/second
. (9.2)

As such, one can compare the Q factors of the DTL-SRR with the standing-
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Figure 9.4: Simulated Γ plot in Smith chart of SRR/T-line unit cell
at resonance.

wave resonator as follows. Firstly, the smaller size of the DTL-SRR leads to
a lower substrate loss, and hence the denominator above decreases. Secondly,
for the DTL-SRR, the strong EM-energy coupling between the SRR and T-
line with perfect reflection can enhance the energy storage capability with the
nominator in (9.2) increased. Thereby, one can expect that a higher quality
factor can be achieved by DTL-SRR than the standing-wave resonator, which
is further validated by the measured experiment results.

9.3 Differential TL-CSRR Resonator

It is not feasible to directly deploy the etched CSRR from ground [78] on
chip due to the lossy substrate in CMOS process. To realize a low-loss and
high-Q implementation for on-chip CSRR, the CSRR can be etched directly
on a metal layer using signal lines as shown in Figure 2.14. Compared with
the previous method [78], CSRRs on a metal layer can form much stronger
coupling between T-line and CSRR because they are on the same metal layer.
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Figure 9.5: Simulated Γ and quality factor (Q) of SRR/T-line unit
cell at resonance.

More EM-energy can thereby be stored in the resonator and in turn results
in a higher Q-factor.

In this work, a differential CSRR structure is proposed in Figure 9.6 to
provide a compact area. Both inputs are designed on the same side to pro-
vide an AC ground for easy DC supply, which further reduces the potential

Figure 9.6: On-chip differential T-line loaded with CSRR.
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coupling to the lossy substrate. Note that the metamaterial property of the
proposed differential T-line-loaded CSRR and its high-Q feature can be illus-
trated through simulation as follows.

For example, the metamaterial property can be calculated from S-
parameters by [242, 243]

cos(nkd) =
1− S2

11 + S2
21

2S21
,

z = ±
√

(1 + S11)2 − S2
21

(1 − S11)2 − S2
21

,

ε =
n

z
, µ = nz, (9.3)

where n is the refractive index, z is the wave-impedance, k is wave-factor, and
d is the physical length. Because the metamaterial is considered as a passive
medium, the signs of n and z in (9.3) can be determined by two requirements:
ℑ(n) ≥ 0 and ℜ(z) ≥ 0, where ℑ(n) and ℜ(z) denote the imaginary part and
real part of n and z, respectively.

Based on (9.3), one can characterize the metamaterial resonator as follows.
The proposed DTL-CSRR structure in Figure 9.6 is implemented on chip
with resonance frequency biased around 100 GHz. ADS Momentum is used
for the EM simulation to obtain the S-parameters. As shown in Figure 9.7, a
negative µ can be observed within a narrow band near the resonance frequency.
As stated earlier, the negative µ and positive ε create the electric plasma,
where the propagating EM-waves become evanescent waves and are largely
reflected backward. The deep rejection frequency band with a sharp cut-off
can be viewed from S12 plot in Figure 9.7, which corresponds to a high-Q
performance.

The Q-factor can be estimated from the simulation by Q = f0/BW−3dB,
where f0 is the resonance frequency and BW3dB is the bandwidth. As such,
the obtained Q-factor is 65, which is much higher than the normal Q value by
a resonator composed of LC-tank at similar frequency, around 30 as indicated
in [244].

9.4 Circuit Prototyping and Measurement

9.4.1 76-GHz Differential TL-SRR Resonator

Firstly, as shown in Figure 9.8, the DTL-SRR-based metamaterial oscillator
has the property of position-dependent voltage-current amplitudes. If a cross-
coupled transistor pair is connected to the opened ends of the two striplines
in the host T-lines, an oscillation can be sustained at the specified frequency
according to the length of the striplines. The incident-wave energy is injected
by the cross-coupled inverters propagates in forward waves along the T-line
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Figure 9.7: EM characterization of the proposed differential CSRR
resonator.

Figure 9.8: Voltage distribution of the DTL-SRR-based resonator.

toward the short point; the energy is reflected at SRR load; and the reverse-
wave has a superposition of the incident-wave and leads to a resonance if in
phase. Stronger wave reflection means less loss and higher Q of the resonator
for oscillation.
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Figure 9.9: Schematic of the DTL-SRR-based oscillator.

As a result, with the use of the proposed metamaterial resonator by DTL-
SRR, a 76GHz oscillator is designed. As shown in Figure 9.9, a pair of cross-
coupled NMOS transistors is deployed as the negative resistor to compensate
the energy loss in the resonator. Source-follower output buffers are imple-
mented with off-chip bias T to save area. The supply-voltage for the resonator
is provided from the middle point of the T-line short-circuit termination, which
is a differential zero AC-voltage point. External current source is fed into the
chip through a DC-PAD and mirrored to the core circuit of oscillator to con-
trol the power consumption. In addition, for comparison, the standing-wave
resonator by coplanar stripline (CPS) under the same resonant frequency is
also implemented in the same chip with geometries shown in Figure 9.2(b).
For a fair comparison, the proposed two oscillators have the same size and
layout designs of cross-coupled NMOS transistors and output buffers, except
for resonators. The channel length of transistor is chosen to the minimum 60
nm allowed by the technology to reduce the parasitic effects, while the width
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is 6 µm (each finger width is 1 µm) for both the cross-coupled pair and the
source-follower output buffers. The detailed physical sizes in Figure 9.2 show
that the use of SRR has 40% area reduction versus the use of CPS.

9.4.2 96-GHz Differential TL-CSRR Resonator

Next, a 96GHz oscillator is also implemented in the same CMOS 65nm process
with the use of metamaterial resonator by DTL-CSRR. Similarly, the loss from
the resonator is compensated by a cross-coupled pair of NMOS transistors,
as shown in Figure 9.10. To obtain the maximum fMAX of NMOS transis-
tors, the individual finger width is designed to be 1 µm [245], and the total
finger number is designed to be 8 to sustain the oscillation on slow-corner
while minimizing parasitic capacitance. In order to isolate the oscillator from
the peripheral circuits and also to provide enough output power, the out-
put is designed together with on-chip buffer and RF choke. It is composed
of a quarter-wavelength slow-wave T-line and de-coupling capacitor. All four
transistors in the circuit are self-biased. The DC-supply voltages for the core
oscillator and buffer-stage are provided separately to identify the individual
current consumption. Note that the 1-metal-layer design of resonator used for
demonstration in Figure 2.14 is modified to be a 2-metal-layer design for os-
cillator implementation. Other than the benefit of size reduction, the stacked
structure is also expected to improve the Q-factor. Because the stacked two
CSRRs are in the opposite direction, they are excited in the odd mode at
resonance by the E-field in between, which avoids the E-field to penetrate
through the substrate. As such, the impact of the lossy substrate to the res-
onator Q-factor can be further reduced.

9.4.3 Measurements

The proposed 76-GHz SRR and 96-GHz CSRR oscillators were both is im-
plemented in the STM 65-nm CMOS RF process with fT /fMAX of 170/230
GHz. As shown in Figure 9.11, the RF and DC signals are connected through a
CASCADE Microtech Elite-300 probe station. The single-ended output of the
chip is connected to a phase-noise analyzer FSU-P50 from Rohde & Schwarz
(R&S) for the phase noise measurement at millimeter-wave frequency region.
To measure the signal frequency in 75 ∼ 110 GHz, a W-band harmonic mixer
FS-WR10 is used for down-conversion. The external Bias-T is required in the
measurement for DTL-SRR and SWO-based oscillators at 76 GHz.

9.4.3.1 Results of 76GHz Oscillator with DTL-SRR

As shown by the die photo in Figure 9.12, both the DTL-SRR-based oscillator
and the standing-wave-oscillator (SWO) by coplanar stripline are implemented
side by side on the same chip with the same resonant frequency. The sizes
excluding RF-PADs is 310 × 210 µm2 (0.06 mm2) for DTL-SRR, and 310 ×
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Figure 9.10: Circuit diagram of the 96 GHz CMOS oscillator with
the use of the proposed metamaterial resonator by CSRR structure.

270 µm2 (0.08 mm2) for SWO. The proposed DTL-SRR oscillator consumes
only 2.7 mW from a 1-V power supply, which is slightly higher than the
power consumption of SWO of 2.63 mW from the same 1-V power supply.
The measured oscillation frequency of the DTL-SRR and SWO oscillators are
both observed at 76.1 GHz as shown in the spectrum diagram in Figures 9.13
and 9.14, where one spur contributed by the harmonic mixer can be observed
at 200 MHz away from the oscillation frequency. Here a signal identification
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Figure 9.11: Equipment setup for W-band 75∼110 GHz phase noise
measurement.

Figure 9.12: Chip photo of the DTL-SRR-based oscillator and SWO.

function of spectrum analyzer is used to verify the source of spurs. However,
the signal power level could be distorted by such identification function, which
should be turned off when capturing the measurement results. The output
power is −16 dBm by subtracting the loss of cable and Bias-T.

Figure 9.15 shows the phase noise measurement and simulation results
of the DTL-SRR and SWO-based oscillators. It can be observed that the
variation of phase noise becomes worse near the oscillation frequency, induced
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Figure 9.13: Spectrum of the 76 GHz DTL-SRR oscillator.

by the modulation of 1/f noise. Thus more stable phase noise results at 10
MHz offset are used for comparison. One can see that the phase noise of DTL-
SRR-based oscillator is 4.2 dB better than that of the SWO at 10 MHz offset
at the oscillation frequency. This phase noise improvement is very close to
2.6 dB observed from simulation results. Note that the phase noise of both
oscillators are approaching the same level (around -116 dBc/Hz) from 10-
MHz to 100-MHz frequency offset. This is because the phase noise level of
the oscillator is lower than the noise level of the spectrum analyzer in the
measurement.

Table 9.1 summarizes the performance of the proposed DTL-SRR-based
oscillator, the SWO realized in the same chip, and the previous oscillators
by LC-tank or SWOs at the similar frequency and process, and achieves a
phase noise of -108.8 dBc/Hz at 10 MHz offset and a FOM of -182.1 dBc/Hz.
Note that the energy loss is reduced due to the higher power efficiency, thus
the power consumption of DTL-SRR-based oscillator is much smaller than the
SWO-based oscillator while the phase noise is minimized. As a summary, when
compared to the existing LC-tank or standing-wave resonator-based oscillator
[246, 238, 239], the phase noise and FOM are improved by 2.7 dB and 7.6
dB on average, respectively. When compared to the standing-wave resonator-
based oscillator implemented on the same chip, the phase noise and FOM are
improved by 4.2 dB and 4.1 dB, respectively.
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Figure 9.14: Spectrum of the 76 GHz SWO.

Figure 9.15: Phase noise measurement and simulation results of the
76 GHz DTL-SRR oscillator and SWO.

9.4.3.2 Results of 96-GHz Oscillator with DTL-CSRR

The die photo of the 96-GHz Oscillator with DTL-CSRR is shown in Figure
9.16 with area of 430 × 320 µm2 (0.14mm2) excluding RF-PADs. Both the
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Table 9.1: Performance Comparison of State-of-the-Art Oscillator
Designs around 70 GHz

Parameters [246] [238] [239] This work This work

Oscillator Design LC-tank SWO SWO SWO DTL-SRR

fosc (GHz) 70.2 71.1 76.5 76.1 76.1

Power Supply (V) 1.2 1.2 1.5 1.0 1.0

Powercore (mW) 5.4 6 14.3 2.63 2.7

Phase Noise @ 10-MHz
offset (dBc/Hz)

-106.1 -104 -108.4 -104.6 -108.8

FOM (dBc/Hz) -175.8 -173.2 -174.5 -178 -182.1

Technology 65-nm
CMOS

65-nm
CMOS

65-nm
CMOS

65-nm
CMOS

65-nm
CMOS

Figure 9.16: Chip photo of the DTL-CSRR-based oscillator.

oscillator core and output buffer are supplied with a 1.2-V power supply, of
which the current consumption is 6.24 mA and 6.53 mA, respectively. Thus
the power consumption for the oscillator core circuit is 7.5 mW. Figure 9.17
shows the measured spectrum when the output frequency is 96.36 GHz. Same
as the oscillator with DTL-SRR, there is a 200 MHz offset spur generated
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Figure 9.17: Spectrum of the 96-GHz oscillator with DTL-CSRR.

Figure 9.18: Phase noise measurement and simulation results of 96
GHz oscillator with DTL-CSRR.

by the harmonic mixer. Figure 9.18 shows the measured phase noise at this
frequency of -111.5 dBc/Hz at 10-MHz offset, which is 4.5dB higher than the
simulation results. This is probably due to the noise coupled from the DC
power supply.
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Table 9.2: Performance Comparison of State-of-the-Art Oscillator
Designs around 100 GHz

Parameters [247] [248] [249] This Work

Oscillator Design SWO LC-tank LC-tank DTL-CSRR

fosc (GHz) 104 128 100 96

Power Supply (V) 1.48 1.2 1 1.2

Powercore (mW) 25.3 9 30 7.5

Phase Noise @10-MHz
offset (dBc/Hz)

-105 -105 -85 -111.5

FOM (dBc/Hz) -171.3 -177.6 -150.2 -182.4

Technology 130-nm
CMOS

90-nm
CMOS

90-nm
CMOS

65-nm
CMOS

As described in Table 9.2, the measurement results of the proposed 96-GHz
oscillator by DTL-CSRR resonator show state-of-the-art performance when
compared to the recent oscillators designed at 100 GHz using the traditional
on-chip LC-tank resonators. Clearly, the proposed high-Q metamaterial res-
onator structure shows the best phase noise result of -111.5 dBc/Hz at 10-MHz
offset and FOM of -182.4 dBc/Hz at 96 GHz. As a summary, when compared
to the existing designs by LC-tank or standing-wave resonator-based oscillator
[247, 248, 249], the phase noise and FOM are improved by 13 dB and 16 dB
on average, respectively.

9.5 Conclusion

High-Q oscillation can be achieved by metamaterial resonators such as DTL-
SRR and DTL-CSSR. As demonstrated in this section, Both DTL-SRR and
DTL-CSSR can be applied in the oscillator design with low phase noise, low
power, and compact chip. The 76GHz oscillator by the DTL-SRR is fabricated
with a compact area of 0.06mm2 and measured with -108.8 dBc/Hz phase noise
at 10MHz offset, -182.1 dBc/Hz FOM and 2.7mW core power consumption.
The 96GHz oscillator by the DTL-CSRR is fabricated with a compact area
of 0.14mm2 and measured with -111.5 dBc/Hz phase noise at 10MHz offset,
-182.4 dBc/Hz FOM and 6.24mW core power consumption. Both oscillators
have 4∼6dB better phase noise than that of the standing-wave oscillator by a
CPS with similar operating frequencies.



Chapter 10

Super-Regenerative
Detection

10.1 Introduction

Recently, CMOS-based THz detectors have been developed [250, 89, 31, 32,
33, 251]. One can thereby develop a low-cost, portable and large-arrayed THz
imaging system in CMOS. One transmission-type design is shown in Figure
10.1, where each THz image pixel consists of a receiver and an antenna. How-
ever, the THz radiation signal strength is usually weak when generated by
CMOS and it will be further attenuated by absorption and diffraction during
the propagation. The main challenge is to design a high-sensitivity receiver
that can compensate the weak signal source and the path propagation loss
with both narrow-band or wide-band approaches. Moreover, a large-arrayed
receiver is desired with improved spatial resolution and also image capturing
speed, requiring a compact design of each THz image pixel [252].

The recent super-regenerative receiver (SRX) [89, 90] topology can achieve
high sensitivity within a narrow band, which is desired for a THz imager that
has a relatively low data rate. As depicted in Figure 10.2(a), the core of
a SRX is a quench-controlled oscillator, which consists of a resonator with
a positive feedback network to realize an oscillatory amplification. When a
periodic quench-control signal is applied, the average of detected signal en-
velope is amplified for the injected RF signal from LNA. One compact and
high-sensitivity SRX for a THz imager requires a compact and high quality
factor (Q) resonator. Note that the Q of the traditional LC-tank-based res-
onator [253] has significant performance degradation with large area at THz
frequency region.

231
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Figure 10.1: CMOS THz imager array.

Figure 10.2: (a) Block diagram of super-regenerative receiver; (b)
impact of resonator Q-factor to receiver sensitivity.
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Recently, a metamaterial-based resonator has been explored in [254] to
improve the Q with compact area at the mm-wave frequency region. A split-
ring-resonator (SRR) can be designed in the CMOS process top-metal layer
to provide negative permeability (µ) for mm-wave propagation. When loading
SRR to a host transmission-line (TL-SRR), the integrated structure becomes
a non-transmission medium with single-negative property (µ · ε < 0) in the
vicinity of resonance frequency. A sharp stop-band is thereby formed such
that the incident mm-wave can be perfectly reflected at SRR load with a
stable standing-wave established in the host T-line [254]. Compared to the
traditional LC-tank-based resonator, TL-SRR has stable EM-energy storage
within a compact area, which results in a much higher Q factor. As such,
it becomes relevant to study the CMOS on-chip SRR for the compact and
high-sensitivity SRX design of the THz imager.

In this chapter, firstly, the design of on-chip metamaterial resonators is
explored based on differential T-line loaded with SRR and CSRR beyond 70
GHz. As a demonstration of the idea, two oscillators based on SRR and CSRR
resonators are implemented with 65nm CMOS process at 76 GHz and 96 GHz,
respectively. The state-of-the-art performance shows that the phase noise and
FOM of SRR achieves -108.8 dBc/Hz and -182.1 dBc/Hz (@10 MHz offset),
respectively. The power is reduced dramatically to 2.7 mW compared to the
existing designs on SWOs [246, 238, 239]. And the CSRR oscillator shows
a state-of-the-art phase noise of -111.5 dBc/Hz (@10-MHz offset) and FOM
of -182.4 dBc/Hz. Secondly, two super-regenerative receivers with quench-
controlled metamaterial high-Q oscillators by TL-CSRR and TL-SRR are
demonstrated with improved sensitivity over traditional LC-tank resonator-
based designs at 96 GHz and 135 GHz, respectively. With a sharp stop-band
introduced by the metamaterial resonators, high-Q oscillatory amplifications
are achieved. The 96-GHz DTL-CSRR-based SRX has a compact core chip
area of 0.014 mm2, and it is measured with power consumption of 2.8 mW,
sensitivity of -79 dBm, noise figure (NF) of 8.5 dB, and noise equivalent power
(NEP) of 0.67 fW/

√
Hz. The 135-GHz DTL-SRR-based SRX has a compact

core chip area of 0.0085 mm2, and it is measured with power consumption of
6.2 mW, sensitivity of -76.8 dBm, NF of 9.7 dB, and NEP of 0.9 fW/

√
Hz.

The proposed SRXs have 2.8-4 dB sensitivity improvement and 60% smaller
core chip area when compared to the conventional SRX with LC-tank-based
resonator at similar frequencies.

10.2 Fundamentals of Super-Regenerative
Amplification

Generally, a SRX consists of a quench-controlled oscillator injected by an
external signal and an envelope detector. The process of injecting an external
signal into a quench-controlled oscillator is firstly reviewed to understand the
operation of SRX, called super-regenerative amplification (SRA).
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Figure 10.3: Simplified equivalent circuit model of super-regenerative
amplifier.

10.2.1 Equivalent Circuit of SRA

A simplified circuit model of SRA is shown in Figure 10.3. The resonator is
modeled by RLC block, and its oscillation is quench-controlled by a time-
dependent negative resistance −1/Gm(t), where Gm is the equivalent con-
ductance determined by the associated active devices. The external signal
injected is modeled as a time-dependent current source Ii(t). Vo(t) is the out-
put voltage. The resonance frequency is ω0 = 1/

√
LC; the quality factor is

Q0 = R/Z0 = 0.5ζ−1
0 ; Z0 and ζ0 are the characteristic impedance and quies-

cent damping factor, respectively.
Assuming Gm(t) varies much slower than ω0 such that a quasi-static con-

dition holds in the system to have a time-varying transfer function in s-domain
by

Vo(s, t)

Ii(s)
=

Z0ω0s

s2 + 2ζ(t)ω0s+ ω2
0

, (10.1)

where ζ(t) = ζ0[1−Gm(t)R] is the instantaneous damping factor.
A second-order linear time variant system can be observed from (10.1).

By varying ζ(t), the pole can be shifted between left and right sides of the
s-plane periodically. In other words, the oscillation starts in SRA when ζ(t)
is negative, and stops when ζ(t) is positive. Note that (10.1) is only valid
when SRA works in linear mode, such that Vo(s, t) is small enough to prevent
significant distortion in each quench cycle. Generally, SRA working in linear
mode is preferred in the application of millimeter-wave imaging since it has a
better sensitivity than that in the logarithmic mode [255, 256].

After a Laplace transform, (10.1) can be written as a second-order differ-
ential equation in the time domain:

v′′o (t) + 2ζ(t)ω0v
′
o(t) + ω2

0vo(t) = Z0ω0I
′
i(t). (10.2)

Assuming the oscillation is fully quenched in each cycle, such that vo(t) is
independent of the previous ones. For a particular quench cycle t ∈ (ta, tb]
with ta < 0 < tb, if ζ(t) is positive for t ∈ (ta, 0] and negative for t ∈ (0, tb],
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(10.2) can be written as [256]:

vo(t) =
Z0

s(t)

∫ t

ta

I ′i(τ)s(τ)sin[ω0(t− τ)]dτ (10.3)

where s(t) = eω0

∫

t

0
ζ(λ)dλ is called the sensitivity function, and it reaches

maximum when t=0; and decays rapidly with t. As a result, the SRA is only
sensitive to the input I ′i(t) in the time window centered at t=0 when ζ(t)
turns from positive to negative.

10.2.2 Frequency Response of SRA

The frequency response of SRA can be analyzed with a convolution model
[257]. For an AC input with Ii(t) = I0sin(ωit+φi), the output waveform can
be approximated by

vo(t) ≈
Z0ωiI0
2s(t)

|S(∆ω)|sin(ω0t+ φi) (10.4)

where ∆ω = ω0 − ωi and S(ω) is the Fourier transform of s(t). In the appli-
cation of millimeter-wave imaging, we are more interested in the envelope of
vo, which is

Env[vo(t)] =
Z0ωiI0
2s(t)

|S(∆ω)|. (10.5)

Assuming ωi is very close to ω0 (∆ω << ωi), a quasi-static condition holds
in (10.5) that the frequency response of Env(vo(t)) is determined by |S(∆ω)|.

For a typical ramping quench signal with time variant conductance Gm =
1
R (kt + 1), where k is the normalized ramping slope of Gm with the unit of

1/s, the instantaneous damping factor is ζ(t) = − k
2Q0

t. Thus the envelope of

vo(t) can be solved by

Env[vo(t)]ramp =

√
πZ0ωiI0
Ω0

e
Ω2
0
4 t2e

−∆ω2

Ω2
0 , (10.6)

where Ω0 =
√

kω0/Q0 is a constant that determines the frequency response
of SRA, e.g., the 3-dB bandwidth of SRA equals 1.177Ω0. As such, one can
observe that for the given k and ω0, the bandwidth is inversely proportional
to Q0.

10.2.3 Sensitivity of SRA

The sensitivity of SRA is defined as the minimum detected power, which
means the induced output signal power is the same as its variance:

SSRA = Pmin|I2
x=σ2

x
=

I20R

2
|I2

x=σ2
x

(10.7)
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where Ix is the equivalent induced AC in SRA in response to the AC input
Ii, and σ2

x is the variance of Ix.
As discussed in [257], for a typical ramp-damping function with normalized

ramping slope of k, we have

Ix =
I0ω0σs

2
, σ2

x =
Nω2

0Eg

2
(10.8)

where σs =
√

2Q0

ω0k
is the SRA time constant with a unit of s/

√
rad, Eg =

σs
√
π is the energy of density function, and N is the noise power density with

N = 4K · T · F/R. Note that K and F denote the Boltzmann constant and
noise factor of SRA contributed by active devices, respectively.

As such, the sensitivity of SRX can be found by substituting (10.8) into
(10.7):

S = 2KTF

√

kω0

πQ0
. (10.9)

Note that the receiver noise figure (NF) can be approximated as [89]:

NF =
S

K · T · B . (10.10)

Note that the NF of an SRX is independent of quench signal. For a typical
3-dB bandwidth of the SRX (B = 1.177Ω0), the NF becomes 0.958 F. In
addition, the noise equivalent power (NEP) can be calculated by S/

√
B:

NEP = 1.38KTF 4

√

kω0

πQ0
. (10.11)

Note that k is usually determined by the frequency of the quench signal and
the sampling rate of one SRA. Therefore, it can be observed from (10.9) and
(10.11) that, for a given ω0 and k, the sensitivity and NEP are inversely
proportional to the square-root and the fourth-root of Q0, respectively. So
the resonator with higher Q will significantly improve the sensitivity within
the interested bandwidth for imaging application.

10.3 Super-Regenerative Receiver by
SRR/CSRR Resonator

Two SRXs working at 96 GHz and 135 GHz are implemented in the CMOS
process to demonstrate the advantages of applying quench-controlled oscilla-
tors with metamaterial resonators in super-regenerative receivers (SRX). The
fundamentals of quench-controlled oscillator design is introduced first.
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Figure 10.4: Reflection coefficient of T-line loaded with CSRR unit-
cells.

10.3.1 Quench-Controlled Oscillation

10.3.1.1 High-Q Resonance with Standing Wave

In the practical on-chip resonator design with finite Q of SRR or CSRR,
the reflection coefficient (|Γ|) depends on the number of cascading TL-SRR
or TL-CSRR unit-cells. Figure 10.4 shows the circuit-level simulation of TL-
CSRR at 96-GHz resonance frequency with following observations. First, the
reflection coefficient |Γ| is more sensitive to the cells number when Q is below
200. Second, |Γ| can be improved by cascading more unit-cells.

10.3.1.2 Voltage Controlled Negative Resistance

The oscillation can be sustained by compensating the reflection loss (|Γ| < 1)
with a negative resistance. Similarly, a quench-controlled oscillation can be
achieved by controlling voltage controlled negative resistance (VCNR), which
determines the instantaneous damping factor (ζ(t)) of (10.1) as discussed in
Section II. The sensitivity of SRX is also a function of ζ(t) that is determined
by VCNR. Usually a cross-coupled NMOS pair is applied for the differential
negative resistance design as depicted in Figure 10.5, where the tail current
of the cross-coupled NMOS pair (ID) can be quench-controlled by another
NMOS biased in the saturation region. The equivalent differential negative
conductance between nodes “a” and “b” can be expressed as below by ne-
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Figure 10.5: Reflection loss compensation by cross-coupled NMOS
pair with controlled tail current.

glecting the channel-length modulation

Gm =
gm2

2
=

ID
2Vod2

(10.12)

where gm2 and Vod2 are the transconductance and overdrive voltage of cross-
coupled NMOS FETs, respectively. Note that ID can be obtained by

ID =
W1

2L1
µnCoxV

2
od1 =

W2

L2
µnCoxV

2
od2 (10.13)

where W1, L1 and Vod1 = VQ−VT are the channel width, length and overdrive
voltage of tail NMOS; W2 and L2 and Vod2 are the channel width, length and
overdrive voltage of the cross-coupled NMOS pair; µnCox and VT are the
process related parameters. As such, (10.12) can be written as a function of
VQ by

Gm =
µnCox(VQ − VT )

4

√

2W1W2

L1L2
. (10.14)

One can observe from (10.14) that Gm is linearly controlled by VQ, of
which the slope is determined by the product of W1/L1 and W2/L2. Note
that the oscillation starts when 1/Gm < R and stops when 1/Gm > R. As
such, (W1/L1)(W2/L2) must be large enough to satisfy the oscillation start
conduction (1/Gm < R). However, large W2/L2 will introduce additional
parasitic capacitance, which will be counted into the resonator rank and reduce
the oscillation frequency. Moreover, in order to provide sufficient head room
for the cross-coupled NMOS pair, W1/L1 is selected several times larger than
W2/L2.
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Figure 10.6: Layout for CMOS on-chip implementation of DTL-CSRR
for 96 GHz SRX.

10.3.2 SRX Design by TL-CSRR

10.3.2.1 Folded Differential T-Line Loaded with CSRR

TL-CSRR structure cannot be directly employed for the SRX design. Firstly,
the single-ended approach will bring large common-mode noise in the oscilla-
tor; secondly, cascading more unit-cells will increase area overhead. A folded
differential T-line loaded with CSRR (DTL-CSRR) structure is proposed to
reduce area by half while doubling the number of unit-cells [258]. As shown
in Figure 10.6, two cascaded TL-CSRR unit-cells (with CSRR size of 60 ×60
µm2) are folded in the two topmost metal layers (M6 and M7).

The S-parameters of the proposed DTL-CSRR structure is verified by EM
simulation tool EMX with a parasitic capacitance of 40 fF from transistors.
Both ε and µ of DTL-CSRR are extracted from the simulation results accord-
ing to (9.3), which both become complex numbers due to the existence of loss
factor induced imaginary parts. The metamaterial property is illustrated by
the real parts of ε and µ in Figure 10.7. At the vicinity of 105-GHz resonance
frequency, an electric plasmonic medium is formed with ε < 0 and µ > 0. A
stop-band is thereby formed within a narrow bandwidth of 1.8 GHz, where the
Q factor is found to be 58 by Q = ω0/ω3dB from the differential impedance
(Zdiff ) between P1 and P2.

10.3.2.2 96-GHz DTL-CSRR-Based SRX

Figure 10.8 depicts the schematic of DTL-CSRR-based SRX. DTL-CSRR is
firstly connected to a differential negative resistance formed by cross-coupled
NMOS (M2 and M3). To further improve the detection efficiency, a virtual
ground at 96 GHz is formed by two λ/4 stubs. The size of M4 is designed
as 4 times of that M2 and M3. Note that WTotal and WSingle are the total
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Figure 10.7: EM-simulation-based comparison of DTL-CSRR and LC-
tank resonator for CMOS 96 GHz SRX design.

and individual finger width of transistors in Figure 10.8, respectively. And the
channel length of every active device is 60nm. The remaining circuit consists
of a common source input buffer (M1) for current injection and an envelope
detector formed by M5 and M6. The common source stage (M1) is designed
for input signal injection and also reverse isolation from the oscillator to the
input. The size of M1 is optimized with consideration of minimized parasitic
capacitance as well as the input matching. Similarly, M5 and M6 also need to
be minimized but doing so will reduce the detection efficiency. To solve this
problem, a capacitance coupling by C1 and C2 is introduced between the out-
puts of the oscillator tank and the envelope detection. Firstly, the capacitance
loading from M5 and M6 is reduced by series connection of the coupling capac-
itors; secondly, M5 and M6 are biased externally by large resistors (R1, R2)
to optimize the detection; thirdly, 1/f noise from M5 and M6 is also isolated.

10.3.3 SRX Design by TL-SRR

10.3.3.1 Differential T-Line Loaded with SRR

The TL-SRR structure with horizontal placement of SRRs (Figure 2.13) is also
not suitable for the practical implementation for SRX, mainly due to the large
area overhead. Compared to TL-CSRR, TL-SRR inherently has better layout
flexibility because SRRs can be vertically stacked within a compact area. One
differential T-line loaded with stacked SRRs (DTL-SRR) is proposed in this
work for the application of 135 GHz SRX design in the 65nm CMOS RF
process.

As shown in Figure 10.9(a), the DTL-SRR is designed by stacked SRRs
with the same dimensions of 24 × 24 µm2 in 4 metal layers (M5 to M8). All
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Figure 10.8: Schematic of CMOS 96 GHz SRX with DTL-CSRR.

SRRs are closely coupled to the same host T-line implemented in the topmost
metal layer (M8). The overall size of the proposed DTL-SRR is 35 × 34 µm2.
For the purpose of comparison, a traditional LC-tank resonator is designed in
the M8 metal layer as shown in Figure 10.9(b), which has the same resonance
frequency of 135GHz. The S-parameters of both structures are also verified by
EMX with the same parasitic capacitance of 16fF. As shown in Figure 10.10, at
the vicinity of 140-GHz resonance, ε > 0 and µ < 0, and a magnetic plasmonic
medium is formed. As a result, a stop-band is formed at 140 GHz within a
narrow bandwidth of 3.5 GHz. The Q factor of the DTL-SRR resonator is 40,
which is more than 2 times the Q of the LC-tank resonator. Moreover, the
DTL-SRR resonator layout area (1190 µm2) is less than half of the LC-tank
resonator (2500 µm2).

Such a Q factor enhancement effect can also be explained by the strong
phase non-linearity in the frequency range closed to SRRs resonance. Note
that the Q factor can also be obtained by phase-based method:

Q =
ω0

2
· |d∠Z(jω)

dω
|, (10.15)

where ∠Z(jω) is the phase of resonator impedance. Figure 10.11(a) shows
the impedance diagram of both DTL-SRR and LC-Tank without any capac-
itor loading. A resonance generated by the SRR loadings is observed at 167
GHz for DTL-SRR. Such resonance causes non-linear phase shift at 140 GHz.
Figure 10.11(b) shows that DTL-SRR has much stronger phase non-linearity
than that of LC-Tank around 140 GHz. As shown in Figure 10.11(c), both
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Figure 10.9: Layout for CMOS on-chip implementation of DTL-SRR
for 135 GHz SRX.

Figure 10.10: EM-simulation-based comparison of DTL-SRR and LC-
tank resonator for CMOS 135 GHz SRX design.

structures have the same resonance frequency of 140 GHz after including the
ideal capacitance (C = 16 fF). The phase non-linearity in DTL-SRRs increases
the phase gradient of ZDiff at 140 GHz, resulting in a higher Q according to
(10.15).

10.3.3.2 135-GHz DTL-SRR-Based SRX

Figure 10.12 depicts the schematic of 135-GHz DTL-SRR-based SRX. Firstly,
a transformer-based matching network is applied to the input matching for
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(a)

(b)

(c)

Figure 10.11: Impedance diagram of DTL-SRR and LC-tank in Global
Foundries 65-nm CMOS process. (a) real and imaginary parts of
ZDiff , (b) phase of ZDiff , (c) phase of ZDiff when the ideal 16-fF
capacitor is included.
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Figure 10.12: Schematic of CMOS 135 GHz SRX with DTL-SRR.

M1 for the electrostatic discharge (ESD) protection when integrating with the
antenna; secondly, the virtual ground formed by two λ/4 T-lines is replaced
by the high-Q MOM capacitor to further reduce the chip area; thirdly, the
detected envelope signal VENV is directly averaged by an on-chip low-pass
filter formed by R3 and C3 at the output.

10.4 Circuit Prototyping and Measurement

10.4.1 DTL-CSRR-Based SRX at 96 GHz

As shown in Figure 10.13(a), the proposed DTL-CSRR-based SRX is imple-
mented in the UMC 65-nm CMOS process with fT /fMAX of 170/190 GHz.
The total die area is 500 × 440 µm2 including a core area of 0.014 mm2 with
resonator and active devices. The SRX is measured on probe station (CAS-
CADE Microtech Elite-300) with RF input signal provided by Agilent PNA-X
(N5247A) with T/R modules (N5260), of which the output power is calibrated
in the range of -85 ∼ -10 dBm by Agilent Spectrum Analyzer E4407B with a
W-band waveguide harmonic mixer (11970W). Note that the output power of
the T/R module can be controlled by N5247A, but its minimum output power
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Figure 10.13: Die micrographs: (a) CMOS 96 GHz SRX with DTL-
CSRR, and (b) CMOS 135 GHz SRX with DTL-SRR.

level that can be calibrated is limited by the sensitivity of spectrum analyzer.
A 12.5MHz sinusoid quench-control signal is applied by function generator
(AFG3022) with voltage swept in 0 ∼ 250 mV. The receiver operates under
1-V power supply with a power consumption of 2.8 mW.

The receiver gain is defined as Gain(dB) = 20 logVout − Pin, where Vout

is the normalized output voltage of receiver and Pin is the input power level
of proposed SRX in dBm. The actual gain of SRX is not totally independent
of Pin as discussed in (10.6) in Sec. 10.2. A relative higher Pin of -20 dBm is
applied to have sufficient Vout at the frequency outside the bandwidth. Figure
10.14(a) shows the measured and simulated gain and input S11, where the
maximum gain of proposed SRX at -20-dBm Pin is 21 dB at 95.5 GHz and
a 3-dB bandwidth of 560 MHz is observed. The measured gain is quite close
to the postlayout simulation result. A good input match is also observed with
S11 smaller than -14 dB from 94.6 GHz to 96.6 GHz. Figure 10.14(b) shows
the normalized Vout against Pin as well as the responsivity, where an almost
linear response is observed with a sensitivity of -78 dBm and a maximum
responsivity of 6.02 MV/W. Note that responsivity is calculated by Vout/Pin.
The measured responsivity is very close to the simulation results especially
when the input power level is below -70dBm. The noise equivalent power
(NEP) of proposed SRX is 0.67 fW/

√
Hz, which is calculated by S/

√
B,

where S is the sensitivity and B is the 3-dB bandwidth [89]. Finally, the noise
figure (NF) is found to be 8.5 dB by S/(K · T · B) at room temperature of
290K.
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(a)

(b)

Figure 10.14: Measurement and simulation results of CMOS 96 GHz
SRX. (a) gain and input S11, and (b) output voltage (Vout) and re-
sponsivity vs. input power (Pin).

10.4.2 DTL-SRR-Based SRX at 135 GHz

As shown in Figure 10.13(b), the proposed DTL-SRR-based SRX is imple-
mented in Global Foundries 65-nm CMOS RF process with fT /fMAX of
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180/530 GHz. It has a total die area of 570 ×460 µm2, and a core area of
0.0085 mm2. For the purpose of imaging system integration, the receiver chip
is firstly attached to a test board (FR4, 1.6-mm thickness). As shown in Figure
10.15, the whole test board is placed on a probe station for SRX measurement.
As such, the SRX can be easily integrated with an imaging system by replac-
ing the GSG probe with bonding wires connected to a 135GHz antenna. The
RF input signal is provided by a VDI D-Band signal generator, for which
the output power is calibrated in the range of -85 ∼ -10 dBm by the R&S
FSUP signal source analyzer with a D-band waveguide harmonic mixer. A
12.5-MHz sinusoid quench-control signal is applied from function generator
(Agilent 33250a) with voltage sweep-range of 0∼400mV. Operating from a
1-V power supply, the receiver consumes 6.2 mW.

Figure 10.16(a) shows the measured gain when Pin is -18 dBm, where the
maximum gain of proposed SRX is 15.5dB at 134.8GHz and the 3-dB band-
width is 530 MHz. The measured gain is also quite close to the postlayout
simulation result, but the center frequency of measurement results are 5-GHz
lower than that from simulation, which is probably due to the inaccurate tran-
sistor model above 100 GHz. Figure 10.16(b) shows normalized Vout against
Pin as well as the responsivity, where the receiver sensitivity (S) and the max-
imum responsivity are observed as -76.8 dBm and 4.82 MV/W, respectively.
Note that the measured responsivity is very close to the simulation results
especially when the input power level is below -50dBm. And the NEP is cal-
culated to be 0.9 fW/

√
Hz. A near-linear relationship between Vout and Pin

is observed when the input power is below -40 dBm, which can be utilized in
post-data processing to generate THz images.

Figure 10.15: Measurement setup of CMOS 135 GHz SRX with DTL-
SRR.
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(a)

(b)

Figure 10.16: Measurement and simulation results of CMOS 135 GHz
SRX. (a) gain, and (b) output voltage (Vout) and responsivity vs.
input power (Pin).
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Table 10.1: Performance Comparison of State-of-the-Art Receivers
for Imaging Application

Parameters [89] [90] [259] DTL-CSRR
DTL-

SRR

Topology SRX SRX DC SRX SRX

Resonator Type LC-tank LC-tank — TL-CSRR TL-SRR

Technology
Node

65-nm
CMOS

65-nm
CMOS

180-nm
BiCMOS

65-nm

CMOS

65-nm

CMOS

fosc (GHz) 144 183 103 95.5 135

Power (mW) 2.5 13.5 225 2.8 6.2

Sensitivity
(dBm)

-74 -72.5 -56 -78 -76.8

Bandwidth
(GHz)

0.94 1.4 20 0.56 0.53

NF (dB) 10.2 9.9 15 8.5 9.7

NEP (fW/
√
Hz) 1.3 1.5 17.8 0.67 0.9

Core Area
(mm2)

0.021 0.013 0.75 0.014 0.0085

10.4.3 Comparison and Discussion

The performance of the measurement results of proposed SRXs is summarized
in Table 10.1 as well as the previous state-of-the-art receiver designs. Com-
pared to the direct conversion receiver [259], SRXs have a 16 ∼ 22 dB better
sensitivity due to a narrower receiver bandwidth. Compared to the traditional
SRX designs with LC-tank resonator [89, 90], the proposed SRXs show 30%
∼ 50% reduced NEP, 2.8 ∼ 4dB better sensitivity and 60% area reduction,
which makes them well suited to the portable THz imaging with a large sensor
array.

10.5 Conclusion

As demonstrated in this section, both DTL-SRR and DTL-CSRR can also be
applied in the super-regenerative receiver design with quench-controlled oscil-
lators to achieve better sensitivities. When compared to the conventional SRX
design with LC-tank resonator at the similar frequency, both proposed SRXs
at 96 GHz and 135 GHz show 2.8 ∼ 4 dB improved sensitivity. Especially, the
proposed SRXs at 135 GHz has 60% reduced core chip area. In the following
section, CMOS-based THz antenna design will be discussed.





Chapter 11

In-Phase Detection

11.1 Introduction

In this section, an in-phase coupled CON architecture is proposed to improve
the sensitivity of SRX. As shown in Figure 11.1, the input power is amplified
by two oscillators, which are coupled in phase in a positive feed-back loop.
Then, the output voltage envelope is detected, indicating the input power
level. The main design challenge is how to realize in-phase coupling between
two oscillators.

The key idea of this paper is using a zero phase shifter (ZPS) to couple two
quench-controlled oscillators in phase. Compared to the transformer-coupling
method [95], the ZPS approach does not introduce the extra phase between
two oscillators, as shown in Figure 11.1(a). As a result, the SRX sensitivity
can be improved in terms of both reduced noise figure (NF) and increased
oscillatory amplification.

The proposed SRX with ZPS-coupled CON is designed in 65nm CMOS at
131.5GHz with a core area of 0.06mm2. The circuit measurement shows that
the receiver features a sensitivity of -84dBm, a noise equivalent power (NEP)
of 0.615fW/Hz0.5, a NF of 7.26dB and a power of 8.1mW.

11.2 SRX Sensitivity Enhancement by ZPS-
Coupled CON

In this section, the fundamentals of the SRX circuit are described at first and
then, the sensitivity enhancement by the ZPS-coupled CON is discussed.

251



252 � Design of CMOS Millimeter-Wave and Terahertz Integrated Circuits

ZPSLNA

LC-tank-I 

oscillator

LC-tank-II 

oscillator

Envelope 

detector

Quench signal

t

Vq

Quench signal

Vdc

0

E F

t
E

F

t

Input power

VdVp

(a)

t

Vd

t
Input power P1 Input power P2

t0 0

0

Vp1 Vp2 Vp1

Vp2

 P1

P2

 P1>P2

(b)

Figure 11.1: (a) Proposed SRX structure, in-phase output (E,F), and
sin-wave quench signal; (b) envelope shape response (VP ) of oscillator
under different input power, and envelope detector output (Vd).

In order to understand the sensitivity enhancement from the coupling of
two quench-controlled oscillators, one can apply the feedback model in a linear
time variant (LTV) analysis of SRX [94]. A simplified circuit model as well as
its feedback model are shown in Figure 11.2 (a) for conventional SRXs with
a single quench-controlled oscillator. Its time-varying transfer function is

ZTV (s, t) =
Z0ω0s

s2 + 2ζ(t)ω0s+ ω2
0

(11.1)

where ω0 is 1/
√
LC, Z0is

√

L/C, and is damping function:

ζ (t) = ζ0 (1−Gm (t) R) = ζdc + ζac (11.2)

where ζ0 is a constant.
Note that the receiver’s behavior is mainly determined by AC character-

istics of the damping function [94].
When the damping signal ζ (t) in each quench cycle is a ramping signal

ζac (t) = −βt, the gain function and the sensitivity function g (t) of the SRX
become

µ (t) = κe
1
2ω0βt

2

(11.3)
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Figure 11.2: Traditional SRX circuit model and its feedback model;
(b) proposed SRX circuit model and its feedback model.

g (t) = κe−
1
2ω0βt

2

(11.4)

where β is the slope (GmR), and κ is a constant.
The simplified circuit and feedback loop model of the SRX with two cou-

pled quench-controlled oscillators is shown in Figure 11.2 (b). Its transfer
function can be simplified as follows:

ZNTV (s, t) =
ZRLC(s)ZRLC(s)ZC(s)

[1−Gm1 (t)ZRLC (s)] [1−Gm2 (t)ZRLC (s)]Z2
c (s)

(11.5)

where ZRLC(s) is the impedance of the parallel resonator (or RLC), and ZC (s)
is the impedance of serial resonator (or ZPS).

Note that Gm1 (t) and Gm2 (t) are determined by the phase difference of
the injected signal between the two oscillators [89]. At the interested frequency
around ω0, the impedance of serial resonator (or ZPS) is much smaller than the
parallel resonator (or RLC). As such, equation (11.5) can be further simplified
as

ZNTV (s, t) =
ZRLC(s)

1− [Gm1 (t) +Gm2 (t) ]ZRLC(s)
(11.6)

where high-order terms are neglected due to small value at the beginning of
the start-up.
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Substituting ZRLC(s) into equation (11.6), the transfer function of the
proposed SRX can be expressed as

ZNTV (s, t) =
Z0ω0s

s2 + 2ζn(t)ω0s+ ω2
0

(11.7)

where the new damping function ζn(t) becomes

ζn (t) = ζ0[1−Gm1 (t)R
(

1 + ejϕ
)

]. (11.8)

Note that the absolute value Gm2 (t) is equal to Gm1 (t), and a phase
difference ϕ is introduced due to the phase difference from the injected signals.
Therefore, when the damping signal is a ramping signal with slope β, the
damping function becomes

ζn (t) = 1− (1 + ejϕ)βt.

As a result, the gain function µn (t) and the sensitivity function gn (t)
become

µn (t) = κe
1
2ω0β(1+ejϕ)t2 (11.9)

gn (t) = κe−
1
2ω0β(1+ejϕ)t2 . (11.10)

One can observe that the gain and sensitivity functions are both influenced
by the phase difference of the injected signal between two oscillators. When
the phase difference becomes zero, both the gain and the sensitivity functions
can be optimized.

We further compare the gain function and sensitivity function of the con-
ventional SRX with that of the proposed ZPS-coupled SRX by

UC =
µn (t)

µ (t)
= e

1
2ω0βt

2

(11.11)

GC =
gn (t)

g (t)
= e−

1
2ω0βt

2

. (11.12)

One can observe that the gain of the SRX enhancement is exponential
with ω0. When a signal frequency around ω0 is injected into LC-tank-I, it is
amplified and injected into LC-tank-II in phase. Then, it is further amplified
by LC-tank-II and re-injected into LC-tank-I. Thus, a positive feedback loop is
established when in-phase coupling is realized by the ZPS, where the oscillator
amplification gain is increased with the improved detection sensitivity.

11.3 Circuit Prototyping and Measurement

11.3.1 SRX Circuit Design

The schematic of the proposed SRX is shown in Figure 11.3. It consists of
two ZPS-coupled LC-tank resonators, one common source input buffer and
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Figure 11.3: Circuit diagram of proposed SRX with ZPS-coupled os-
cillators.

one output envelope detector. Relatively small sized (2µm/100nm) NMOS
transistors (M3) are connected in both oscillator tanks, working as varactors
for frequency tuning. By tuning control voltages VTUNE1 and VTUNE2,
the process mismatch in two LC tanks is well cancelled to make sure that
the free-running frequencies of two tanks are the same. As a result, CON
synchronization mainly depends on the coupling network, which is ensured
by the ZPS given in this paper. The quench-controlled transconductances are
implemented by cross-coupled transistor pairs (M1 and M2), of which the tail
current is controlled by M4. Note that M1 and M2 have an identical size of
60nm length and 12µm width, and M4 has a size of 60nm length and 60µm
width. The input of LC-tank-I is connected to a common source buffer (M6),
of which the input is matched to 50Ω by L1 and L2. A dummy transistor
(Mdummy) is introduced to compensate parasitic capacitor unbalance. The
output of LC-tank-II is connected to a differential envelope detector (M5).

The design of a passive part such as ZPS [163] is shown in Figure 11.4. The
inductor is implemented in the top metal layer. The radius of the inductor
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is 26µm and the width is 10µm. The simulated inductance is 66pH, and the
quality factor is 20. The ZPS is implemented by a serial connection of two
inductors LZ and one capacitor CZ [163]. An EM simulation shows a zero-
phase-shift at 131.5 GHz with a small insertion loss of 0.4dB.

11.3.2 Measurements

The proposed SSR is fabricated in 65nm CMOS process, and the die micro-
graph is shown in Figure 11.5 (a). The core area is 0.06 mm2, and total area is
600 µm × 500 µm including input and output pads. The receiver is measured
on a probe station with RF signal provided by a microwave signal generator
through GSG probe. A 12-MHz sinusoid quenching signal is applied by a func-
tion generator with 0.6-V DC level and peak-to-DC voltage swing is swept in a
range of 0 ∼ 300 mV. The receiver operates under 1-V power supply. The cur-
rent consumption of each LC-tank is 3.8 mA, while the one of LNA is 0.5 mA.

The operating frequency of the SRX is measured at 131.74 GHz, which
is also the self-oscillation frequency, as shown in Figure 11.5 (b). A tuning
range of 1 GHz is observed when sweeping VTUNE in a range of 0 ∼ 1 V.
Good input power matching is also achieved for NF reduction and sensitivity
improvement. As shown in Figure 11.6, S11 is below -10dB from 122 GHz to
140 GHz. The bandwidth is around 680 MHz. Note that the maximum gain
is 41 dB, which is almost 13 dB higher than conventional SRX design [90].
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Figure 11.5: (a) Chip photo of 131.5 GHz SRX in 65 nm CMOS; (b)
measured self-oscillation frequency of 131.74 GHz and output power
of −23.10 dBm.
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In addition, as shown in Figure 11.7, the sensitivity of the receiver is
measured as -84 dBm. NEP is defined as the signal power in 1Hz band-
width of unity signal-to-noise ratio, equivalent to S/

√
B, and measured as

0.615 fW/Hz0.5. Finally, NF is measured as 7.26 dB by S/KTB at a room
temperature. As shown in Table 11.1, the measurement results of the pro-
posed receiver are compared to recently published mm-wave imaging receivers
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Table 11.1: Performance Comparison with Recent mm-Wave Re-
ceivers

[91] [92] [89] [90] [93] This
work

Technology 65-nm
CMOS

65-nm
BiCMOS

65-nm
CMOS

65-nm
CMOS

65-nm
CMOS

65-nm
CMOS

Supply (V) 1.2 1 1.2 1 1.2 1

Frequency (GHz) 94 94 144 183 95.5 131.5

Sensitivity (dBm) -66 -57 -74 -72.5 -78 -84

Noise Figure(dB) N/A 12 10.2 9.9 8.5 7.26

Bandwidth(GHz) 23 26 0.94 1.4 0.56 0.68

NEP (fW/Hz0.5) N/A 10.4 1.3 1.51 0.67 0.615

Power (mW) 93 200 2.5 13.5 2.8 8.1

Core Area (mm2) 0.31 1.25 0.021 0.013 0.014 0.06

[89, 90, 91, 92, 93]. The proposed receiver achieves better sensitivity, noise fig-
ure and NEP.

11.4 Conclusion

A CMOS super-regenerative receiver is demonstrated based on ZPS-coupled
oscillators for 131 GHz. Compared to traditional SRX designs, the receiver
shows an improved sensitivity by 10 dBm due to the additional positive feed-
back loop introduced between the two in-phase-coupled oscillators. The chip is
implemented in 65nm CMOS with 0.06-mm2 area. Measurement results show
that the receiver has achieved -84-dBm sensitivity, 0.615-fW/Hz0.5 NEP, 7.26-
dB NF and 8.1-mW power consumption. The compact size with improved
sensitivity is ideal for the application of large-arrayed mm-wave imaging ap-
plications.
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Chapter 12

CMOS THz Imaging

12.1 Introduction

High performance THz imaging systems can be constructed by the proposed
on-chip metamaterial-based signal sources, receivers and antennas in the pre-
vious sections. As illustrated in Figure 12.1, A high power THz signal firstly
generated by MPW-based zero-phase CON and then radiated by the CRLH
T-line-based on-chip LWA. After penetrating through the sample under test,
the resulting THz signal is received by a high sensitivity super-regenerative
receivers by TL-SRR/TL-CSRR-based quench-controlled oscillators. With the
proposed transmitter and receiver designs, both narrow-band and wide-band
THz imaging systems can be demonstrated at 135 GHz and 280 GHz, respec-
tively.

In this chapter, firstly, a narrow-band transmission type THz imager is
demonstrated at 135 GHz with various pharmacy and security applications.
To further enhance a wide-band CMOS THz imaging system at 280 GHz with
high sensitivity, and high spectrum resolution, a heterodyne receiver architec-
ture is required [260]. As shown in Figure 12.2, a high-sensitivity CMOS wide-
band transmission-type THz imager is also demonstrated by integrating the
circular polarized substrate integrated waveguide (SIW) antenna introduced
in Sec. 8.3 with a heterodyne receiver, which consists of a down-conversion
mixer and a power gain amplifier (PGA). The down-conversion mixer with
single-gate topology can achieve 80-GHz bandwidth with a conversion gain
of -19 dB. The three-stage PGA achieves 150-MHz bandwidth for the detec-
tion resolution. The entire imager is measured with -2-dBi conversion gain
over 42-GHz bandwidth, -54.4-dBm sensitivity at 100-MHz detection resolu-
tion bandwidth, 6.6-mW power consumption and 0.99-mm2 chip area with
high-contrast images measured.

261
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Figure 12.1: Metamaterial-based THz imaging system.

Figure 12.2: THz image system with heterodyne receiver for high
spectrum resolution detection and circular-polarized antenna for the
tolerance of depolarization effect.

In addition, a reflection-based THz imager is also required for in-vivo skin
cancer diagnosis. Compared to the transmissive imaging system, the reflective
type has a higher requirement for transmitter power, receiver sensitivity and
the control of path of incident and reflected signal. As such, a reflective CMOS
THz imaging system is also proposed based on simulation results in this work
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with on-chip integrated THz transceivers, which has been constructed by a
differential heterodyne receiver the on-chip CRLH-TL leaky wave antenna
(LWA), and zero-phase CON-based signal source demonstrated in previous
sections.

12.2 135-GHz Narrow-Band Imager by DTL-
SRR-Based SRX

12.2.1 THz Imaging by SRA Detection

THz radiation is usually attenuated due to absorption and scattering during
the propagation [261], which can be modeled by

Iγ1 = Iγ0e
−

∫

γ1
γ0

αe(z)dz (12.1)

where Iγ0 and Iγ1 are the incoming and outgoing radiance intensity along the
path (γ0, γ1); and αe(z) is the extinction coefficient, which is the summation of
absorption (αa) and scattering (αs) coefficients. For a homogeneous material
placed between (γ0, γ1), αa is a constant. The scattering only happens at the
interface with scattering coefficients of αs(γ0) and αs(γ1). The received power
(PR) in a transmissive-type THz imaging system is [262]

PR(dBm) = PT (dBm) +GR(dBi)− L(dB)

− 8.686[∆γαa + αs(γ0) + αs(γ1)](dB)
(12.2)

where PT is the effective isotropic radiated power (EIRP) of the transmitter,
GR is the receiver antenna gain, and L is the path loss without any objects
placed in the propagation path, including both the free space path loss (FSPL)
and atmosphere absorption.

As shown in (10.5), the envelope of receiver output is proportional to
the injected current or the square root of input power. A DC output can be
obtained by averaging Env[vo(t)] in each periodic quenching cycle.

VDC =
ωiZ0|S(∆ω)|

√
PR√

2R(tb − ta)

∫ tb

0

1

s(t)
dt (12.3)

As such, the received power could be detected by measuring VDC from the
SRA output. As a result, the THz image of an object can be further obtained
by the 2D scanning of VDC with fixed PT , GR and L. Moreover, by analyzing
VDC as well as PR with various object thickness (∆γ), one can further find
the absorption coefficient of the object under test.

12.2.2 Narrow-Band Imaging Results

The SRX can be integrated with the THz imaging system by replacing the
GSG probe with bonding wires connected to an 135-GHz antenna. It is demon-
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(a)

(b)

Figure 12.3: (a) PCB integration of CMOS 135-GHz SRX with an-
tenna; (b) THz imaging measurement setup with the proposed re-
ceiver chip integrated on PCB and object under test fixed on an X-Y
moving stage.

strated by wires bonding from the input of the proposed 135-GHz SRX to a
2 × 4 antenna array with hybrid series/parallel feeding network as shown in
Figure 12.3(a). The receiver and antenna must be well aligned to minimize the
connection loss, which is estimated to be 3∼5dB according to the EM simula-
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Figure 12.4: Images captured by imaging system with the proposed
135-GHz SRX receiver: knife, perfume, and coin in handbag.

tion in Ansoft HFSS. A 2x4 antenna array using hybrid series/parallel feed is
designed and fabricated in Roger RT5880 with size of 8 ×8 mm2. The antenna
has 15.4dBi simulated gain at 135 GHz. Its input is matched to 50ohm with
measured S11 below -10dB from 124 to 139GHz. Detailed information of the
antenna array design is shown in [263]. The entire THz imaging setup is also
shown in Figure 12.3(b). The 135-GHz radiation from a VDI source (0-dBm
output power) is received by proposed SRX after propagating through the
objects under test, which is held by an X-Y moving stage (STANDA) placed
in the middle. Although a substantial portion of the object is illuminated due
to the divergent beam from the source antenna, only the power propagating
in the direction of the receiver is detected. As such, a high-resolution image
can be obtained without a focus lens. The resulting Vout at each X-Y stage
position is recorded into a 2D matrix, which can be plotted in colored image
in MATLAB R© with JET colormap.

Figure 12.18 shows the imaging results by the proposed CMOS THz image
system. Figure 12.4 demonstrates the detection of a knife, perfume, and a coin
inside a hand-bag. These items can be clearly identified in the image, because
different material types like metal, plastic and liquid have different absorption
and reflection properties to the THz radiation. Figure 12.5 shows that one can
differentiate between a moisturized Panadol pill and a dry one. Due to the
strong water absorption at THz frequencies, a moisturized Panadol has higher
absorption than the dry one. Figure 12.6 shows the imaging of various types
of food oil including sunflower, olive, fresh soybean and soybean that has been
used once. Note that four petri dishes are used to hold the oil samples.

The imaging system can also be applied in transmission analysis to char-
acterize the material in the propagation path. The absorption ratio of each oil
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Figure 12.5: Images captured by imaging system with the proposed
135-GHz SRX receiver: moisturized and normal Panadol pills.

SoybeanOlive

Sunflower
Soybean

(used)

Figure 12.6: Images captured by imaging system with the proposed
135-GHz SRX receiver: various types of oil.

type can be identified by comparing the received power under different sam-
ple volume with the help of (12.2) in Section II, and it is depicted in the box
chart in Figure 12.7. It is interesting to observe that the soybean oil that has
been used once has higher absorption of the 135-GHz energy than the fresh
one. With the significantly improved receiver sensitivity, the proposed CMOS
THz imager results in high-contrast images and it can be further utilized in
the analysis of moisture level as well as the identification of particular liquid
content.
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Figure 12.7: Absorption ratio of various types of oil detected at 135
GHz.

12.3 240 ∼ 280-GHz Wide-Band Imager with
Heterodyne Receiver

Since THz radiation is highly sensitive to the crystal lattice vibration,
hydrogen-bond as well as intermolecular interactions, it results in unique spec-
troscopy fingerprints for many materials. There are two design targets for the
receiver to enable the spectroscopy analysis in a sub-THz imaging: high spec-
trum selectivity and wide frequency range of operation. Diode detection-based
receivers [230, 32, 259] can achieve the latter target, but not the former one;
while super-regenerative-based receivers [90, 231] can achieve the former tar-
get, but not the latter one. In order to satisfy both of the two targets in
the receiver design, one needs to deploy either heterodyne [264] or direct-
conversion receivers. Compared to direct-conversion architecture with a zero
IF, heterodyne architecture with a near-zero IF is more flexible in the system
design with both magnitude and phase detection capability. The magnitude
detection in an sub-THz imaging system can be achieved by either heterodyne
or direct-conversion architecture, but only heterodyne architecture is able to
retain the phase information of sub-THz signal, which is very useful to ana-
lyze the complex refractive index of the sample under test. As such, this paper
focuses on the design of heterodyne receivers with a near-zero IF.
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12.3.1 Architecture and System Specification

The design of a CMOS heterodyne receiver in THz has to be conducted in a
scenario without any low noise amplifiers (LNA) as illustrated in Figure 12.2,
because hardly any amplifiers can be designed at a frequency close to or above
the fmax. For example, the fmax in a typical CMOS 65nm process is around
300 GHz [265],

The receiver gain (Gtot) in such case can be calculated as

Gtot = GantGmixGpga (12.4)

where Gant, Gmix and Gpga denote the gain of antenna, mixer and power gain
amplifier (PGA), respectively. Also, the total receiver noise figure (NFtot)
becomes

NFtot = NFmix +
NFpga − 1

Gmix
(12.5)

where NFmix and NFpga denote the NF of the mixer and VGA, respectively.
Eq. (12.4) denotes that the total receiver gain can be improved from antenna,
mixer and PGA, while (12.5) denotes that the noise contributed by each stage
decreases as the total gain of preceding stages. The noise contributions from
mixer and PGA are no longer negligible without LNA, so the NF of the
receiver has to be improved by increasing the conversion gain of the mixer
and minimizing the noise figure of PGA. In the following sections, the designs
of the mixer and PGA in a THz CMOS heterodyne receiver are introduced.

12.3.2 Down-Conversion Mixer

As the first active building block connected to the antenna, the design of the
down-conversion mixer largely affects the performance of heterodyne receiver,
including conversion gain and NF. Conventionally there are two types of mix-
ers that are commonly used in the mm-wave region: Gilbert-cell mixer and
single-gate mixer [266, 267]. Gilbert-cell mixer [266] has a compact size and
low implementation loss, and it generates the cross-modulation product of LO
and RF signals. However, the conversion gain of the Gilbert-cell mixer largely
depends on the transconductance of transistors in the saturation region, which
will be heavily reduced when the signal frequency is approaching fmax. On the
other hand, the single-gate mixer [267] utilized the nonlinearity of transistors
when biased in the subthreshold region, which is less frequency dependent
compared to the Gilbert-cell mixer, and is able to work at a higher frequency
in THz. Moreover, compared to the subharmonic mixer working with 1/3-LO
[234], the conversion loss could be largely reduced when directly mixing the
RF and LO signal in fundamental tones. In this work, a single-gate mixer is
designed to down-convert the RF signal in 220 ∼ 300 GHz to the baseband
by the fundamental tone of LO signal.

Figure 12.8 shows the schematic of a proposed down-conversion mixer
design. A Wilkinson combiner implemented by coplanar waveguide (CPW)
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Figure 12.8: Schematic of THz down-conversion mixer at 280 GHz.

is deployed to combine the RF signal from the antenna and the LO signal,
and also to provide isolation in between. The combined output is connected
to the input of the common-source stage (M1) biased in the subthreshold
region (0.4-V VGS) by a compact composite CPW and lump components
matching network. The following common-gate stage is applied to improve
the conversion efficiency as well as the reverse isolation. One LC resonator is
connected between the VDD and the mixer output to filter out the unwanted
harmonics of the IF signal.

A post-layout simulation is performed to the proposed mixer design with
passive devices simulated in an EMX environment, including power combiner,
matching network and inductors. A maximum conversion gain of -19 dB is
demonstrated by proposed mixer in Figure 12.9(a) when the power of LO
is 0 dBm. Note that the on-chip generation of 0 dBm LO power by 65nm
CMOS has been recently demonstrated in [176]. Compared to the subharmonic
mixer design in [234], the conversion gain is improved by more than 10 dB.
Also, the proposed mixer has a wide operation frequency range with a gain of
−19 ∼ −22dB from 220 GHz to 300 GHz. Moreover, a good input matching
and LO-RF isolation is achieved with S11, S22 and S12 smaller than -10 dB
in 220 ∼ 300 GHz. Note that the conversion gain of the proposed mixer is also
determined by the available LO power at mixer input. As shown in Figure
12.9(a), the conversion gain will drop to -37 dB when LO power is reduced to
-20 dBm.

12.3.3 Power Gain Amplifier

There are two major objectives in the PGA design in a THz heterodyne re-
ceiver. First, sufficient gain must be provided to the targeted IF frequency
with a low noise figure. Compared to the common-source amplification topol-
ogy, cascode is more preferred with higher gain and stability. Second, a nar-
row frequency response is required to increase the selectivity of the receiver
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(a)

(b)

Figure 12.9: Simulation results of proposed mixer. (a) S-parameters
and conversion gain when sweeping RF and LO frequencies with
FLO = FRF + 3GHz; (b) conversion gain at different LO power level
when sweeping RF frequency with FIF = FRF − 280GHz.

for the purpose of THz imaging. Generally, a narrow frequency response can
be achieved by a resonator tank with a high quality factor, which is mainly
determined by the inductor for on-chip implementation. However, since the
inductor size is inversely proportional to the resonating frequency for a given
Q factor, it will generate large chip area overhead when the resonant frequency
is too small. As such, an optimized resonant frequency of 3GHz is selected in
the PGA design.
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Figure 12.10: Schematic of the three-stage power gain amplifier and
the output buffer.

Figure 12.10 shows the schematic of the proposed PGA, which is imple-
mented by three stages of cascode amplifiers followed by a common-source
output buffer. In each cascode stage, both transistors are biased in the sat-
uration region (0.6-V VG for M3, M5 and M7, VG is connected to VDD for
M4, M6 and M8.) The resonator is implemented by a 410-fF metal-insulator-
metal capacitor and a 3.5nH spiral inductor. A common-source output buffer
is used to drive a 50-Ohm output impedance for the purpose of measurement.
The post-layout simulation is also performed on the proposed PGA design.
As shown in Figure 12.11, a maximum gain of 33dB is obtained at a cen-
ter frequency of 3 GHz, and the 3-dB bandwidth is 150 MHz. Moreover, the
proposed PGA has a noise figure lower than 4 dB from 2.5 GHz to 3.5 GHz.

12.3.4 Wide-Band Imaging Results

The proposed wide-band CMOS imager is fabricated in Global Foundries (GF)
65-nm CMOS RF process after integrating the heterodyne receiver with the
circular polarized substrate integrated waveguide (SIW) antenna introduced
in Sec. 8.3. The die micrograph is shown in Figure 12.12 with a chip area of
0.99 mm2. The fabricated receiver chip is firstly measured alone followed by
the applications in the THz imaging system.

12.3.4.1 Receiver Measurements

The receiver operates under 0.8-V power supply with overall power consump-
tion of 6.6 mW. As shown in Figure 12.13, the receiver chip is firstly measured
on a probe station (CASCADE Microtech Elite-300). An LO-signal (VDI) is
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Figure 12.11: Simulation results of the three-stage power gain ampli-
fier with output buffer.

Figure 12.12: Chip micro photograph of the proposed CMOS 280-
GHz heterodyne receiver with on-chip integrated circular polarized
SIW antenna.

directly injected via a waveguide GSG probe with 50-µm pitch from 220 GHz
to 330 GHz, and a RF signal is emitted by a 20-dB gain horn antenna placed
right above the chip under-test by 10-cm distance. The output IF signal is
connected to another low-frequency GSG probe with 100-µm pitch.

The receiver output power is measured by a spectrum analyzer (Agilent
E4408b) when the power of the RF source (VDI) is pushed to the maximum
power level (∼ -10 dBm). The receiver gain in (12.4) can be obtained by
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Figure 12.13: Equipment setup for 280-GHz receiver measurement.

Figure 12.14: Gain and sensitivity measurement results when sweep-
ing RF and LO frequencies with FLO = FRF + 3GHz.

Gtot(dBi) = PIF − ERIPRF + L(d), where PIF is the output power of the
receiver in dBm, ERIP is the equivalent isotropically radiated power of the
signal source in dBm, L(d) is signal propagation loss in dB and d is the
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Figure 12.15: Gain measurement results when sweeping RF and LO
frequencies with FIF = FLO + 280GHz.

Figure 12.16: Receiver sensitivity at 250 GHz versus receiver resolu-
tion bandwidth.
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distance between the horn antenna and the SIW antenna in the receiver. Note
that ERIPRF and L(d) can be obtained by the following equations:

{

ERIPRF = PTX +GTX

L(d) = 20 log
(

c
4πfd

)

+ 4.343αd
(12.6)

where PTX is the source power, GTX is the horn antenna gain, and α is the
attenuation factor due to the atmospheric absorption, which is almost negli-
gible for an in door environment. The wide-band gain response is measured
by fixing IF output frequency (fIF ) at 3GHz and sweeping RF and LO fre-
quencies (fRF and fLO) simultaneously with fLO = fRF + fIF . As shown in
Figure 12.14, the proposed receiver is measured with an operating bandwidth
of 42 GHz from 239 GHz to 281 GHz and a maximum conversion gain of
-25 dBi. The narrow-band selectivity response is measured by fixing fLO at
283GHz and sweeping fRF with fIF = fLO−fRF . As shown in Figure 12.15, a
100-MHz resolution bandwidth is observed. This is slightly lower than the sim-
ulated bandwidth of PGA because of an additional LC resonator in the down-
conversion mixer. The best sensitivity (S) is found to be -31.4 dBm at 250
GHz as illustrated in Figure 12.14, where S is calculated by PSDnoise ·B/G,
PSDnoise is the measured output noise power spectrum density from spec-
trum analyzer, B and G are the receiver resolution bandwidth and conversion
gain, respectively. Due to the loss of waveguide and probe (∼15dB) at LO
input, the maximum LO power allowed at the mixer input is about -25dBm,
which largely affects the receiver performance in terms of conversion gain and
sensitivity. According to the relation between conversion gain and LO power
illustrated in Figure 12.9(b), the compensated receiver gain is -2 dB when
LO power is increased to 0 dBm. Similarly, the receiver sensitivity in the 0-
dBm LO condition is improved to -54.4 dBm as illustrated in Figure 12.14.
Moreover, the receiver sensitivity can be further improved by introducing off-
chip filters with even smaller resolution bandwidth. For example, as shown in
Figure 12.16, a -104 dBm sensitivity can be achieved at 250 GHz when the
resolution bandwidth is reduced to 1kHz. Note that the maximum imager data
rate is determined by the integration time of each pixel, and can be derived
from the resolution bandwidth (RBW) based on the selected low pass filtering
response. For example, the integration time of a single RC low pass filter is
0.35/RBW (1/Hz).

The receiver performance is summarized in Table 12.1 and compared to
other recent state-of-the-art CMOS THz image receivers. For the first time, a
CMOS-based THz image system is demonstrated by the heterodyne receiver
with on-chip integrated circular-polarized SIW antenna. The proposed re-
ceiver has much smaller detection resolution bandwidth when compared to the
other detection method. Especially when comparing to the super-regenerative-
based receiver designs with resonant-type narrow-band detection, the resolu-
tion bandwidth is further increased by 15 times, while the system bandwidth
is improved by 30 times. Moreover, the sensitivity of the proposed receiver
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Table 12.1: State-of-the-Art CMOS THz Image Receivers Performance Comparison

Parameters Unit This Work [32] [230] [259] [90] [231]

Technology — 65-nm
CMOS

130-nm
CMOS

130-nm
CMOS

180-nm SiGe
BiCMOS

65-nm
CMOS

65-nm
CMOS

Frequency GHz 239 ∼ 281 280 280 93-113 183 201

Detection
Method

— Heterodyne Diode-
detection

Diode-
detection

Diode-
detection

Super-
regenerative

Super-
regenerative

Detection Po-
larization

— Circular Linear Linear Linear Linear Linear

System Band-
width

GHz 42 7 700 20 1.4 1.5

Resolution
Bandwidth

GHz 0.1 7 700 20 1.4 1.5

Gain dB -25/-2* — 31 39 — —

Sensitivity dBm -31.4/-54.4* -26.9 — -56 -72.5 -59.6

Power mW/pixel 6.6 2.5 0.1 225 13.5 18.2

Chip Area mm2/pixel 0.03 3.8 0.25 0.29 0.45 0.99

∗Calculated results when 0-dBm LO power is applied to the mixer.
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Figure 12.17: Measurement setup of THz image system.

is comparable to the designs in other receiving topologies [259, 231] when a
0-dBm LO power is applied.

12.3.5 Wide-Band THz Imaging

The THz image system is set up as shown in Figure 12.17 with samples placed
between the horn antenna and receiver chip. The samples under test are held
by an X-Y moving stage, controlled by the testing program. The proposed
THz image system shown is applied to study Panadol pills and animal skin
sample in dry and moisturized conditions at 240 GHz and 280 GHz, respec-
tively. The samples are placed between the antenna of the transmitter and
receiver chip. The samples are held by an X-Y moving stage controlled by
the testing program. Figure 12.18 shows two imaging cases for the biomedical
applications. The first case shows that one can differentiate between a mois-
turized Panadol pill and a dry one because of strong water absorption at THz
frequencies. In the second case, the moisturized area in the animal skin sample
can be clearly identified from the surrounding dry area. Moreover, different
images are obtained at 240 GHz and 280 GHz with different absorption ratios.

12.4 280-GHz Reflective Imaging System

Figure 12.19 shows the block diagram of the proposed CMOS-based THz
reflective imaging system. The entire system consists of two identical
transceivers with on-chip antennas that each of them can either generate or
detect a THz signal.

When the transceiver works as a signal source, the signal generated from
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240GHz 280GHz

Moisturized Pills

Moisturized Area

Panadol Pills

Animal Skin

Figure 12.18: Captured THz image results of Panadol pills and skin
samples under 240 GHz and 280 GHz radiation.

the CMOS local oscillator (LO) is directly fed to the on-chip antenna by a T-
line network with high characteristic impedance (high-Z0). The application of
a high-Z0 T-line has two advantages compared to the conventional T-line with
50 Ω impedance. Firstly, for the signals traveling in the T-line with the same
power level, higher Z0 generates larger voltage magnitude, which can drive the
gate of the mixer more effectively. Secondly, the signal propagation loss can be
effectively reduced due to a smaller current magnitude in the high-Z0 T-line.

When the transceiver works as a signal detector, the incoming THz signal
(RF) is firstly received by the on-chip antenna, then it is down-converted by
the single-gate mixers attached to both ends of the T-line network. Because
both the LO and RF signals travel in opposite directions with 90◦ phase shift
in the T-line, a differential IF signal results. Note that the LO frequency is
usually slightly different from the RF frequency to have an IF output in the
mixer. Compared to the single-ended mixer design introduced in Sec. 12.3.2,
a differential mixer output in the base-band provide stronger immunity to the
EM interference as well as common noise rejection. After further amplification
by variable gain amplifier (VGA), both magnitude and phase information of
the resulting differential IF signal can be detected and processed for imaging
applications.



CMOS THz Imaging � 279

Figure 12.19: The block diagram of CMOS-based THz reflective imag-
ing system.

In the following sections, the design of each building block in the 280-
GHz CMOS transceiver is discussed, including a high-power CON-based signal
source, a high-gain 2D CRLH T-line-based LWA array and a differential down-
conversion mixer with VGA.

12.4.1 Differential Down-Conversion Receiver

12.4.1.1 Differential Down-Conversion Mixer with Bidirectional
Hybrid Coupler

Figure 12.20 shows the schematic of the proposed 280 GHz differential down-
conversion mixer. A 90◦ phase shifter is designed for both LO and RF signals
with high-Z0 T-lines implemented by coplanar waveguide (CPW) as well as
the parasitics capacitances contributed by M1, M2 and R1. The size of both
M1 and M2 is optimized between the down-conversion efficiency and the ca-
pacitance loadings to the high-Z0 T-line. For instance, a smaller size of M1
and M2 helps reduce the loaded capacitance to the high-Z0 T-line, but it also
reduces the output currents of mixing products. Moreover, they are biased in
the subthreshold region (0.4-V VGS) by a diode-connected NMOS transistor
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Figure 12.20: Schematic of proposed differential down-conversion
mixer with an input network of 90◦ high-Z0 T-line.

(M5) to maximize the nonlinearity. Two λ/4 T-line open stubs at 280 GHz
are connected to the drains of M1 and M2 to improve the down-conversion
efficiency by reducing the LO leakage to the following common-gate stages
(M3 and M4).

Assuming the frequencies of both RF and LO signals are closed to each
other, both of them have 90◦ phase shift without any signal loss, and an equal
amount of LO or RF voltages are applied to the gate of M1 and M2 with a
90◦ delayed version of each other that can be expressed as:

{

VM1 = VRF · cos(ωRF t+ φRF + 90◦) + VLO · cos(ωLOt+ φLO)
VM2 = VRF · cos(ωRF t+ φRF ) + VLO · cos(ωLOt+ φLO + 90◦)

(12.7)

where [VRF , ωRF , φRF ] and [VLO, ωLO, φLO] are the [input voltage magnitude,
frequency, initial phase] of RF and LO signal, respectively.

Note that the output voltage of a single-gate mixer can be expressed as











VIF (t) = R0gm(t)VRF (t)

gm(t) = a0 +

∞
∑

n=1

ancos(nωLOt)
(12.8)

where an, n=(0,1,2...) are the Fourier coefficients of gm with respect to ωLO.
It can be shown that a0 and a1 represent the fundamental transconductance
and the first-order mixing product of (ωRF - ωLO), respectively. As such, by
substituting (12.7) into (12.8), the first-order mixing product at IF outputs
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Figure 12.21: Post-layout simulation results of the high-Z0 T-line net-
work with 90◦ phase delay.

become:
{

V PIF = a1 · VRFR0 cos [ωIF t+ (φRF − φLO) + 90◦]
V NIF = a1 · VRFR0 cos [ωIF t+ (φRF − φLO)− 90◦]

(12.9)

where ωIF = ωRF − ωLO is the IF frequency. A differential IF output is
observed from (12.9) that V PIF and V NIF have the same magnitude and
opposite phase. As a result, the total output voltage of mixer (VIF ) is

VIF = V PIF−V NIF = 2a1 ·VRFR0 cos [ωIF t+ (φRF − φLO) + 90◦] . (12.10)

Equation (12.10) indicates that both magnitude and phase information of
the RF signal can be obtained by the proposed down-conversion mixer,
which are very useful in the refractive index measurement by a THz imaging
system.

A post-layout simulation is performed to study the proposed differential
mixer design. Figure 12.21 shows the 2-port S-parameter analysis of the high-
Z0 T-line network under 76Ω system impedance. A good input matching is
observed with S11 smaller than -10dB in 220–340GHz. The maximum inser-
tion loss (S21) in 220 ∼ 340 GHz is 1.6dB. A wide-band 90◦ phase shift is
observed with ±10 degrees bandwidth of 55 GHz centered at 280 GHz. Figure
12.22(a) shows the post-layout simulation results of the 280-GHz differential
mixer from 260 GHz to 320 GHz under the following conditions: the power of
LO signal is fixed at 0 dBm; the frequency of the RF signal is 1GHz above
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(a)

(b)

Figure 12.22: Post-layout simulation results. (a) the conversion gain
and output phase mismatch of the 280-GHz differential mixer; (b)
the conversion gain and NF of the 280-GHz receiver with differential
mixer and VGA from [14].

the frequency LO signal. An averaged conversion gain of -4.6 dB is observed
at 280GHz for V PIF and V NIF , which have magnitude and phase mismatch
of 0.2 dB and -0.7 degrees, respectively. Note that the phase mismatch has
already been normalized to 180 degrees.
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Figure 12.23: 2D LWA array with 2×13 unit cells.

12.4.1.2 Variable Gain Amplifier

In this work, a modified Cherry–Hooper amplifier-based VGA [14] is employed
to boost the power of IF signals from mixer outputs with low power consump-
tion, compact design size as well as large gain control range. Figure 12.22(b)
shows the post-layout simulation results of the entire receiving part after in-
tegrating mixer and VGA under the following conditions: the power of the
LO signal is fixed at 0 dBm; the frequency of RF signal is 1GHz above the
frequency LO signal. The gain and noise figure (NF) observed at 280GHz is
46.6 dB and 24.6 dB, respectively. And the variations of gain and NF are both
less than 2dB in 272 ∼ 302 GHz. The 3dB IF bandwidth is 1.1 GHz, which is
mainly determined by VGA [14].

12.4.2 2D On-Chip Leaky Wave Antenna Array

A 2D antenna array with on-chip LWA with 2 × 13 CRLH T-line unit-cells
is designed in the 65-nm CMOS process as shown in Figure 12.23. Two 1D
CRLH T-line-based LWAs introduced in Sec. 8.2 are connected in parallel by a
T-junction to further increase the broadside antenna gain as well as reduce the
end-fire leakage. The antenna input is matched to the system characteristic
impedance of 76 Ω by connecting a coplanar waveguide (CPW) with a length
of 80 µm, which is implemented in layer M8. A standard high-resistivity silicon
layer (1000 × 300 µm2) with a thickness of 100 µm is also placed on top of
the antenna surface to enhance the radiation efficiency of antenna array.

The proposed 2D LWA array is verified by a full wave simulation in Ansoft
HFSS. Figure 12.24(a) shows the simulated radiation pattern at 280 GHz. It
has a broadside radiation pattern with a directivity of 9.1 dBi and a radiation



284 � Design of CMOS Millimeter-Wave and Terahertz Integrated Circuits

(a)

(b)

Figure 12.24: HFSS simulated radiation pattern of the 2D LWA array
at 280 GHz in (a) 3D plot, and (b) polar plots in ZOX and ZOY
planes.
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Figure 12.25: Simulated antenna input S11 and gain at broadside
direction (Z-axis).

efficiency of 41%. As a result, the half-power bandwidth (HPBW) is ±20
degrees in the ZOX plane as illustrated in Figure 12.24(b); and a broadside
radiation gain of 5 dBi (in Z direction) as well as an end-fire leakage of -16
dBi (in X direction) are obtained. Compared to the 1D LWA demonstrated
in Sec. 8.2, 2D LWA has 0.9 dB higher gain at 280 GHz. This improvement
is lower than the ideal value of 3dB because of the additional loss introduced
by the matching network as well as the T-junction. Figure 12.25 shows the
simulation results of input S11 as well as the wide-band antenna gain on the
broadside direction. The S11 is observed to be smaller than -6 dB from 256
GHz to 310 GHz; a 47-GHz 3-dB bandwidth centered at 279 GHz is observed
from 255 GHz to 302 GHz.

12.4.3 Transceiver Integration

The proposed 280-GHz CMOS transceiver design is implemented in the 65-nm
CMOS RF process with the Cadence layout shown in Figure 12.26. It has a
total area of 1000 × 1010 µm2. Note that there are no measurements for the
proposed 280-GHz transceiver, and the performance of transceiver is verified
by post-layout and EM simulation. Operating from a 1.2-V power supply, the
whole transceiver consumes 298.6 mW, including 3.5 mW contributed by the
280 GHz differential mixer and VGA.

The performance of the proposed THz source is summarized in Table 12.2
with comparison to the recent state-of-the-art THz transmitters and receivers
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Table 12.2: Performance Comparison with Recently Published THz Transmitters and Receivers

Transmitters

Parameters Unit [31] [269] [178] This Work

Technology — CMOS 45nm SOI CMOS 65nm CMOS 65nm CMOS 65nm

Center Frequency GHz 280 260 288 286

POUT dBm/Pixel -7.2 0.5 -4.1 1.3

Broadside PEIRP dBm 9.4 15.7 14.2 6.3

FTR % 3.2 9.5 1.7 10.5

DC Power mW/Pixel 52.25 800 275 295.6

Power Efficiency % 0.37 0.14 0.14 0.46

Transmitter Size∗

(ATX )
mm2 2.7×2.7 78.5 12.56 1×1.01

PEIRP /ATX mw/mm2 1.19 0.47 2.09 4.27

Receivers

Parameters Unit [230] [268] Receiver in Sec. 12.3 This Work

Technology — CMOS 0.13µm CMOS 65nm CMOS 65nm CMOS 65nm

Center Frequency GHz 280 201 260 286

Detection Method — Diode-detection Super-
regenerative

Heterodyne with
Single-ended output

Heterodyne

with Differential

output

Gain dBi 31 — -2 54

NF dB — - 38.6 25

System Bandwidth GHz 700 1.5 42 30

Resolution Bandwidth GHz 700 1.5 0.1 1.1

DC Power mW/Pixel 0.1 18.2 6.6 3.5

Receiver Size mm2 3.8 0.45 0.99 1.01
∗The area of silicon lens is included in the transmitter size calculation.
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Figure 12.26: Cadence layout of the proposed 280 GHz transceiver in
CMOS.

in CMOS. It can be observed that the proposed 280 GHz transmitter has
the highest output power and power efficiency. A transmitter with very high
equivalent isotropically radiated power (EIRP) density is developed by the
integration of the 280GHz CON-based signal source with high power density
and the compact CRLH T-line-based LWA with high gain. Note that the EIRP
density is defined by the EIRP power generated in the unit chip area of the
transmitter (PEIRP /ATX). The proposed transmitter has an EIRP density
of 4.27 mW/mm2, which is more than twice the best result in the literature
[178].

Moreover, the proposed 280 GHz receiver with differential output has a
53 dB higher gain, 13.6 dB smaller NF and a more than twice smaller power
consumption when compared to the single-ended receiver proposed in Sec.
12.3. As a result of the compact differential mixer and VGA designs, a high-
power signal source is integrated in the receiver without increasing the chip
size. The sensitivity of the proposed receiver is -57.6 dBm, which is quite
close to the result of the super-regenerative receiver design in [268]. Note that
the sensitivity can be further improved by additional off-chip IF filters with
smaller bandwidth.
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12.5 Conclusion

CMOS-based imaging systems are demonstrated in this chapter. The pro-
posed 135-GHz SRX is integrated in a sub-THz imaging system with various
demonstrated imaging diagnosis applications. It has great potential to be uti-
lized for the future large-arrayed transmission-type THz imaging system. In
addition, a wide-band THz image system based on direct-conversion receiver is
demonstrated in the CMOS process with wide detection frequency range. The
proposed THz image system is able to capture images in 239 ∼ 281 GHz with
a resolution bandwidth of 100MHz, which has many applications in the de-
tection of tissue with species-specific spectral absorption. An integrated THz
CMOS transceiver is demonstrated for a 280GHz reflection imaging system
with high power transmitter, high sensitivity receiver and high-gain on-chip
in simulation. The 2D on-chip high-gain LWA array is designed by connecting
two 1D LWAs in parallel with 2 × 13 unit-cells, and it is simulated with a
broadside radiation pattern with 9.1-dBi directivity and 41% radiation effi-
ciency at 280 GHz. The differential down-conversion receiver is designed by
integrating a differential single-gate mixer with one modified Cherry–Hooper
amplifier-based variable-gain amplifier with compact size, and it is simulated
with a conversion gain of 46.6 dB, and an NF of 24.6 dB at 280GHz. The en-
tire transceiver has a compact size of 1 mm2, and consumes 298.6 mW power
operating under 1.2V power supply. The transmitter is simulated with an
equivalent isotropically radiated power (EIRP) of 6.3 dBm, an EIRP density
of 4.27 mW/mm2; the receiver is simulated with a maximum gain of 51dB
and a sensitivity of -57.6 dBm.



Chapter 13

CMOS THz Wireless
Communication

13.1 Introduction

Due to the significant increase of mobile data in recent years, there is an
emerging demand for capacity and speed for the next generation of wireless
network to provide wireless data rate of several tens of gigabit/s [270]. It
requires developing more spectrum-efficient wireless transmission with large
bandwidth. A depiction of the evolution of data rate achieved by wireless
system, known as Edholm’s law of data rates [271], is shown in Figure 13.1. It
can be observed that around the year of 2020 the wireless data rate will reach
around 100 gps.

A wireless communication system with gigabyte data rate can only be
achieved with an advanced transmission scheme and a modulation method
having a spectrum efficiency of at least 14 bit/s/Hz, which is extremely chal-
lenging for the existing RF or microwave technologies [15]. One approach to
reach that high data rate with a spectrum efficiency of few bit/s/Hz is to em-
ploy ultra-high carrier frequency far beyond 10 GHz. Wireless links with data
rates of 2Gbps have been recently explored at 60 GHz [272, 39] for wireless
HD but still cannot reach the scalability for the future demand of ultra-high-
definition (UHD) video. Consequently, an alternative unregulated spectrum to
achieve ultra-high bandwidth can be found in the sub-THz frequency range
(up to 300GHz). The short-range (or near-field) sub-THz wireless communi-
cation is currently studied by various research groups such as UC-Berkeley,
Caltech and Qualcomm [273, 274]. The Terahertz Interest Group (IGthz) un-
der IEEE 802.15 WPAN was founded in 2008 to develop standards for THz

289
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Figure 13.1: Development of data rates in wireline, nomadic and wire-
less systems [15].

communications. The main task of the group is working on the spectrum
evaluation and standard draw-up for potential application, such as ultra-high
speed and capacity backhaul for cellular communication, THz Nano Cells,
Board-to-Board Communication, etc.

Recently, much attention has come to focus on point-to-point local-area
wireless technologies within the office or home as well as human-area wireless
communication technologies within human reach. The most successful and
popular near-field (close proximity) wireless technology is IC-card and Blue-
tooth which operate at microwave frequency range with limited data rate.
As shown in Figure 13.2(a), many advanced applications, such as UHD video
downloading and sharing, ultra-high speed wireless USB, etc., push the data
volume of transmission toward gigabytes and even terabytes. Meanwhile, the
transmitting time is required within seconds for better user experience. This
can be only achieved by operating in sub-THz regime which offers ultra-wide
bandwidth and a high-speed data rate. The potential applications by such a
near-field THz wireless link are illustrated in Figure 13.2 (b).

For the current experimental THz communication system, the conventional
approaches to generate and detect THz-band radiation include the utilization
of a photonic device. For example, from a THz signal generation perspective,
photodiodes and Quantum Cascade Lasers (QCLs, e.g., GaN, GaAs) [275]
have been proposed as high-power THz local oscillators (LO) in a heterodyne
transceiver architecture. Note that QCLs operate at very low (almost cryo-
genic) temperatures, and is also limited by the need for an external laser for
optical electron pumping with lots of mirrors and lenses for optical path ad-
justment. The whole system is usually bulky, expensive (SGD 400K ∼ 600K)
and hence difficult for extensive deployment. From the signal detection point
of view, among others, Schottky diodes and bolometric detectors have been
investigated for direct detection of terahertz radiation. These devices are able
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(a)

(b)

Figure 13.2: (a) Need of near-field wireless communication classified
by data column; (b) potential appellations of a near-field THz big
data rate wireless link.

to detect very low power signals with a modulation bandwidth up to GHz.
Unfortunately, their performance is always degraded when operating at room
temperature. The other approach to generate and detect THz-band radiation
includes the utilization of nonlinear optics such as optical rectification and the
linear electro-optic effect, mainly utilized for spectroscopy application [276].

With the rapid development of semiconductor technology, III-V pro-
cess (such as GaAs, InP)-based electronic THz system has the advantage
of compact size compared to photonic solutions. A typical program funded
by DARPA-USA is aimed to achieve terahertz monolithic integrated circuit



292 � Design of CMOS Millimeter-Wave and Terahertz Integrated Circuits

[277, 278]. Teledyne Scientific Company and Northrop Grumman Corpora-
tion funded by this program have demonstrated monolithic integrated PA
and LNA circuits with moderate gain up to 600 GHz based on a sub-50nm
InP process. Other research programs of monolithic THz-MMIC in Europe
and Japan have been also investigated [279, 280]. But the high performance
and high cost of the III-V process constrains the utilization of THz electronics
to limited applications.

For the application in next-generation wireless networks, the radio front-
end should be integrated with a baseband processing unit and storage unit
[50], which can be massively fabricated by CMOS process. However, it also
imposes significant research challenges to push CMOS-based integrated cir-
cuit (IC) design at such an extreme high frequency of THz, such as signal
generation, propagation and detection. As such, it is aimed to research on
CMOS-based THz electronics for wireless MIMO communication. The tar-
geted application is for near-field point-to-point communication such as ultra-
high speed (gigabyte/s) wireless UHD video transmission.

13.2 Massive MIMO Transceiver

The multiple-input multiple-output (MIMO) antenna technique is well known
to increase the spectral efficiency of a wireless communications system [281],
with consideration of the path loss. If the amount of scattering and reflection
in the multi-path environment is large enough, then more transmitting and
receiving antennas result in more data streams and higher spectral efficiency.
However, for real MIMO systems with limited area, the antenna size and an-
tenna separation are the main obstacles to increasing the MIMO scale, which
is difficult to solve when carrier frequency is in the GHz range. In the THz
regime, on-chip antenna integrated with transceiver in CMOS technology can
motivate a massive MIMO wireless communication system. With the further
utilization of a metamaterial-based LWA phase-array, one can have a more
compact and low-cost implementation of the MIMO on-chip in CMOS.

Figure 13.3 shows a block diagram of the proposed sub-THz MIMO phase-
arrayed transceiver with the radio front-end (TX) of each module containing
an I/Q modulator/demodulator. The transceiver chip consists of quadrature
VCO, which provides two pairs of 0o and 90o phase-shift carrier signal, trans-
mission/receiving antenna and I/Q modulator and demodulator. The variable
gain amplifier (VGA) is designed following the output of the demodulator to
dynamically provide gain for proper ADC operating range.

The MIMO algorithm should be developed to program the radiation di-
rection of transmit antennas to increase the capacity of the system. In this
work, the dual-mode MIMO (spatial diversity and spatial multiplexing) is ap-
plied for near-field THz big data rate wireless communication. Both LOS and
NLOS transmission scenarios should be handled by the system. The MIMO
mode control algorithm will be developed based on the channel estimation.
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Figure 13.3: Block diagram of the proposed sub-THz MIMO phased
array transceiver architecture and transceiver (TX) front-end struc-
ture.

In the LOS scenario, transmission capacity will be enhanced by spatial mul-
tiplexing MIMO, and the algorithm will switch the transceiver to work in the
spatial multiplexing mode. The transmitter will transmit the data of multiple
users simultaneously, and the algorithm will control both the transmitter and
receiver antenna to form a directive beam pointed to each other.

In the NLOS scenario, the transmission signal suffers from server path
loss and multiple-path reflection. The multiple signals arriving at the receiver
side can be constructive or destructive combining, which presents a decadency
in the channel. In order to solve this problem, the algorithm will switch the
transceiver to work in the spatial diversity mode. We will develop an algo-
rithm to program the antenna radiation direction dynamically to accommo-
date multi-path effect in a near-field THz wireless link. This mechanism can
improve the range of coverage effectively with the maintenance of the big data
transmission.

Table 13.1 presents the key specification comparison of the proposed ap-
proach with other works. As the link budget presented previously in Table
13.1, the key factor of high performance near-field big-data-rate wireless link
is proposing a system design to accommodate high path loss and multiple-
path transmission channel. Previous works shown in Table 13.1 demonstrate
a variety approach for high data rate (∼10 Gbps) wireless transmission be-
yond 0.1 THz. The work in [158] only proposed a transmitter without on-chip
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Table 13.1: Comparison with Previous Works

[158] [282] [29] Proposed
work

Technology 65nm LP 65nm 40nm 40nm

Frequency range
(GHz)

116 260 135 280

Data Rate(Gbps) 10 10 10 >20

Modulation BPSK
/QPSK
/8QAM

ASK ASK BPQK
/SPSK

Phase-arrayed
MIMO

No No No Yes

DC Power (mW) 200 688 98 <300

Transmitter Out-
put power (dBm)

-5 5 (EIPR) -9.7∼-8.1 >-9

System integra-
tion

Only Trans-
mitter

Only Trans-
mitter

Transceiver
with em-
bedded
OSC

Transceiver
with embed-
ded antenna
and OSC

LO generation. Besides, the antenna is not integrated with the transmitter.
Thus this approach constrains the degree of integration. For work in [29], a
more advanced 40nm CMOS process is utilized. However, the signal generator
approach is not efficient for high-power THz signal generation. Besides, the
antenna is not integrated with the transceiver and thus has a limitation de-
gree of integration. For work in [282], a transceiver with on-chip approach is
proposed. However, this approach does not contain a beam-forming operation
thus limiting the range of communication.

The highlight of our approach, compared to the previous works, is in the
following aspects. The proposed new circuit design technique is based on a
metamaterial device. Metamaterial-based zero-phase-shift T-line and coupler
will be invented for a high-power THz signal generator and on-chip leaky
wave antenna array design, which can be deployed for compact MIMO design.
Furthermore, the dual-mode massive THz MIMO is proposed to enhance the
range and capacity of near-field THz big data rate transmission with the
beam-forming control.

13.3 Conclusion

A concept of massive THz MIMO for ultra-high-speed and high-capacity wire-
less communication is introduced in this chapter. In order to fulfill the demand
of the next-generation high-volume wireless data transmission application,
communication system working at the THz range with high spectrum resource
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can be proposed. To address the issues of high path loss and attenuation due
to rain, foliage and atmospheric absorption in THz region, a phased array
MIMO architecture is proposed for THz wireless communication. Exemplary
link budget at the THz range is calculated to evaluate the possibility of ultra-
high-speed wireless communication in the short-range scale. Meanwhile, both
space multiplexing for LOS and space diversity for NLOS scenarios are pro-
posed for mode operation of THz massive MIMO. Finally, an RF architecture
for THz massive MIMO wireless communication based on CMOS technology
is proposed.





Chapter 14

CMOS THz Wireline
Communication

14.1 Introduction

Future high-performance computers require wide-band on-chip communica-
tion between memory and microprocessor cores. The global interconnect by
top-layer metal in present CMOS technology has limited bandwidth and large
crosstalk ratio [283, 284]. The lossy substrate with typical 10-Ω/cm resistivity
introduces a low-impedance path between metal and substrate, resulting in
narrow bandwidth and high loss. Moreover, at high operating frequency the
current flow tends to crowd toward the surface of metal due to proximity ef-
fect, which leads to not only higher ohmic loss but also large electromagnetic
coupling. As such, the CMOS metal-based interconnect is not scalable to pro-
vide wide bandwidth for on-chip communication beyond gigabit per second
(Gbps) for one channel.

Though the optical interconnect has shown great potential to replace elec-
trical interconnects [285, 286], its source, transmission and detection are all
difficult to be implemented in silicon. Terahertz (THz) bands have recently
attracted great interest because all components can be realized in CMOS tech-
nology [93, 287]. However, highly integrated on-chip high-speed interconnects
by traditional transmission lines (T-lines) have the limitation of crosstalk be-
tween two adjacent channels.

Due to the negative permittivity behavior [288, 289, 290], surface plas-
mon polariton (SPP) is one special electromagnetic wave locally confined
on the metal/dielectric interface, propagating in parallel to the interface
and exponentially decaying in the direction perpendicular to the interface
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Figure 14.1: The layout and E-field distribution of the on-chip
SPP/conventional T-line in lossy substrate environment, d, h, a, w
denotes the periodic pitch, groove depth, groove width and line width
off SPP T-line, respectively. The magnetic field of SPP T-line is di-
rected to the x direction while the electrical field is guided by the
grooves in the y-z plane.

[291, 292, 293]. By introducing sub-wavelength periodic corrugation structure
onto the T-line, SPPs can be established to propagate signals with strongly
localized surface-wave in the metal/dielectric interface at frequency up to
THz. Such a surface-wave can be supported with propagation adapted to the
curvature or holes of the surface [294, 169, 295, 296, 297, 298, 299, 300, 301].
Previous works have demonstrated GHz SPP T-lines on board level with bulky
size and loss [294, 169, 295, 296, 297, 298]. In this work, SPP T-line is inves-
tigated at the THz region in the standard CMOS process that shows great
potential for system-on-chip integration with other components in CMOS for
on-chip THz communication.

The physical layout of the proposed structure is illustrated in Figure 14.1.
Two on-chip SPP T-lines are placed back-to-back to form a broadband low-
loss, low-crosstalk coupler. Such a plasmonic metamaterial consists of a metal
strip with thin film thickness, in which a 1D periodical array of grooves is
drilled. The propagation of surface-confined mode is adapted to the curva-
ture of the surface, and the resulting crosstalk between the two back-to-back
placed SPP T-lines will be reduced significantly. For comparison, two tradi-
tional quasi-TEM T-lines are also realized to form an on-chip coupler with
line space of 2.4 µm in standard 65 nm CMOS process, which shows large loss
and strong crosstalk at THz. Measurement results show that the SPP T-lines
achieve wide-band reflection coefficient lower than -14 dB and the crosstalk
ratio better than -24 dB, which is 19 dB lower on average than the traditional
T-lines from 220 GHz to 325 GHz. The compact and wide-band SPP T-lines
have shown great potential for on-chip THz communication.
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14.2 Surface Plasmon Polariton T-Line

The surface plasmon polariton (SPP) propagating at the flat interface be-
tween a real metal and a dielectric are naturally 2D electromagnetic waves.
Confinement of EM wave is realized since the propagation constant is greater
than the wave vector k within the dielectric, resulting in evanescent decay
on both sides of the interface. Essentially, because the SPP dispersion curve
lies to the right of the light line of the dielectric (given by ω = ck) [302],
among optical applications the SPPs excited by 3D light beams is impossi-
ble unless special techniques for phase-matching are utilized. Various optical
techniques have been proposed to fulfill phase matching, including grating
coupling and excitation with highly focused beams. Normally, for geometries
exhibiting strong field-localization below the diffraction limit, the overlap be-
tween the excitation beam and the coupled SPP mode is small, leading to low
excitation efficiency.

While those optical excitation schemes are suitable for the development of
SPP propagation and functional plasmonic structures, in practice the SPPs
used in the design of integrated circuits will normally require high conver-
sion efficiency (and hence large-bandwidth) coupling schemes. In order to
make full use of the benefit of wide bandwidth in optics designs, the plas-
monic structures should allow for efficient matching with conventional optical
waveguides or fibers, which would be used in such a scenario to guide energy
over long distance onto plasmon transmission lines and cavities with broad
bandwidth. However, in on-chip electronic communication, the on-chip inter-
connect is generally connected to CMOS transistors or other passive devices
which in fact have narrower bandwidth than optical devices. At the same
time, the converter with exponentially grading CPW reported in Ref [294], is
difficult to be integrated on chip. As such, it is more important to first in-
vestigate the impedance matching and resulting return loss for the realization
of the on-chip SPP T-line. Normally, there are two major lossy mechanisms
contributing to the guiding loss of SPP T-lines: the return loss and the inser-
tion loss (or transmission loss). While the insertion loss can be improved over
other traditional T-line structures due to the confinement of EM energy, the
return loss begins to dominate as long as the periodical array decouples the
incident beam into the propagating SPPs. To understand how the mismatch
affects the excitation, Figure 14.2(a) shows the input reflection coefficient of
the designed on-chip SPP T-line as a function of groove depth h. A plane
TEM wave is injected from one end of the structure while the other end is
terminated. As observed, the designed structure cannot maintain highly ef-
ficient coupling from 3–6 THz, which confirms the limited bandwidth of the
input matching. On the other hand, the SPP coupling efficiency trades off
the confinement of the surface wave. In general, the tight confinement can be
achieved by merely increasing the groove depth for this structure, which will
be discussed later. However, this does not necessarily bring about the same
amount of improvement if the coupling efficiency is taken into account: the
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Figure 14.2: (a) Simulated input reflection coefficient of the designed
on-chip SPP T-line for different groove depth h with d = 15 µm,
a = 2.4 µm, w = 5 µm. (b–c) The simulated amplitude of E-field
distribution of the designed SPP T-line (a: h = 6 µm, b: h = 12
µm) evaluated at the xy plane using the CMOS process. (d–e) E-field
distribution on the cross-section of the corrugated metal strip: h = 6
µm, d: h = 12 µm) at yz plane, also at 3 THz, and (f) the simulated
dispersion diagram with different periodic pitch d and groove depth
h ranged from 20 µm to 40 µm. (g) E-field enhancement along the
vertical cut for h = 6 µm and h = 12 µm, respectively.

higher the confinement, the lower the bandwidth of efficient coupling. Physi-
cally, due to the momentum mismatch at the interface, only a small fraction
of the incident TEM wave can be converted to SPPs mode and coupled to the
periodical structure, leading to strong reflection of incident wave and energy
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(a)

(b)

Figure 14.3: (a) The simulated amplitude of E-field distribution of
the conventional transmission line evaluated at the xy plane using
the same process, and (b) E-field distribution on the cross-section of
the corrugated metal strip (yz plane) also at 3 THz. The width of
T-line is 11 µm with wideband impedance matching up to above 3
THz.

loss. As a conclusion, the loss of SPP T-line cannot be reduced by rendering
the structure when only to obtain a tight confinement.

Recall that for a compact SPP T-line structure, the return loss is pretty
high at several terahertz due to the low coupling efficiency of the incident beam
to propagating SPPs. It appears lower than -10 dB at around 1 THz, along
with the penalty of weaker field-localization below the diffraction limit. This
does not necessarily mean that the coupling efficiency becomes more effective
at lower frequencies. In this case, the dispersion diagram of propagating SPPs
starts to bend with respect to the light line but the bending degree is lower
than that of strong field-localization, which indicates that part of EM energy
maintains their polarization property when being injected into the structure.
In fact, the confinement of surface mode can be evaluated through the disper-
sion diagram [294, 169], and the SPP T-line behaves in purely propagating
surface mode only if it operates close to the plasma asymptotic frequency
(several terahertz for the dimension given in Figure 14.2(a)), which is difficult
for CMOS on-chip transmission since the physical dimension becomes pretty
large. This scenario is apparently different from the case of board-level imple-
mentation in the microwave region [294, 169, 295, 296, 297, 298], in which the
substrate can be either made by an insulation layer or even removed. Instead,
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Figure 14.4: (a) The layout of SPP T-line including EM wave to
surface wave (or vice versa) converter and with M1 as ground, (b)
converter design and conceptual E-field distribution, and (c) the sim-
ulated result of reflection coefficient (S11).

in the following, we investigate the SPP property by designing a compact
SPP T-line structure operating at frequencies that are away from the plasma
asymptotic frequency region.

The CMOS-based SPP T-line structure is designed as shown in Figure
14.1. The period pitch d is chosen to be 15 µm which is far less than the op-
eration wavelength (λ = 1 mm), and the line width w is 5 µm. Note that the
conventional microstrip line with w = 5 µm has a characteristic impedance
of 50 Ω from 10 GHz to 3 THz in this process. As the line is structured, the
SPP modes are generated, which can be confirmed by the full-wave near-field
simulation using FDTD with the boundary condition set as open to simulate
the real space. The boundaries are at a large distance from the metal struc-
ture to avoid significant reflections. With the surface mode confined by the
corrugated strip, we are now in a position to evaluate the E-field distribution
of the guiding structure.

Figures 14.2(b) and (c) illustrate the simulated E-fields (Ex components)
evaluated at the top of corrugated strips with different corrugation depth at
3 THz. The gray-scale from highest to lowest density indicates the tight con-
finement of EM wave within the comb-shaped metal strip. In this experiment,
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instead of defining a monopole excitation, the TEM wave is injected from one
terminal of this periodical T-line with the other terminal loaded with 50Ω
impedances. Due to a non-perfect transition from the TEM wave to the sur-
face wave at the injection interface, the excited surface mode is not completely
restricted within the groove. However, one can still observe that part of the
EM field is strongly localized within the comb-shaped metal structure and de-
cays at the metal/dielectric interface. We observe that the surface EM waves
are tightly confined and propagate along the SPP T-line with small losses at
3 THz as well. In addition, the confinement of the surface mode can be effec-
tively improved by solely increasing the groove depth, which can be further
confirmed by the observation of corresponding E-field distribution shown in
Figures 14.2(d) and (e) at the yz plane, in compliance with the findings in
the microwave region using the similar structure [294, 169]. A ground plane
realized by the bottom copper metal is implemented to ensure that the E-field
is mainly restricted between the two conductors. Without the ground, a great
portion of energy will be absorbed by the lossy substrate, and the resulting
confinement by the designed structure becomes less effective. Again, the dis-
persion diagram is re-simulated with the consideration of ground. It shows
that the asymptotic frequency is still clearly bending away from the light line
except that it slightly increases. The dispersion relation is further examined
by varying the groove depth h as shown in Figure 14.2(f).

Clearly, the asymptotic frequency decreases with deeper grooves, consis-
tent with the case without ground beneath the SPP T-line. When both the
periodical pitch d and groove depth h are equal to 40 µm, the asymptotic fre-
quency is down to approximately 0.6 THz, presenting stronger confinement in
the sub-THz region. As such, the ground plane inherently has negligible influ-
ence on the SPP property while it helps to further reduce radiation loss. The
details of confinement can be clearly observed from E -field enhancement in the
cross-sections perpendicular to the strips, as illustrated in Figure 14.2(g). The
field clearly decays exponentially along the orthogonally lateral y direction,
illustrating the typical feature of SPP mode. In summary, the above study
reveals the feasibility of confining surface mode with the periodical groove
structured T-line in the CMOS process.

In contrast to TM polarization in the SPP T-line, the conventional trans-
mission line propagates TEM mode along the structure. As shown in Figure
14.3(a), the current intensity of the microstrip line tends to crowd on the
metal surface. Note that in such a scenario the effective metal resistance will
be increased and in return degrades the signal transmission. Given that the
E -field is dominating near the metal surface, more energy would be radiated
out in the form of radiation loss and crosstalk to adjacent conductors. Even
though most of the E -field is restricted to the metal surfaces between T-line
and ground as illustrated in E-field distribution at the yz plane, as shown
in Figure 14.3(b), the radiation outside of T-line remains strong, leading to
more energy penetration into the dielectric medium and hence results in larger
radiation loss. Similarly, despite the fact that ground plane has considerable
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Figure 14.5: (a) Simulated transmission coefficient of the SPP guided
wave as a function of the groove depth h with a = 2.4 µm, w = 5 µm,
d = 15 µm, (b) comparison of simulated insertion loss for both SPP
T-line and conventional T-line with different length.

effect on the shielding of E -field from T-line to the substrate, it inherently in-
troduces significant crosstalk into the nearby conductors through the current
flowing onto the ground surface, which will be even worse as frequency rises.
All these features manifest the T-line as an unsuitable candidate for on-chip
interconnects in a high-speed wireline system.

To obtain low reflection, a bending coplanar waveguide (CPW) converter
using the gradient corrugation grooves and flaring ground [294] is employed
to realize momentum matching between SPP interconnect and other devices,
such as a transformer or modulator, as illustrated in Figures 14.4(a) and (b).
Note that in the plasmonic waveguide only SPP modes are supported with Ez

component remaining strong along the x direction, leading to a momentum
mismatch (kx 6=k0) at the interface. As a result, a gradient CPW, which guides
and confines the quasi-TEM wave along the y direction between signal trace
and ground, gradually transforms the guided wave to SPP mode, or vice versa.
The E-field distribution of such conversion is conceptually illustrated in Figure
14.4(b). Due to limitation of the CMOS process, a linearly gradient model is
used. Figure 14.4 (c) shows the input reflection coefficient (S11) of the SPP
T-line with converter loaded by 50 Ω resistance at both sides, which indicates
wide-band impedance matching for different lengths of wire. The gap of CPW
and the gradient factor are both optimized during the design phase of the I/O
transceiver for maximum matching efficiency between functional blocks.

Next, we examine the transmission property of on-chip SPP T-line with
comparison to that of conventional T-line structure. While the bandwidth of
conventional T-line is largely affected by the highly conductive substrate at
THz, the asymptotic frequency of surface plasma is mainly determined by the
metal structure. To verify this, we begin by examining the spectral transmis-
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sion properties of designed SPP T-line up to several THz. In Figure 14.5(a),
we show the simulated wide-band transmission spectra with h = 4, 7, 10 and
13 µm. There are a few of notable characteristics in these spectra. As observed,
when the grooves are very shallow (i.e., 7µm deep or less), despite an obvious
high-frequency cutoff, the SPP T-line transmission spectra appear to be rela-
tively broadband. As the groove depth begins to increase, both the line width
and cut-off frequency of this resonance decrease. As the groove depth further
increases, the single wide-band transmission resonance is replaced by multiple
narrowband transmission resonances. In the theoretical limit of transmission
by guided SPPs, there are no modes appearing at frequencies above the Bragg
frequency fB = c/2d, where c is the speed of light. Here, the anti-resonance
(AR) frequency, which is used to characterize the frequency corresponding to
the signal being sharply attenuated, can be applied to explain the transmis-
sion properties of the periodical curvature structures due to Fano-interference
phenomenon [303]. Even so, the transmission maintains low loss and wide
band at the frequency far below the AR frequency. We then compare the
transmission for both T-line structures at frequencies less than 1 THz, where
the advanced integrated circuits normally operate. With low return loss, the
loss of the SPP T-line is mainly contributed by the metal resistive loss. Figure
14.5 (b) shows the comparison results. Clearly, the transmission of SPP T-line
has very wide bandwidth with low loss, whereas the conventional T-line suffers
from strong attenuation in THz. This observation confirms the insensitivity of
guided wave to the low-resistive substrate profile. Specifically, the 3-mm long
SPP T-line is almost 3 times that of its 1 mm counterpart across a very wide
band, similar to cascading of three 1-mm unit-cells. However, the 3-mm-long
traditional T-line has much larger attenuation than the loss added by three
1-mm unit-cells, illustrating its vulnerability to lossy substrate. As a result, by
properly structuring the top metal, the loss of SPP T-line can be minimized
across the wide band, which cannot be achieved by a bare T-line in CMOS
at THz. We then estimate how long the on-chip SPP T-line can support the
THz signal by transforming the S parameters to the attenuation constant.
The resulting propagation length of the lowest-order mode can be readily ob-
tained. It shows that the attenuation constant along the pointing vector is
around 1 cm−1, leading to about 1 ∼ 2 cm e−1-decay length for propagation,
which satisfies most on-chip wireline communication. Simulations further re-
veal that an increase of groove depth brings about longer propagation length,
in consistent with the observation that the propagating modes are now more
restricted to propagating only along the corrugated surface of interconnect.
In other words, more energy is conserved by reinforcing the confinement of
the guided mode. Note that this experiment has not incorporated the plane
wave-to-surface wave converter design, which is bulky and hence not suitable
for on-chip realization. In the design without a converter, the resulting trans-
mission bandwidth will be reduced, as stated before. Fortunately, the advance
mm-wave circuitries operate at frequencies far away from the asymptotic fre-
quency, which provides great margin to consider only the low frequency region.
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Figure 14.6: (a and b) The simulated electrical field distribution on
the cross-section for both SPP and T-line coupler in 65 nm CMOS
technology, the parameters configuration is the same as in Figure
14.2. The left-handed side T-line is the aggressor with EM filed exci-
tation at one terminal with the other termination loaded with 50 Ω
impedances, and the right hand side T-line is the victim trace with
both ends terminated by 50 Ω impedances, (c) measurement setup for
the THz SPP coupler, (d) die micrograph of the SPP-based coupler
in 65 nm CMOS for Terahertzes applications.

For this reason, the converter is not necessary, and the design of on-chip SPP
interconnections becomes much more relaxed.

Crosstalk arises from the interaction of EM fields generated by adjacent
data signals when they propagate through T-lines and connectors. For exam-
ple, wiring capacitances of on-chip interconnect tend to dominate crosstalk and
backplane connectors induce multi-pin crosstalk. Recent work has addressed
crosstalk equalization issues between neighboring serial links by an effort of
crosstalk neutralization techniques [304]. Crosstalk considerations also affect
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the performance of integrated digital circuits, which can be partially alleviated
by equalizing the crosstalk-induced timing jitter. However, all these methods
consume considerable power with the data rate only limited to multi-gigabit
per second. Owing to the advantage to control the propagation property of
EM energy, we expect that interconnects realized by SPP T-line present less
crosstalk. Recall that for a guided wave structure, the energy associated with
the guide mode was highly confined near the surface, with the field decaying
evanescently within the apertures. While the guided mode is excited along
the metal surface, electromagnetic couplings to both substrate and adjacent
conductors are strongly attenuated. As such, the complexity of circuit imple-
mentations can be relaxed. To verify this, two SPP T-lines are placed closely
back-to-back to form an on-chip SPP-based coupler. All physical dimensions
are the same as before with spacing as 2.4 µm. Figure 14.6(a) shows the E-
field distribution and the conventional coupler realized by T-line with 2.4µm
spacing is shown in Figure 14.6(b) for comparison. In this experiment, the
left-hand side T-line is the aggressor with 300 GHz TEM wave excitation at
one terminal, and the right-hand side T-line is the victim. The other three
ports are terminated by 50 Ω impedances. As predicted, the local E-field in-
tensity |Etntal| is locally confined by the corrugation structure with only small
portion of energy to spread out, while it strongly radiates out in the case of
the traditional T-line coupler. As a result, the SPP coupler confines more en-
ergy and has less coupling to the victim trace, leading to significant crosstalk
reduction. The measurement results with respect to the crosstalk reduction
will be given in the next section.

To demonstrate the superior performance in crosstalk reduction by the
SPP-based coupler, the measured S-parameters are shown in Figure 14.6.
First of all, to have a fair comparison with the directional coupler realized
by conventional T-line, the simulation results of the SPP coupler are fit to
the measurement ones (S11 and S41). After the parameter fitting is done,
the conventional T-line coupler is simulated using the same substrate profile.
The T-line coupler also has a meandering shape that resembles the structure
shown in Figure 14.6(d). The measured and simulated reflection coefficient
(S11) is shown in Figure 14.7(a) with comparison to the T-line coupler. The
measured S11 is below -14 dB over 220–325 GHz, showing wide-band reflec-
tion coefficient. The fitting of S11 is below -14 dB over 220–325 GHz, showing
wide-band reflection coefficient. The fitting of S11 is also presented, which
has only a small deviation from the measurement result. As a comparison,
the S11 of the traditional T-line coupler becomes poor in the vicinity of 300
GHz which is almost -5 dB, resulting in the reflection of over 30% of the
electromagnetic waves. Considering that the T-line is naturally wide-band,
the reason for impedance mismatches is due to the strong coupling, which is
further verified by Figure 14.7(b). As shown, the measured crosstalk (S41) of
the proposed structure is lower than -24 dB which is on average 19 dB better
than that of the traditional T-line coupler across 220–325 GHz, illustrating
great improvement in crosstalk reduction. In addition, the crosstalk is not
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Figure 14.7: (a) The measured and simulated results of the input re-
flection coefficient (S11) for the SPP coupler, and the simulated S11 of
the T-line coupler. The S parameter extraction for the T-line coupler
is performed after the parameter fitting is done, (b) the measured
and simulated result of the crosstalk (S41) for the SPP coupler, and
the simulation result for the conventional T-line coupler as a com-
parison, (c) the simulated insertion loss (S21) for both SPP/T-line
couplers, and (d) the simulated near-ended coupling (S31) for both
SPP/T-line coupler.

obviously degraded as the frequency goes up while it becomes significantly
worse for the traditional T-line coupler, implying wider bandwidth achieved
by the SPP-based coupler. For example, the crosstalk is only -25 dB obtained
by the SPP-based coupler at 325 GHz but it rises to -7 dB by the T-line coun-
terpart. That is to say, about 20% of the EM energy is coupled to the victim
in the traditional T-line coupler but only 0.3% energy leaks to the victim in
the SPP-based coupler. The simulated crosstalk of the SPP-based coupler is
given in the same figure as well which shows good agreement with the mea-
surement result. The small discrepancy may be due to the 10% dummy fill
or process variation that have not been taken into account during the simu-
lation setup. Combined with Figure 14.7(a), we can observe that the surface



CMOS THz Wireline Communication � 309

wave is excited and confined by the sub-wavelength SPPs T-line, resulting in
much higher efficiency in restraining crosstalk than the traditional T-line at
THz frequency with wider bandwidth. The insertion loss (S21) of both cou-
plers is further simulated as shown in Figure 14.7(c). The proposed coupler
has 3 dB improvements in transmission coefficient over the traditional coun-
terpart as frequency beyond 300 GHz. There is a valley in 270 GHz possibly
due to the resonances between meandering wires. Figure 14.7(d) shows the
simulated near-ended coupling (S31) remains lower than -10 dB for most fre-
quencies across wide-band, indicating low near-ended coupling. Note that in
this design, the line spacing is 2.4 µm with an attempt only to show the great
advantages by the proposed SPP T-line. During the circuit design phase this
spacing is not necessary to be so narrow.

Recent state-of-the-art on-chip implementations of interconnects using
conventional transmission lines exhibit great attenuation and crosstalk at high
frequency, which in turn demands more complex equalization techniques that
consume considerably more power and silicon area. For instance, Ref [305]
reported an interconnect model by assuming the Manhattan routing style
in 0.18-µm CMOS technology. This model employs metal 5 as the intercon-
nect to construct a BUS with 10-mm length onto a lossy substrate. It shows
that, due to strong coupling between adjacent conductors the transfer func-
tion |H| drops to below -150 dB for all loadings at frequencies higher than
100 GHz, inhibiting most applications of THz on-chip communications. At
the same time, the crosstalk in multi-channel series link is quantized in Ref
[306] for a 10-mm interconnect in 0.13 µm CMOS, in which both the ad-
jacent crosstalk-to-signal ratio (ACSR) and distant crosstalk-to-signal ratio
(DCSR) dramatically increase as frequency goes up. This tendency is appar-
ently caused by the coupling capacitance that is inversely proportional to the
spacing. All of the above observations again confirm the significant crosstalk
induced by TEM mode propagation along the long T-line. While the lower-
layer metals can partially alleviate the crosstalk (the thickness of lower-layer
metals are over 2–3 times smaller than that of the top copper metal, and
the resulting coupling capacitance is reduced), the resistive loss will be pro-
portionally higher. Similarly, even though the crosstalk can be much reduced
by increasing the distance among wirings, in order to support ultrahigh ag-
gregate bandwidth between modules/chips, silicon carrier channels must have
very high wiring density. Consequently, fine-pitch carrier wiring is required.
These wiring dimensions normally result in significant resistive losses when
the on-carrier channel is long, e.g., over 5 mm [307]. Furthermore, as in the
case of commonly used backplane channels [308], silicon carrier channels have
very limited channel bandwidth, so the silicon carrier channel presents higher
losses at higher frequencies. As a result, when high-frequency data is transmit-
ted over long carrier channels, channel losses and limited channel bandwidth
make the recovery of received data difficult. In sum, all these studies have
shown great difficulty of efficiently realizing ultra-high speed on-chip data
transmission by conventional T-line.
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To overcome all these fundamental limits by conventional transmission line
in THz frequencies, an on-chip surface plasmon polariton (SPP) T-line with
sub-wavelength comb-shape onto the metal strip is demonstrated in sub-THz
region by CMOS technology. The dispersion characteristics and field distribu-
tion are investigated from the design perspective toward on-chip THz commu-
nication. It shows that such a structure can tightly confine the surface wave
at the metal/dielectric interface, resulting in less loss and small crosstalk. A
SPP-based coupler is further fabricated in standard 65 nm CMOS with great
improvement on crosstalk reduction with wide-band for on-chip interconnec-
tion. Measurement results show that the SPP coupler can guide the surface
wave with lower than -15 dB reflection coefficient and the crosstalk improve-
ment is on average 19 dB across 220 ∼ 325 GHz, which leads to nearly 3
dB lower transmission loss compared to the traditional T-line-based design.
Therefore, such a SPP T-line is very promising in highly dense on-chip com-
munication at THz in CMOS technology.

To verify the above design observations, a SPP-based coupler was fabri-
cated by 1P9M bulk 65 nm CMOS process with the die micrograph shown
in Figure 14.6 (d). The area occupation is 400 µm × 225 µm. Due to limited
area, the coupler is designed with a meandering shape such that the equiva-
lent physical length of the coupler is approximated 2 mm to provide a long
coupling length. The spacing between the two SPP T-line is 2.4 µm which is
the minimum metal gap allowed by the design rule. Such a close spacing is
supposed to create a strong coupling for the long coupler, which would pro-
vide us a straight insight to evaluate the crosstalk reduction by the proposed
structure. The topmost copper layer (Metal 8) with thickness of 3.3 µm is ex-
clusively employed for the design as a low-loss coupler, and the top aluminum
layer (Metal 9) with 1.325 µm thicknesses is used to form the Ground-Signal-
Ground (GSG) Pad which has measured characteristic impedance around 50
Ω across the 220 ∼ 325 GHz frequency range. Note that the thickness of
metal has very limited influence on the dispersion relation of SPPs because
the sub-wavelength nature still maintains (the H -field remains unquantized
in the x direction.) [169], while the resistive loss can be much improved for a
thicker metal. It is important to know that for the SPP T-line the resistive
loss cannot be reduced by realizing better confinement. Two terminals of the
coupler are directly connected to the signal trace of Pads and the other two
parts are terminated by P+ while the resistive loss can be much improved for
a thicker metal. It is important to know that for the SPP T-line the resistive
loss cannot be reduced by realizing better confinement. Two terminals of the
coupler are directly connected to the signal trace of Pads and the other two
ports are terminated by P+ polysilicon resistors that were simulated having
50 ω impedances around 300 GHz. A lumped-element model was created to
fit the measurement result of Pad over wide-band, which is also an important
part of the coupler design. Considering the Pad as part of the design, the
SPP-based coupler is designed and optimized for the best crosstalk reduction
before fabrication. The fabricated on-chip SPP-based coupler has the follow-
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ing design geometries: the periodic pitch d = 15 µm, groove width a = 2.4
µm, line width w =5 µm, and the groove depth h = 6 µm. Their geometry
meanings are presented in Figure 14.1.

The capability of confining EM fields and crosstalk reduction can be eval-
uated by measuring the reflection coefficient S11 and the crosstalk S41. The
THz signal is injected from one port into the directional coupler, and the re-
sulting S41 will present the coupling. The SPP interconnect is measured on
CASCADE Microtech Elite-300 probe station and Agilent PNA-X (N5247A)
with the VDI providing signal source from 220 ∼ 325 GHz. Connectors, probe,
waveguides and cable loss are well calibrated before the on-wafer probe testing.
The measurement setup is shown in Figure 14.6 (c).

14.3 SRR Modulator

Future high-performance computers require wide-band on-chip communica-
tion between memory and microprocessor cores. Demand is increasing for
tens of gigabits per second (>10Gbps) wireline communication, and the car-
rier frequency has been pushed up to terahertz (THz) due to the ultra-wide
bandwidth utilization at this region [309]. Recently, millimeter-wave and THz
transceiver building blocks in CMOS have been reported [310]. Compared to
optical on-chip communication by optical I/O link, all components of THz I/O
link can be realized in CMOS. One critical block for on-chip communication
is the modulator whose implementation is conventionally realized by active
MOS transistors with inductive loadings [311, 312, 313]. The switching speed
is, however, ultimately limited by the capacitive latency in the oscillator tank.
On the other hand, the optical ring modulator with active switching region
[286] is also hard to tune and is susceptible under temperature fluctuation.

Recently, the split ring resonator (SRR) is demonstrated to realize on-chip
high-Q resonator [310]. Such a very compact magnetic metamaterial resonator
is conventionally realized as shown in Figure 14.8 along with equivalent cir-
cuits. As the magnetic resonance frequency can be tuned by configuring the
inner rings of SRR (Figure 14.8(b)) with switches, modulation becomes pos-
sible. The modulated signal will be strongly rejected at normal resonation
region when the data bit is low with MOS switches turned off, while it can
propagate through the structure with low loss when the resonation is shifted
to other frequency. In this case the data bit is high with MOS switches turned
on, and the inner rings are shorted to ground. However, directly incorporating
CMOS switches in the SRR ring will result in poor isolation with high loss.

In this work, we introduce a SRR-based sub-THz modulator with two
SRR unit-cells oppositely coupled as shown in Figure 14.9. As revealed in
EM-field analysis, the induced residue current in the SRR loop contributes
dominant radiation loss at THz, which can be effectively attenuated by the
stacked SRR configuration without scarifying additional area. Moreover, mul-
tiple CMOS switches are incorporated into the inner ring. As the switches
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Figure 14.8: The schematic of (a) conventional single SRR and (b)
stacking SRR structure; the equivalent circuit of (c) the single SRR,
(d) stacking SRR, and (e) the simplified version of (d).

are now isolative from the signal path, their capacitive influence as well as
distortion are minimized. As such, the data rate is now largely dependent on
the performance of the SRR modulator instead of active devices.

The single SRR shown in Figure 14.8(a) is a common design to achieve the
negative permeability when the H-field is perpendicular to the SRR plane. In
traditional oscillator design, this structure is also referred to as the LC tank,
owing to its ability to store magnetic energy. Compared to other LC tank
structures in which transmission lines are employed, the single SRR provides
higher quality factor, lower loss with much compact area occupation. The
equivalent circuit is illustrated in Figure 14.8 (c). Here, components Ls, Cs

denote the serial inductance and parasitic capacitance at the two terminals.
The magnetic resonance frequency is therefore determined by 1/

√
LsCs. One

critical drawback in single SRR is the radiation loss, which becomes domi-
nating especially at THz frequency. To verify this, a single SRR structure is
simulated in the standard 65-nm CMOS environment. Two 40-fF capacitors
(Cs) are incorporated to reduce the resonance frequency down to our concern
(140GHz). The simulated body current (Jvol) is shown in Figure 14.10. One
can observe that the induced current distribution on the SRR loop is not
uniform. To be specific, the body current tends to crowd toward the metal
surface, in much the same way resembling the proximity effect. Note that this
crowding gives an increase in the effective resistance of the loop and introduces
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stronger electromagnetic interference to adjacent conductive mediums, result-
ing in higher radiation loss which increases with frequency in a

√
f manner.

As such, single SRR has limited improvements at THz frequencies.
To further improve the quality factor of SRR structure, multiple layers

of SRR unit-cell can be periodically arranged or using the interleaving ar-
chitecture at the same metal plane. Due to more efficient area usage, the
interleaving structure is considered in this work to form a SRR unit-cell. In
fact, more SRR unit-cells can be stacked to achieve stronger isolation at mag-
netic resonation frequency. Here, we analyze the merit of stacking SRR from
the perspective of its underlying physics. Note that in the case of a single SRR
structure, the electric dipole moment is excited, accompanying the excitation
of the magnetic dipole moment, leading to considerably high radiation loss
[314]. Although the magnetic dipole has radiation losses as well, the radiation
losses of the magnetic dipole are much lower than those of the corresponding
electric dipole. As such, to implement the low-loss magnetic metamaterial, the
induced current residing toward the metal surface should be strongly attenu-
ated, i.e., the electric dipole moment induced by residual currents should be
greatly suppressed. To achieve this, an additional SRR unit-cell whose place-
ment is opposite with respect to the exiting SRR can be stacked to provide
opposite current. Such a twisted SRR excites the opposite direction of induced
currents for the existing SRR, and thus the induced currents of two twisted
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(a) (b)

Figure 14.10: (a) The simulated body current distribution of the sin-
gle SRR resonator at magnetic resonance frequency (140 GHz), and
(b) the simulated body current distribution of the stacked SRR res-
onator at magnetic resonance frequency (140 GHz).

SRRs neutralize each other. As such, the EM energy in this case is mainly
stored by the magnetic dipole, which inherently has much lower loss than an
electric dipole at THz.

The layout of stacking SRR is shown in Figure 14.8 (b), in which the in-
terleaving SRR is realized by the same metal layer to form an SRR unit-cell,
while such two unit-cells are further stacked using the topmost two metal lay-
ers. The equivalent circuit is illustrated in Figure 14.8 (d), where components
Ls, Cs denote the serial inductance of the outer ring and parasitic capaci-
tance at the two terminals, while Lp, Cp represent the parallel inductance and
capacitance (due to opening) of the inner ring. The interaction between the
two rings is evaluated by mutual coupling factor M, which is mainly governed
by their gap. The magnetic plasma region can be obtained by simplifying the
equivalent circuit of Figure 14.8 (d) and (e):

√

1

Lp1Cp1
< ω <

√

1 + Lp1/Ls

Lp1Cp1
. (14.1)

Specifically, when the EM wave travels into the medium with SRR struc-
ture the magnetic plasma will be excited within the region defined by (14.1).
In this case, the EM energy cannot propagate through the SRR and is almost
perfectly reflected back with an equivalent open circuit established.

With the strong attenuation obtained by the stacking SRR, the SRR-based
modulator is further proposed. Recall that while SRR naturally has a high
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quality factor over other resonator structures, its stop band is sharper espe-
cially for the stacking structure. Carrier signal can thus propagate through
SRR at frequencies slightly away from the magnetic resonance frequency. As
such, by instantaneously altering the magnetic resonance frequency, the func-
tionality of modulation can be achieved. Figure 14.9 illustrates such a novel
concept. Here, the stacking SRR is employed owing to its higher quality factor.
The openings of the two inner rings are connected to multiple MOS transis-
tors whose gates are controlled to high speed data. The equivalent circuit
of the proposed modulator is also illustrated at Figure 14.8(d), in which the
parallel inductances of inner rings Lp is now modulated. According to (14.1),
the magnetic plasma region is alternatively changed as well, leading to the
modulation of resonance frequency. Physically, in the off state, the SRR acts
as a normal resonator and serves to isolate the incoming carrier signal, while
in the on state its resonance is shifted to the other frequency and the carrier
signal can propagate through the structure with low loss.

There are several merits owing to this structure. Firstly, the MOS switches
are now isolated from the signal path, resulting in less propagation loss since
the finite on-resistance of switches tend to degrade the insertion loss at high
frequency. Secondly, any parasitics of switches have been absorbed into the in-
ner rings and thus minimizes the influence on the signal transmission. Thirdly,
the distortions due to the nonlinear behavior of MOS switches during on/off
switching are strongly attenuated by SRR as well. Finally, the purely passive
structure is scalable to provide similar performance at higher carrier frequency
ranges (>300GHz), in which MOS transistors only have high loss with large
parasitics. All these features manifest the novel design of a potential candidate
to be suitable for ultra-high speed communications. Note that the bandwidth
of the modulator will increase by adding a transistor into the inner ring. This
can be verified by (14.1), in which the parallel capacitance Cs1 is increased
due to the incorporation of parasitics fromMOS transistor. While the enlarged
bandwidth accommodates higher data rate transmission, the isolation of the
proposed SRR modulator will be degraded due to weaker magnetic plasma
resonation. As such, the dimension of MOS switches cannot be arbitrarily
large.

To verify the conjectures, an SRR-based modulator is designed as shown
in Figure 14.9 with silicon area of 40µm×67µe. Figure 14.9 also shows the
simplified view of the modulator in the on state. Now the SRR unit-cell has
been evolved to a single SRR, while such two unit-cells are further stacked.
Therefore, the induced current can still be effectively neutralized as well, and
the resulting resonance frequency will be increased. The induced current neu-
tralization will be presented in the next section. On the other hand, in the off
state the modulator evolves to a stacked SRR, as shown in Figure 14.9 as well.
Four MOS transistors with 40µm width are incorporated to form switches.

Extinction ratio plays a key role in ultra-high-speed communication since
the on/off state must be effectively distinguished. Conventional methods uti-
lize various equalization techniques to enlarge the eye opening by sacrificing



316 � Design of CMOS Millimeter-Wave and Terahertz Integrated Circuits

0 50 100 150 200 250 300
-3

-2

-1

0

1

2

m
iu

Frequency (GHz)

 re(miu)

 im(miu)

0 50 100 150 200 250 300

-25

-20

-15

-10

-5

0

S
(2

,1
)

Frequency (GHz)

(a) (b)

Figure 14.11: (a) The simulated body current distribution of the
single SRR resonator at magnetic resonance frequency (140 GHz),
and (b) Figure 14.4: the simulated body current distribution of the
stacked SRR resonator at magnetic resonance frequency (140 GHz).

large power at the receiver side, but their data rates are only limited to multi-
Gbps. The performance of the proposed SRR-based modulator will be evalu-
ated by modulation of 20Gbps data in the next section.

The stacked SRR and the SRR-based modulator are designed in standard
65nm 1P9M CMOS technology. The silicon substrate is lossy with 70-S/m
conductivity, while the stacking SRR and the proposed modulator are con-
structed using the top-most two copper metals owing a thickness of 0.9µm
and 3.3µm, respectively. Here, the EM software HFSS is used for simulation.
An incident EM wave polarized to the x direction (shown in Figure 14.8)
excites the structure, and the boundary condition set as open to simulate
the real space. The boundary conditions are at large distance from the metal
structure to avoid significant reflections.

To investigate how the induced current is suppressed, Figure 14.10(b) il-
lustrates the body current distribution in the upper SRR unit-cell. Now the
currents on two stacking SRR unit-cells flow in the clockwise direction. Thus,
the overall magnetic field is perpendicular to the SRR structure is reinforced
by the summation of the magnetic field generated in each SRR unit-cell, which
leads to a significant increase of the negative permeability effect. Meanwhile,
the induced currents in each unit-cell are mutually compensated and the re-
sulting current density is strongly suppressed as compared to the case of single
SRR shown in Figure 14.10(a). As a result, the current crowding effect is omit-
ted, and the radiation loss is significantly suppressed as well. The magnetic
metamaterial property is further confirmed by Figure 14.11. The parameter
extraction is done by the conversion from S parameters [315]. It shows that
near the magnetic resonance frequency, the effective permeability has a nar-
row negative region, at which a sharp attenuation takes place. Note that while
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incorporating SRR unit-cell into a stack, the magnetic resonance frequency
decreases as well, in return leads to a much more compact design.

Figure 14.12(a) illustrated the insertion loss (isolation) at on (off) state,
respectively. It shows that the modulator has an insertion loss of 5dB and
28dB isolation at point 1 (140 GHz), leading to 23dB extinction ration, which
is hardly achieved by MOS-based modulator at the same frequency. As the
structure is compact, the insertion loss is mainly attributed to the energy cou-
pling into the inner rings as well as the input reflection in the on state. Even
though the inner rings have not been shown in Figure 14.9, they cannot be
omitted in real design. A possible solution is to increase the gap between the
inner/outer rings. However, the corresponding coupling factor will be reduced,
in return degrades the magnetic resonation. As such, there is a trade-off be-
tween the insertion loss and isolation. In fact, from Figure 14.12(a) one can
choose an other operation frequency, e.g., point 2 (∼126GHz) in which the
insertion loss is only 2.5 dB while the isolation is 15 dB. It can also achieve an
extinction ratio of 12.5dB. It can also be observed that the operation band-
width of the proposed modulator is wider than that of the pure stacking SRR
structure (Figure 14.11(b)). The bandwidth of achieving over 10dB extinc-
tion ratio is larger than 20GHz. Owing to the high extinction ratio by the
proposed modulator, a transient communication with data rate up to 20Gbps
is conducted as shown in Figure 14.12(b). A buffer chain is designed first to
mimic more real IO design, and its output swing can cover from rail (0 V) to
rail (1.2 V) with clean eye. A 140-GHz continuous wave is applied to the RF
input and the modulator is controlled by the random bit stream generator.
The rising and falling times of the applied baseband signal are 4ps, and the
minimum pulse width of data is 54ps. Figure 14.12(b) shows the modulated
signal. It can be observed that the data patterns can be clearly distinguished.
Here, the on/off amplitude ratio is at least 10 which coincides with the over
20-dB extinction ratio. Different from the optical scenario in which a pulse
generator is used to drive the ring modulator with large output swing (>10V)
[313, 286], the improved extinction ratio here can be achieved by nominal
voltage level. All parasitics, including the driver chain output capacitances
and loading capacitances should be included in the overall design iteration to
further increase the data speed. As a comparison, recent works show the data
rates are limited not higher than 13 Gbps [310, 311, 312, 313, 316, 317, 318]
with large area. The performance summary and comparison are given in Table
14.1. In sum, the proposed passive modulator can adapt to a higher data rate
with much more compact area than recent modulator designs.

14.4 Multi-Channel I/O Transceiver

The increasing demand for higher data rates in wireline communication sys-
tems has created the urge to seek for innovative high-bandwidth channels
capable of supporting tens of gigabits per second (>10Gbps) communication
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Figure 14.12: (a) The insertion loss (isolation) at on (off) state of
the proposed modulator and the resulting extinction ratio, (b) the
transient waveform of the modulated signal after the proposed mod-
ulator.

Table 14.1: Performances Summary and Comparison

Ref. [311] [313] [319] [317] [318] This
work

Freq.(GHz) 46 optics optics 60 122.5 >140

Extinction Ratio (dB) >50 8 8.1 26.6 18.2 23

Data Rate (Gbps) 0.15 12.5 10 8 10 25

Bandwidth (GHz) 1 >25 >20 20 25 >50

Area (mm2) 0.18 — 1.8mm
long

0.18 0.11* <0.003

CMOS Process 0.13µm SOI — 90nm 40nm 65nm

*: With oscillator embedded.

with high energy efficiency. Continuous scaling of CMOS technology has en-
couraged it as a potential mm-wave and THz implementations [52], and with
great integration possibilities. This high frequency enables the use of a high
available bandwidth and data rate, with limited system complexity. However,
the high operation frequency also leads to a degraded performance of the MOS
transistors, making the design extremely challenging.

Recent researches have demonstrated multi-channel I/O data links [307]
leveraging much larger bandwidth utilization with achievement of a high data
rate (∼10 Gbps) compared to one channel serial link with power-consuming
MUX/DEMUX. However, the CMOS top metals used in fine-pitch silicon in-
terconnects are typically narrow and thin, leading to high channel loss with
strong crosstalk among channels especially at high frequencies. Special equal-
ization techniques such as the decision feedback equalizer (DFE) must be
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Figure 14.13: (a) The insertion loss (isolation) at on (off) state of
the proposed modulator and the resulting extinction ratio, (b) the
transient waveform of the modulated signal after the proposed mod-
ulator.

incorporated into the receiving side to compensate the induced inter-symbol
interference (ISI) with large power overhead. Simultaneous bi-directional multi
(Base+RF)-band signaling [284] is also demonstrated for high data rate trans-
mission between controller and DRAM. However, to fulfill certain BER re-
quirements, the data rate will be ultimately limited by the low extinction
ratio of on-chip modulator as well as high channel loss. In sum, exciting I/O
designs have faced great challenges due to the poor channel bandwidth along
with the low extinction ratio of active modulator.

This work explores the realization of bi-directional multi-channel I/O by
novel SPP interconnect (coupler and channels) and SRR-based modulator,
to achieve a high data rate with high energy efficiency. The 140GHz I/O
transceiver architecture is shown in Figure 14.13, which accommodates mul-
tiple RF TRx links. The SPP T-line is a kind of plasmonic metamaterial
consisting of a metal strip with thin film thickness, in which a 1D periodical
array of grooves is drilled. As such, the propagation of surface-confined mode
is adapted to the curvature of the surface. Therefore, the resulting crosstalk
between the two back-to-back placed SPP T-lines (channels) will be signif-
icantly attenuated, while the two face-to-face placed SPP T-lines (coupler)
has strong wide-band coupling between their respective grooves. In addition,
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Figure 14.14: (a) The insertion loss (isolation) at on (off) state of
the proposed modulator and the resulting extinction ratio, (b) the
transient waveform of the modulated signal after the proposed mod-
ulator.
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(a) (b)

Figure 14.15: The eye-diagrams of 25Gb/s data rate communication
for two I/O transceivers. (a) one is with proposed SPP T-line based
channels as well as SPP coupler, and (b) the other one is with con-
ventional T-line channels along with T-line coupler.

the proposed modulator evolves from a stacked SRR structure with MOS
switches connected to the inner ring of SRR unit-cells. The carrier signal will
be strongly rejected at the normal resonation region when the data bit is
low with MOS switches turned off, while it can modulate the data with low
loss when the resonation is shifted to other frequencies. As such, with strong
crosstalk reduction of the channel, high coupling factor of the coupler, and
high extinction ratio of the modulator, the IO transceiver is designed with
higher than 20Gbps data communication.

The multi-channel bi-directional I/O transceiver architecture is presented
in Figure 14.13. Such an I/O architecture accommodates a large number of
peer-to-peer on-chip high-speed interconnects with capabilities of multi-drop
arbitration, to meet the requirement of future network-on-chip (NoC). At
each side only either Tx or Rx can work at a time. The non-working block
will be shut down to save power. With strong crosstalk reduction by the SPP
channels, the ISI neutralization equalizers are not necessary at the receiving
side, saving considerable power with more design margin to further increase
the data rate. In contrast to conventional I/O design, since the modulator is no
longer constrains the data rate at the transmitter side, the Rx can be designed
with wider bandwidth by removing the low-noise amplifier (LNA). Note that
at mm-wave or THz, the wide-band LNA features a cascading of multiple
amplification stages, which is not area efficient but consumes high DC power.
Instead, to maintain a high SNR for one channel, high power/efficient THz
source [52] can be readily utilized as a global clock for transmission. Due to the
non-coherent nature of ASKmodulation, the clock synthesizer is not necessary,
and the wide-band self-mixing mixer can be employed to demodulate the data
buffered by low-power baseband amplifiers. In this design, the SPP channel
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Table 14.2: Summary and Comparison of State-of-the-Art Wireline Transceiver

- [320] [307] [321] [284] [312] [322] This work
Category Optical Electrical Electrical Guided Guided Electrical Guided
Duplex FDD Simplex Simplex Duplex (FDD) Full-Duplex

(TDD)
Simplex Simplex

Carrier Fre-
quency (Hz)

Optical Baseband Baseband 23GHz+ Base-
Band

60GHz Baseband 140G

Transmission
Medium

Polymer waveg-
uide

Silicon Channel PCB Copper
line

PCB T-line
(Microstrip,
FR-4)

On-chip T-line Organic sub-
strate channel

On-chip
surface-wave
waveguide

EM-wave Optics TEM TEM TEM TEM Optics Confined-mode

Data rate (Gbps) 10 (@ < 10−12)
(per link)

10 (@BER

< 10−11) (per
link)

6 (@ < 10−12)
(per link)

8.4 (RF+BB
merged)
(@BER

< 10−12)

5 (@BER

< 10−12) (per
link)

20 (@BER <

10−12)

25 (simulation)
(per link)

Modulation Optical Ampli-
tude modula-
tion

Non Non ASK (nonco-
herent)

ASK (nonco-
herent)

ASK (coher-
ent)

ASK (coherent)

Transmission
Distance

100mm 40mm 50mm 100mm 12mm 4.5mm 20mm

Channel Loss 0.001dB /mm 1dB/
mm@10GHz

N.A -0.1dB/
mm@23GHz

1.2dB/
mm@60GHz

2.4dB/
mm@40GHz

0.75dB/ mm@
140GHz

Crosstalk Ratio N.A -6dB/
mm@10GHz

N.A N.A -5dB/
mm@60GHz

-10dB/
mm@40GHz

-20dB/ mm@
140GHz

Equalization DFE DFE N/R N.A Self-Mixing N/R Self-Mixing
DC power con-
sumption

172.8mW (all) 17mW/ link 95mW 11mW(BB)
10mW(RF)

9.4mW (Tx)
5mW (Rx)
(total 14.4mW
/link)

10.8mW/ link 8mW/ link

Energy efficiency
(pJ/bit)

9.6 1.9 15.8 2.5 2.88 0.54 0.32

Energy efficiency
per distance
(pJ/bit/mm)

0.096 0.0475 0.32 0.025 0.24 0.12 0.016

Process 90nm CMOS 65nm CMOS 130nm CMOS 65nm CMOS 65nm CMOS 28nm CMOS 65nm CMOS
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length is 2 mm while the channel gap is only 2.4 µm which is the minimum
top metal distance allowed by the foundry. Given that the channel bandwidth
is higher than 20GHz while the input/output matching is achieved by the
transformer with about 3dB loss at each side, the minimum signal power
required at the input of the receiver side can be calculated by:

PSIG.IN = −174 (dBm) + 10 log (BW ) +NF + SNROUT

= −174dBm+ 103dBm+ 13dB + 18dB = −40dBm (14.2)

which has over 30dB of noise margin for < 10−12 BER.
Figure 14.14 shows the TRx implementation in 65nm CMOS. The Tx con-

tains a 70GHz fundamental LC -tank VCO, a push-push frequency doubler,
an LO buffer and the proposed SRR modulator. Transformers are extensively
employed to save silicon area, and impedance transformation while providing
individual biasing for each functional block. The push-push doubler is realized
by transistors M3 and M4, and the 2nd harmonic is extracted at their shared
drain junction. For strong harmonic generation the voltage bias wb should be
closed to the transistor threshold region. Fundamental tone and other har-
monics are inherently canceled or filtered out by the matching network. The
Rx side contains a self-mixing mixer and three-stage baseband amplifier. Mm-
wave technique such as inductive peaking is deployed for wider bandwidth so
that sharp data transition can be detected. The simulated Tx/Rx waveform
of the modulated/demodulated data is shown in Figure 14.14 as well. Though
only two channels are presented here, more channels can be readily applied
for higher data rate in future design. The recovered data and the correspond-
ing eye diagram of 25Gbps communication are shown in Figure 14.15, which
presents clearly the horizontal/vertical eye opening. Recent state-of-the-art
ASK I/O interfaces are summarized in Table 14.2 with comparison.

14.5 Conclusion

Firstly, a low-loss and low-crosstalk surface-wave transmission line (T-line) is
demonstrated at sub-THz in CMOS. By introducing sub-wavelength periodic
corrugation structure onto the T-line (by top-layer metal), surface plasmon
polariton (SPP) is established to propagate signals with a strongly localized
surface-wave. Two coupled SPP T-lines and two quasi-TEM T-lines are both
fabricated on chip with space of 2.4 µm in the standard 65 nm CMOS pro-
cess. Measurement results show that the SPP T-lines achieve a wide-band
reflection coefficient lower than -14 dB and crosstalk ratio better than -24 dB,
which is 19 dB lower on average than the traditional T-lines from 220GHz to
325GHz. The demonstrated compact and wide-band SPP T-lines have shown
great potential for on-chip THz communication. Secondly, the CMOS split ring
resonator (SRR)-based modulator is investigated in this work toward on-chip
THz communication. The field distribution and induced current of SRR struc-
tures are analyzed. It shows that the stacked SRR structure can neutralize the
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induced current at each SRR unit-cell, resulting in much less radiation loss
at THz. What is more, when the stacked-SRR is deployed for the modulator
design, CMOS switches can be added to the inner ring out of the signal path
such that high isolation and low distortion can be achieved as well. As veri-
fied by the standard 65nm CMOS, results reveal that the proposed modulator
can be effectively modulated by 20Gbps high-speed data with 5-dB insertion
loss and 28-dB isolation, which leads to 23dB extinction ratio by occupying
only a 40µm×67µm silicon area. Therefore, such a proposed modulator is very
promising for on-chip THz communication in CMOS technology. Lastly, using
the SPP interconnect and stacked SRR-based modulator, a 140-GHz carrier
multi-channel bi-directional I/O interface is designed in 65-nm CMOS tech-
nology. The SPP interconnect, which consists of channels and a coupler, is
able to localize EM energy into the periodical groove by exciting the surface
wave. Thus the SPP channels can strongly attenuate mutual crosstalk. The
modulator is based on the stacked SRR structure with MOS switches con-
nected to the inner rings. Modulation can be thereby obtained by tuning the
magnetic resonation frequency with a 23-dB extinction ratio. Results show
that the proposed I/O can communicate at 25 Gbps with 1.6-pJ/bit energy
efficiency, exhibiting potential for the future high-performance NoC.
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